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Preface 


The transient analysis of power electronics systems, successor of the motor 
dynamic analysis, and power system transient analysis, is shaping the perspective, 
forming the new mindset and booming new ideas, methodology, and techniques 
of the electrical engineering, which could ultimately influence the dynamic analysis 
of modern electrical engineering. 

Different from the machinery and power system, power electronics was defined 
as an interdisciplinary engineering branch since it was born, involving power 
semiconductor, power conversion circuit, control of the switch and circuit, elec- 
tromagnetic field, thermal analysis, mechanical assembly, etc. Especially with the 
introduction of fully controlled semiconductor switches and the pulse width mod- 
ulation (PWM), the continuous electromagnetic energy is translated into 
quasi-discrete and controllable energy pulse sequences, obstructing the conven- 
tional large-timescale electromagnetic transient analysis in machinery and power 
system from being applied to power electronics. Along with puzzles of pulsed 
electromagnetic transients came the evolutionary cognition of the electromagnetic 
energy. From this perspective, the development of power electronics deepens and 
widens the content of the whole electrical engineering. 

A power electronics system consists of the semiconductor switch, electronics 
circuit, control, etc. Although all elements in the circuit display different charac- 
teristics, at the full-system level their harmonious interaction yields the power 
electronics system as an organic combination. Generally, the power electronics 
system is a combination of the software and hardware, an interaction of the energy 
and information, an effective transformation between the linearity and nonlinearity, 
a mixture of the discrete and continuity, and a coordination of multiple timescales. 
All such special and comprehensive characteristics exhibit the property of power 
electronics. The related power electronics technique is in charge of the controllable 
energy transformation under such characteristics, balances the electromagnetic 
energy in transients, and deals with the relationship between the device and 
equipment, between the control and the main circuit, and between stray parameters 
and lumped parameters. 
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Presently, the power electronics theory and techniques are still staying at the 
application level, synthesizing power semiconductors, electronic circuits, and 
control algorithms. Its theoretical framework is still progressing. The perspectives 
of system integration, energy conversion, and electromagnetic transients provide a 
promising direction for the next-step theoretical study of power electronics. In the 
last two decades, our research team carried out in-depth research and engineering 
applications in domains of motor drive, grid-tied photovoltaic system, high-power 
multilevel converter, electric router for the energy internet and wireless charger. In 
this process, the electromagnetic transient analysis is one of the core topics. Based 
on such cognition combined with our research exploration and applications in the 
past multiple years, we composed this book as an early attempt at exploring rules 
and analysis methodology of electromagnetic transients. Hope this book can be 
inspiring for whole power electronics community. 

Overall ten chapters are included in this book. Chapter 1 is the introduction, 
beginning with the analysis and synthesis of high-power converters to summarize and 
recognize the structure and property of power electronics systems. This chapter, 
centered with the core of power electronics systems, 1.e., energy balancing in the 
transient commutation process, elaborates characteristics of the power electronics 
conversion, e.g., multi-timescale, quasi-discrete, and strong nonlinearity. After 
illustrating characteristics of energy transients in various high-power converters, this 
chapter listed typical confusions and problems in the power electronics researches and 
applications. Chapter 2 is the foundation of the argument, depicting various transients 
in different commutation loops and timescales of power electronics systems. It pro- 
vides mathematical models and modeling methodology for these transient processes, 
details the difference and impacts of various timescale transients, and analyzes the 
mathematical expression and differences of the electromagnetic pulses and pulse 
sequences. Chapter 3, based on the internal mechanism and external impact factors 
of the power semiconductor, analyzes its transient behaviors when equipped in actual 
power electronics systems. Chapter 4 is focused on the transient commutation process 
and related stray parameters, including the impact, extraction, and reduction of stray 
parameters in various converters. Based on the switch characteristics and interactions 
among components inside the power electronics converter, Chap. 5 defines the safe 
operation area. The conflict between the system potential and reliability is discussed 
based on the system-level energy conversion and full-time electromagnetic transients. 
Chapter 6 emphasizes the structure, content, and function of the sampling system. It 
describes the difference between energy and information signals, analyzes the 
influence of the sampling delay and error, and optimizes the sampling system. 
Chapter 7 is about the difference and interaction of the information pulse, gate-drive 
pulse, and power pulse. Based on the comparison of those pulses the interaction of the 
information and energy in the power electronics system is discussed. Chapter 8 from 
the control aspect analyzes the high-performance closed-loop control and related 
constraints. The structure of the closed-loop control, characteristics of the conven- 
tional control with limitations, particularly the cause and impact of invalid and 
abnormal pulses are the focus. Based on the transient energy flow and distribution, 
Chap. 9 sets forth the concept and fundamental of the transient energy balancing 
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control, demonstrates the transient energy balance based control algorithm, and 
analyzes the control stability and robustness. Chapter 10 aims at the transient analysis 
in the dynamic balancing process of the IGBT-series-connection based converter and 
the SiC-based high-switching-frequency power amplifier. 

This book summarizes the exploration and application of our research group in the 
power electronics domain over the past 10 years. Many scholars and students who 
worked in our group made significant contributions to this book. They are Haitao 
Zhang, Rong Y1, Yingchao Zhang, Yongchang Zhang, Yulin Zhong, Sideng Hu, Lu 
Yin, Gaoyu Zou, Fanbo He, Kainan Chen, Shigqi Ji, Junjie Ge, et al. We would show 
our great gratitude toward their effort. Meanwhile, during the composition of this 
book, other faculty members and students in our research group made a great effort to 
assist and edit, forexample, Kai Li, Xiaoying Sun, Xing Weng, Ye Jiang, Yatao Ling, 
Sizhao Lu, et al. They all deserve our thanks. In addition, tremendous amount of 
articles were referred and cited during the book composition. We would like to thank 
the authors of these references. 

Part of this book was under the sponsorship of the Major Project of National 
Science Foundation of China (NSFC), multiple-timescale dynamic behaviors and 
operational mechanism of high-power power electronics mixture systems (5 1490680, 
51490683), which emphasizes the comprehensive system analysis of power elec- 
tronics, modeling of electromagnetic transients, comparison of the information and 
power pulses, comparison and analysis based on multi-timescales, and the control 
algorithm based on the energy balancing control. We are very grateful for the great 
NSFC support. 

This book provides the reference for power electronics engineers especially 
those in the high-power converter research, development, and application. It can 
also benefit the faculty members and graduate students in the same domain. 

Due to the limitation of our knowledge and insights, and the continual progress 
of the research of power electronics transients, our work is still quite preliminary. 
Some flaws and even mistakes might exist in the book. Comments and criticisms 
are more than welcome. 


Your Sincerely 


Beijing, China Zhengming Zhao 
April 2018 
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Chapter 1 
Introduction 


The major difference between power electronics and microelectronics is the power 
rating. All the power electronics systems in this book are rated beyond tens of kilo- 
watts up to multiple megawatts, with the voltage level above hundreds of volts and 
current over tens of amperes and even thousands of amperes, facing various appli- 
cations. 

Power electronics with related applications has a three-level industrial chain, 
1.e., devices (bottom level), power electronic converters (middle level) and associ- 
ated applications (top level). Such industry covers nearly all the key technologies 
related to the economic development and military defense, e.g., materials and man- 
ufacturing, information and communication, aviation and transportation, energy and 
environments, etc. 

Power electronics is an interdisciplinary engineering branch, covering semicon- 
ductor devices, power conversion circuits and associated control strategies. Specifi- 
cally, it uses weak signals to control strong power, adapts software to control hard- 
ware, embeds device into system, and bridges information with energy. Back to 1973, 
Dr. William E. Newell from Westinghouse Electric pointed out that power electronics 
is an interdisciplinary domain containing microelectronics, electricity and control. 
Thus, the essence of power electronics is the interaction of devices, circuits and 
control thereby realizing the effective electromagnetic power conversion. 

To realize the expected power conversion, power electronics systems usually adopt 
the methods such as pulse-width modulation, which outputs the power in forms of 
energy pulses and their pulse sequences. Such pulses are the basic behaviors of power 
electronics systems, which involve the critical electromagnetic dynamic processes. 
Time constants of these electromagnetic transients are usually between nano- and 
micro-seconds, and these short timescale transient processes determine the system 
reliability. On one hand, such processes are the fundamental of power conversion. 
On the other hand, without effective control the damages and failures of devices will 
occur. Therefore, short timescale electromagnetic transients are the cores of power 
electronics systems. 


2 1 Introduction 


1.1 Decomposition of Power Electronics Systems 


Multiple factors together form the power electronics systems. To detail the electro- 
magnetic transients, an analysis of those building blocks (power devices, circuitry 
and control, etc.) is a must, such as their structure, characteristics, functions and 
limitations. 


1.1.1 Power Semiconductor Devices 


Semiconductor devices are the fundamental of power electronics systems. Since 
1950s when the first thyristor (also known as silicon controlled rectifier, SCR) came 
to the world, power electronics witnessed the evolution of devices from uncontrolled 
to controlled, current controlled to voltage controlled, hybrid integrated modules 
to wide-bandgap (WBG) devices, e.g., metal oxide semiconductor field effect tran- 
sistors (MOSFETs) in 1970s, insulated gate bipolar transistors (IGBTs) in 1980s, 
integrated gate commutation thyristors (IGCTs) in 1990s, and WBG devices such as 
silicon carbide (SiC) device in 2000s. In different development periods, high power, 
high voltage and high switching frequency are always the pursuits of power semi- 
conductor devices. As the successors of SCRs and gate turn-off thyristors (GTOs), 
IGBTs become the mainstream of power electronics devices. Tradeoffs thereby opti- 
mizations of the on-state voltage drop and the switching power losses are the ultimate 
goals of IGBTs in high-frequency and high-power applications. Meanwhile, multi- 
series and multi-parallel dies within one package is the must. Nowadays IGBTs have 
become the main game player in high-voltage and high-power applications. Further 
improvement for higher frequency, higher power and easier drive is anticipated. 

WBG semiconductor devices have become the hot spots of power electronics. The 
surge of WBG materials such as SiC and its related devices, e.g., SiC schottky diodes, 
SiC JFETs and SiC MOSFETs is witnessed in recent years. Compared to the con- 
ventional Si-based devices, WBG devices exhibit superior thermal performance and 
higher dielectrics, which provide enormous potentials to improve the performance 
and enhance the capability of power electronics systems. 

Any single semiconductor device in power electronic converters acts as a power 
switch, which is the source of power pulses. However, its on-state and off-state char- 
acteristics are much different from conductors and insulators, which results from its 
PN junctions inside. PN junctions are the base of semiconductor devices. Compre- 
hending the characteristics of PN junctions is very important for the development 
and applications of power electronics. In the following sections review on the char- 
acteristics of PN junctions will be extended. 


1. On-state and off-state of single PN junction 


Itis well known that free electrons can be activated inside the intrinsic semiconductors 
under specific temperatures. Same amount of holes emerge to fill the vacancy of such 
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Fig. 1.1 The PN junction build-in field 
structure acceptor hole —#—— electron donor 


P-doped space charge N-doped 
region 


free electrons, which is the major difference between semiconductors and conductors 
solely using electrons as the current carriers. Intrinsic semiconductors contain holes 
and electrons as the current carriers, whose concentration varies significantly with the 
temperature. It directly results in that its conductance changes with the operational 
temperature, a main characteristic of semiconductor switches. 

On the other hand, using appropriate techniques to dope impurity inside the semi- 
conductor, e.g., alloying, diffusing, extending, ion implanting, the conductance of 
semiconductors varies drastically. Based upon the valence of impurity, two types 
of semiconductor appear, i.e., N-type using electrons and P-type with holes. The 
difference of the carrier concentration exists around the contact surface of N-type 
and P-type semiconductors, yielding a concentration gradient, which in turn results 
in the directional diffusion of current carriers from high-concentration areas to low- 
concentration domains, instead of random movements. Specifically, electrons will 
diffuse from N-type to P-type and holes will flow in the opposite direction, form- 
ing the diffusion current. It is obvious that such diffusion current does not comply 
with the Ohm’s law. The diffusion generates immobile positive and negative space 
charges around the P-N junction boundary, forming an electric field pointing from 
N towards P, 1.e., built-in field shown as Fig. 1.1. Such field obstructs the further 
diffusion. Meanwhile some electrons and holes drift back to the N-type and P-type 
semiconductor, respectively. Hence the drifting direction is opposite to the diffusing. 
Such drifting current meets the Ohm’s law given that drifting carriers are moved by 
the electric field. 

In summary, the diffusing and drifting current together are major internal behav- 
iors of semiconductors. Such two currents are independent and meanwhile interacting 
with each other. A dynamic balance will be ultimately realized when a zone full of 
stabilized space charges is formed. We name such area as the space-charge region, 
i.e., depletion region, inside which positive charge is equal to negative charge thereby 
maintaining neutral. This region is called PN junction. 

The major behavior of the PN junction is its unidirectional current flow, which will 
only be exhibited when the external voltage is imposed. A forward voltage Up, with 
its positive terminal connected to P and its negative terminal connected to N, leads 
to an electric field opposite to the built-in field, which is named as the forward bias 
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A-anode P_ N K-cathode A-anode P. N K-cathode 


build-in field 
external field 


forward bias reverse bias 


Fig. 1.2 Forward bias and reverse bias of a PN junction 


of the PN junction. When a negative voltage is imposed, i.e., the positive terminal of 
Up is connected to N while the negative is connected to P, an electric field aligned 
with the built-in field is created, i.e., the reverse biased, as shown in Fig. 1.2. 

When forward biased, the diffusing current is dominant over the drifting current 
under the external field, swiping out space charges and narrowing the depletion 
region. This is also called minority-carrier injection. Current appears in the external 
circuit flowing towards the P region, 1.e., forward current /. Increasing Up further 
weakens the built-in field thereby enhancing the forward current. A low voltage drop 
appears across the PN junction when the current flows through, named as forward 
voltage. 

When reverse biased, the external field halts the diffusion, while the drifting effect 
is enhanced for minor carriers. More current carriers leave the PN junction, widening 
the depletion region. Such phenomenon is known as minority-carrier withdrawal. The 
whole PN junction withstands the external voltage with barely any current flowing 
through. This is called reverse bias, determining the voltage withstanding capability 
of power switches. 


2. Interactions of multi-PN junctions 


Majority of power semiconductor devices contain more than one PN junction, for 
instance, a bipolar junction transistor (BJT) contains two PN junctions, while aGTO 
has three. Interactions among PN junctions, and those among PN junctions and 
peripheral circuits, determine the characteristics of power switches. Take the IGBT 
as an example, a typical hybrid switch made of MOSFET and BJT. Such device is 
a fully controlled switch, consisting of a voltage-controlled PNP part and two PN 
junctions, as shown in Fig. 1.3. 

Such a three-layer two-junction structure is not formed through circuitry intercon- 
nection, but through a complex doping technology. The bottom P layer of the device 
is the emitter of the BJT part, injecting current carriers into the base. The middle base 
is made of two N-type layers, one of which is lightly doped with the other heavily 
doped. Such base is to transport and control carriers. The collector is one P-type layer 
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collecting current carriers. PN junctions are formed at the boundaries of different 
layers. Here we name the PN junction between the base and emitter as Jį, and that 
between the collector and base as Jo. 

A large enough forward voltage imposed between the gate and emitter of the 
IGBT, when collector-emitter is forward biased, will turn on the IGBT. At this state, 
J; is forward biased while Jz is reverse biased. Controlled by the gate, an N-channel 
appears between gate and the emitter, allowing electrons to flow from N + zone under- 
neath the emitter towards the base. Due to the reverse biased J», part of electrons 
in base diffuse into the collector. On the other hand, because of the existence of 
electrons flowing from the emitter to the base, some holes flowing from the collector 
will combine with electrons in the base, while left holes drift to the emitter due to 
the built-in field of Jı, forming the current from the collector to the emitter. Such 
holes through J; shrink the space charges, yielding the IGBT turn-on state. When 
Vae is lower than the threshold voltage, the N-channel is not sustainable, yielding no 
electrons supplied from the emitter to the base. Therefore the interaction between the 
emitter and collector is significantly weakened. Given the reverse biased PN junction 
has no extra current carriers flowing through, IGBT remains off. 

In summary, a single PN junction based device, such as diode, has its on and off 
states totally determined by the external circuit, while a multi-PN-junction device, 
such as IGBT, relies on the interactions among PN junctions to turn on or off, which 
are ultimately determined by the state of the control terminal. Understanding that a 
multi-junction device is a controllable switch by manipulating the control terminal 
thereby building interactions among PN junctions is the fundamental of power elec- 
tronics. Given that turn-on/off processes are all related to variations of space-charge 
zones of the PN junction, the controllable switches have turn-on, turn-off, conducting 
and blocking characteristics, the former two of which are transient while the latter 
two are static. An ideal switch will ignore transient processes of turn-on/off, the 
forward voltage drop in the conducting state and the leakage current in the blocking 
state. To emphasize the switching function of power semiconductor devices, we will 
name it as power switches in following sections. 
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1.1.2 Power Conversion Circuit 


Interconnections between power switches and other related components thereby 
realizing the effective power conversion, such as voltage, current, frequency and 
waveform transformation, forms the power conversion circuits, namely topology, 
the premise of power electronics systems. Topology in conventional power electron- 
ics study is focused on the interaction between ideal switches and passive components 
represented by lumped parameters, targeting the macroscopic electrical transforma- 
tion, e.g., input/output waveform and values. The rectifier was proposed in 1920s, 
DC-DC converters emerged in 1960s, and DC-AC inverters were created in 1970s. 
Nowadays various hybrid topologies become the focus. All such effort is to enhance 
the capability of power conversion, e.g., high voltage, high current, low harmon- 
ics and high efficiency. Typical high-voltage and high-power electronics topologies 
include: neutral-point-clamped (NPC) structure, flying capacitor multi-level topol- 
ogy, cascaded H-bridge circuits, and modular multi-level converters, as shown in 
Fig. 1.4. 

All such topologies share some common points, i.e., (1) each power switch only 
undertakes part of the DC-bus voltage during the off state, allowing low-voltage 
switches to be combined together for high-voltage and high-power applications with- 
out using any dynamic voltage balancing circuit; (2) more voltage levels improve the 
output voltage waveform; (3) a lower switching frequency can be adopted to realize 
the same output as conventional two-level converters, resulting in lower switching 
loss thereby higher efficiency; (4) more voltage levels reduce du/dt under the same 
DC-bus voltage, preventing the breakdown of associated devices and improving the 
electromagnetic capability (EMC). 

It is obvious that the description above is based on ideal switches and lumped 
parameters, without considering the transient process of non-ideal switches and stray 
parameters along the circuitry interconnections. In real practice, such ideal topology 
based power electronics design, analysis and control tend to discount the power 
converting capability and reliability, especially in high-power converters. 


1.1.3 Pulse Control 


The pulse control is critical for power electronics controllability, which essentially 
is the control of power switches. To effectively control the output voltage, cur- 
rent, frequency and waveform, modulation techniques such as pulse-width or pulse- 
amplitude modulation are adopted, i.e. transforming the continuous input into the 
discrete pulse sequences through switching on or off semiconductor switches. The 
reference voltage, current or frequency can be approached then through varying the 
pulse width, amplitude or period. 

Pulse control is one of main characteristics of power electronics, including two 
aspects. One is the hardware, mainly the signal processing unit. From the analogue 
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Fig. 1.4 Typical topologies used in high-voltage and high-power power electronics systems 


circuits in 1950s, single board computer in 1970s, single-chip microcontroller in 
1980s, digital signal processors (DSPs) in 1990s, to multi-core DSPs in this century, 
the computation speed, accuracy and storage have been improved drastically. The 
other is the software, mainly pulse control techniques, including pulse modulations 
and system control strategies. 

Multiple pulse modulation techniques have been proposed, e.g., signal com- 
parators, hysteresis control, space-vector control, selected harmonics elimination 
and one-cycle control. For high-voltage and high-power systems, main modulation 
schemes include multi-level sinusoidal pulse-width modulation (MSPWM), space 
vector pulse width modulation (SVPWM,) and its related variations. Shown in Fig. 1.5 
are the typical five-level SPWM and three-level SVPWM. Employing such PWM 
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Fig. 1.5 Schemes of five-level SPWM and three-level SVPWM 


schemes with the closed-loop control generates various closed-loop PWM control 
methods, e.g., vector control (VC) and direct torque control (DTC) in motor drive 
systems. 

Implementing bottom-level pulse modulation techniques in the control hardware 
and software expedites the development of power electronics systems. Particularly 
for high-voltage and high-power applications, future trends include (1) combina- 
tion of parameter control and reference control (inner loop with outer loop), (2) 
the multi-core chip with a field-programmable gate array (FPGA), and (3) signal 
modulated combined with direct power control. However, it is worthwhile pointing 
out that previous pulse-width modulations are based upon ideal switches and linear 
circuits. The problem caused by the non-ideal switch and non-linear circuits is the 
signal transportation delay and waveform distortion. Shown in Fig. 1.6 are the signal 
generated from CPU (top plot), the gate signal generated by the gate-drive circuit 
(middle plot) and the voltage/current waveform of the power switch (power pulse 
shown in the bottom plot), respectively. Time delay and distortion exist in the real 
practice, especially due to the existence of the “blind zone” in switching on/off pro- 
cesses, 1.e., non-controllable switching on/off intervals, which obstruct the control 
strategy, generate abnormal pulses, distort the waveforms and even damage power 
switches and systems. 


Fig. 1.6 Experimental control pulse driver pulse 
curves among control, driver 
and power pulses 
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1.2 Synthesis of Power Electronics Systems 


Different functional factors co-exist in power electronics systems, which from the 
system aspect are integrated systematically thereby exhibiting a high synthesis. 
This section is to help understand interactions among factors thereby systematically 
comprehending the electromagnetic transients of power conversions. In summary, 
power electronics embraces the integration of the software and hardware, interaction 
between the information and energy, transfer between the linearity and nonlinear- 
ity, mixture of continuity and discreteness, and co-ordinations of multi-timescale 
subsystems. 


1.2.1 Integration of Software and Hardware 


An exemplary power electronics system is shown as Fig. 1.7, the hardware of which 
includes: (1) arectifier made of power diodes (or fully controllable switches), convert- 
ing AC into DC; (2) the DC bus made of capacitors and interconnections, filtering 
the voltage ripples thereby generating a high-quality DC source; (3) an inverting 
stage made of fully controlled switches, inverting the DC component into needed 
AC waveforms; (4) a control system comprised of sensors, control chips, commu- 
nications and gate-drive circuits, acting as the carrier and channels of information 
signals. 

Therefore the hardware system mainly consists of electric components (various 
power switches, passive components, signal processing units, etc.) and their inter- 
connections. An ideal hardware system treats power switches as ideal, i.e., no time 
interval is taken for switching on/off actions. Thus, there is no need to consider 
switching transients but only the on-state current conducting capability and off-state 
voltage blocking capability. Passive components mainly are inductors and capaci- 
tors, treated as ideal current sources and voltage sources, respectively, i.e., no need 
to consider the component loss or stray parameters but only lumped parameters. For 
signal processing units, only the signal processing capability is focused on, instead 
of the time delay or signal distortion. Interconnections among components incudes 
the connector and cable materials, connecting methodology (topology). Ideally no 
stray parameters of the connectors and cables but only the topology are considered. 
All the above bottleneck the hardware system of a typical power converter. 

Software systems include the signal sampling, I/O communication, signal pro- 
cessing, system control, protection, system management, etc. Such functions are 
realized by the software code inside micro-controllers or analogue circuits. Ideally 
neither delay nor distortion of the software system is considered. 

Both software and hardware systems are necessities of power electronics systems, 
i.e., the hardware system embodies its controllability through the software, while 
software displays its function through the hardware. Assuming both systems are ideal, 
we could completely utilize the computer to emulate the whole power conversion 
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Fig. 1.7 Exemplary power electronics system 


system without considering characteristics of actual software and hardware, 1.e., ideal 
operation or computer aided simulation. However, neither software nor hardware is 
ideal. For instance, both switching-on and switching-off processes of power switches 
take time and generate the loss, stray parameters exist along the connectors, and 
the signal processing creates the time delay and signal distortion. All these non- 
ideal factors emerge in the actual operation among each firmware component and 
software behavior, e.g., difference exists between IGBTs and IGCTss even though they 
are both power electronics devices employing the same connecting method. Power 
converters using these two switches behave differently as well. Hence, an effective 
power conversion needs address such non-ideal factors and match parameters of 
actual software and hardware. 


1.2.2 Interaction Between Information and Energy 


The hardware and software carry the energy and information inside the power con- 
version system, respectively. Here the energy is electromagnetic type, provided by 
external sources, transformed and transferred by the power converter and delivered 
to the load. The information is carried by sensor signals, control commands and 
communication, resulting from sensors, external control circuit and logic operations 
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Fig. 1.8 Scheme of energy flow and information flow 


inside the signal processing unit, respectively. Both energy and the information sig- 
nals have electromagnetic energy, however, are totally different in terms of the order 
of magnitude and functions. Energy usually has the high order of magnitude to do 
the work for the load. Information signals usually have small magnitudes, carrying 
the information for control and communication during the system operation. The 
interaction between energy and information inside one power electronics system is 
illustrated as Fig. 1.8. 

It can be seen from Fig. 1.8 that energy passes through the main circuit, infor- 
mation exists in the control system, peripherals and main circuits, and the effective 
transformation and transfer of the energy flow depends on the information flow. 

Magnitude, distribution and direction are the three characteristics of the energy 
flow. It is the function of both one-dimension time and three-dimension space. It can 
be not only bidirectional but also multidirectional. It is not only conducted along 
main components and connection cables, but also radiated into the space. It is worth- 
while pointing out that energy flow must comply with energy conservation without 
sudden changes. Therefore ideal switching characteristics of power switches never 
exist. Electromagnetic energy change in the switching process is always continuous, 
exhibited as one short-timescale transient. This is one of the major characteristics of 
power electronics transients. 

Information flow is, on the other hand, multivariate, e.g., sensed information of 
the main-circuit status, external command signals, analysis/calculation carried inside 
the microcontroller. It can be the single-amplitude pulse or continuous analogue 
signal. It can be real time or past data. The most important is the switching control 
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information of power semiconductors, which meanwhile is assisted and determined 
by other surrounding information signals. 

Interactions between energy and information determine the effectiveness of the 
power conversion, as shown in Fig. 1.8. In this figure, energy flow is determined 
by the switching control information for fully controlled power switches, which 
ultimately is generated by the external command, sensing information and logic 
information inside the micro-controller altogether. In one word, the switching control 
information determines the energy transformation and transfer characteristics, while 
other information determines the switching control information. All information 
signals coexist and function together, forming an inseparable unity. 


1.2.3 Transfer Between Linearity and Non-linearity 


Non-linearity characteristics of power electronics components result in various blind 
zones and uncontrollability during the interaction of information and energy. Here 
linearity or non-linearity is defined as the relationship between input and output dur- 
ing the power conversion and information control. When the input and output of the 
system meets the homogeneity and superposition, linearity becomes true, otherwise 
non-linearity. Table 1.1 illustrates the non-linearity inside power electronics systems. 

It can be seen that the non-linearity roots from hardware materials, component 
operations and connecting ways. For a power electronics system, nonlinearity is 
a norm while linearity is a special case. Mathematical description of those non- 
linearities is the pre-condition to comprehend the operation of power electronics, 
which facilitates the understanding of interactions between energy and information 
through involving the hardware material, interconnections and working modes. How- 


Table 1.1 Non-linearity in a power electronics system 
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ever, given the actual nonlinearities are extremely complicated, we usually simplify 
a non-linear system into a linear one thereby minimizing the complexity of energy- 
information interactions. The advantage of this operation is to simplify the system 
design, analysis and control, however it meanwhile results in the inaccurate descrip- 
tion of electromagnetic processes, mismatches among parameters and imprecision 
of the control implementation, especially for fault diagnosis and system protections. 

More importantly, some abnormal nonlinear behaviors emerge in power elec- 
tronics systems, for example, abnormal pulses during switching actions, spurs in 
the gate-drive output, electromagnetic oscillation on the interconnection bus bars. 
In general, such abnormal behaviors of power electronics systems can be traced 
back to inner and outer factors. Optimization of those factors could help eliminate 
such abnormal behaviors, however, such parameter variation usually is caused by the 
component aging and change of the operational environment. Therefore, control of 
such abnormal transients needs adapt the parameter variation, model the system with 
varied parameters, set appropriate boundary conditions and optimize the controller, 
without altering the original topology. 


1.2.4 Mixture of Continuity and Discreteness 


The conventional mixture system contains both continuous and discrete signals, 
where two types of signals and events mix and interact with each other thereby 
forming one dynamic unity. Compared to a single time continuous or discrete system, 
the mixture system has following specialties: two different types of signals coexist 
in One system, one is the time continuous while the other is the discrete type; the 
system behavior is determined by both continuous and discrete signals; when the 
continuous signal exceed the threshold, discrete events are triggered. 

In power electronics systems, digital control is adopted (ADC sampling, DSP 
operations, etc.) along with the pulse modulation for power switches, making both 
information and energy the mixture of discrete and continuous signals. Its discrete 
characteristics are revealed through the information pulse and energy pulse, i.e., 
discrete information pulse comes from the micro-controller, shown as the standard 
pulse sequence; the discrete energy pulse comes through power switches during 
switching on/off actions. However, energy cannot change abruptly, which makes the 
energy pulse not a real discrete signal, but a continuous signal fast changing within a 
short time interval. In this book, discrete and continuous correspond to information 
pulses and energy pulses, respectively. Shown in Fig. 1.9 is the relationship between 
discreteness and continuity in power electronics systems, 1.e., the discrete determines 
the continuous, and information signals determine energy pulses. 

Information pulse sequences are usually close to ideal in power electronics sys- 
tems, i.e., standard square waveforms. However, in the transportation process, signals 
might be delayed or distorted due to stray parameters in the loop, for instance, fiber 
signals and gate signals all exhibit the delay and distortion. Therefore digitizing 
the information pulse is not accurate either. For the energy pulse, its transition is 
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Fig. 1.9 Relationship between discreteness and continuity in power electronics systems 


ultra-fast, e.g., at the nano-second scale. Such high energy transformation within 
ultra-short timescale is one of major characteristics of electromagnetic transients in 
power electronics systems. Therefore the fundamental of power electronics lies in 
that information controls energy and the discrete controls the continuous. The char- 
acteristics of discrete signals are expressed by the starting moment, lasting interval, 
and ending moment, while the continuous characteristics are described by ampli- 
tude, changing trend and lasting interval. Quantifying the relationships among those 
variables is the key to realize the optimal control of the continuous-discrete mixture 
system. 


1.2.5 Coordination of Multi-timescale Subsystems 


Various electromagnetic loops exist in power electronics systems with complex non- 
linear dynamics. Mixed with discrete and continuous signals, the overall system 
exhibits a comprehensive electromagnetic dynamic process, with each subsystem 
having its own transients and timescales. The basic structure of a power electronics 
circuit is shown as Fig. 1.10. 

Due to the different inductance, capacitance and resistance in different loops, their 
time constants are also different. Therefore electromagnetic transients of various 
timescales coexist in a power electronics system. The transition speed of energy 
pulses is not a constant. Electromagnetic energy flow, holes flow and electron flow 
are all travelling at different speeds. In such a system, each subsystem has its own 
time constant for energy conversion. For example, main passive components and 
their circuits have time constants of milliseconds, power switches and related control 
circuits have time constants of microseconds, and some high-switching-frequency 
soft-switching circuits and the digital control system have nanosecond-level time 
constants. When driving the motor, the power electronics converter has time constant 
of seconds for its mechatronics conversion. Subsystems with different time constants 
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Fig. 1.10 The basic structure of a power electronics circuit 
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form the overall power conversion system, where the key is to reach the dynamic 
balance of the electromagnetic energy during the transformation, transfer and storage. 

Real applications indicated that most failures of components and systems occur 
during the electromagnetic transients, i.e., energy transition from one steady state 
to another. During such transients, energy distribution tends to be imbalanced espe- 
cially when multiple subsystems co-function together with different time constants. 
Destructive local energy converge might appear. Previous research on topology and 
circuits is mostly focused on the second-level or millisecond level, e.g., investiga- 
tion of the voltage/current total harmonics distortion (THD) and electromagnetic 
interference (EMI). The component failure and EMI caused by short-timescale tran- 
sients behave differently at different power ratings, which become more severe in 
high-power power electronics systems due to higher energy pulses and faster energy 
transitions. Various parts inside one power electronics system have different electro- 
magnetic parameters, resulting in different time constants in the dynamic processes 
thereby yielding a mixture of multi-timescale transient processes. Therefore coordi- 
nation among such transients is highly demanded through matching and optimizing 
each subsystem, which is a key characteristic of power electronics systems. 

It is worthwhile pointing out that for different timescale transients, the modeling 
methodology, analyzing method, parameter matching and control strategies need be 
differentiated. If the whole-time-domain modelling and analysis of electromagnetic 
transients is required, we need bridge all different timescale processes together. To 
obtain the consistency of the theoretical modeling, mathematical analysis and control 
precision, we need classify all these transients based upon their own timescales. 

As shown above, the transformation from the information signal flow to the energy 
flow in power electronics is hard to be explained by the conventional electromagnet- 
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ics. It is also difficult to apply the conventional topology to the switching process of 
power semiconductors. We need stand on top of the energy pulse sequences, analyze 
based upon the microscopic characteristics, such as non-ideal switching processes 
and energy pulse transients, and measure with short timescales (ns—s). 

Power electronics systems are used to control the energy conversion and transfer 
the energy in the defined direction. In this process, regardless of the shape and 
timescales of the energy pulse or pulse sequence, energy conservation and no sudden 
energy change must be strictly complied with, which is the theoretical precondition 
and fundamental of power electronics analysis. 


1.3 Applications of Power Electronics Systems 


With the development of the device, topology and control, a surge of power elec- 
tronics equipment and systems has been witnessed with a fast-growing demand, 
especially those high-voltage and high-power power electronics systems, where the 
IGCT, IGBT and IEGT (injection enhanced gate transistor) are main switches, cas- 
caded H-bridge, NPC multi-level and modular multi-level are the main topologies 
and multi-level SPWM and SVPWM are the main modulation schemes. Majority 
of high-voltage and high-power systems are focused on flexible alternative current 
transmission systems (FACTS) or voltage-source converter based high-voltage direct 
current transmission systems (VSC-HVDC), high-power traction systems, variable 
frequency motor drive systems, wind energy generation, grid-tied solar systems, all- 
electric ships, etc. Different switches, topologies and control strategies are adopted 
in different applications, leading to different electromagnetic transients, which are 
detailed below through several typical high-voltage and high-power power electron- 
ics systems. 


1.3.1 Flexible AC or DC Current Transmission 


1. FACTS 


Power electronics is the core of FACTS, to increase the power capability and enhance 
the system controllability for AC transmissions. Power electronics technology plays a 
critical role in FACTS, such as the unified power flow controller (UPFC), the interline 
power flow controller (IPFC), static synchronous compensator (STATCOM), static 
synchronous series compensator (SSSC), static var compensator (SVC), static var 
generator (SVC), thyristor switched series capacitor (TSSC) and convertible static 
compensator (CSC). All of the above employ high-power semiconductors as main 
switches, combine all switches effectively, and form high-current and high-voltage 
electromagnetic energy conversion systems. 
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Fig. 1.11 The circuit schematic of STATCOM 
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Take the STATCOM as an example. Its basic operation principle is to form bridge 
circuits via high-power switchable devices such as IGBTs and GTOs, connect the 
power inductor to the grid and adjust the amplitude and phase of the bridge-circuit 
output voltage or directly control the output current, which alters the reactive current 
generated to or from the grid thereby ultimately compensating the reactive power. 
The circuit schematic is shown as Fig. 1.11. 

The control objective of the STATCOM is the amplitude and phase of a constant- 
frequency AC system. The goal is to improve the power system performance, 
including the dynamic voltage control during the electricity transmission and deliv- 
ery, damp the oscillation in the transmission system, enhance the system stability 
and mitigate the voltage fluctuation and flicker, all of which are high-power and 
large-timescale electromagnetic transients with characteristics of high voltage, high 
voltage variation and fast dynamic response. Therefore the focus of the STATCOM 
includes power-stage topology, modulation schemes of multi-level inverter, reactive 
power compensation and energy storage, and control strategies, which emphasize 
the transients of sub-milliseconds to millisecond timescales. 


2. VSC-HVDC 


Such systems are also named as HVDC Light, using power electronics voltage source 
converters (VSCs) to transmit the DC power. It has smaller impedance thereby 
exhibiting faster dynamic response compared to AC systems. According to the 
bridge-circuit difference, HVDC can be classified into three types, i.e., controllable 
switching topology, controllable power-source topology and controllable switching 
power-source topology. 


(1) Controllable switching topology, which is the two-level or three-level converter. 
Such topology has relatively simple structure and control, a high switching fre- 
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Fig. 1.12 MMC topology using various sub-modules 


quency thereby a high power loss. In addition, series connected switches are 
demanded for high-voltage applications, which however faces the challenge of 
dynamic voltage balancing, a typical short-timescale transient control. There- 
fore such topology is rarely seen in high-voltage applications. 

(2) Controllable power-source topology, where MMC is an exemplary candidate. 
Such topology cascades sub modules thereby avoiding the switch series connec- 
tion. No dynamic voltage balancing or synchronous gate triggering is required. 
Therefore such topology is particularly suitable for the high-voltage DC trans- 
mission. Based upon the structure of sub-modules, the MMC could be classified 
into three basics, 1.e., half-bridge sub-module (HBSM) MMC (H-MMC), full- 
bridge sub-module (FBSM) MMC (F-MM(C), and clamped double sub-module 
(CDSM) MMC (C-MMC), as shown in Fig. 1.12b. Compared to other two 
topologies, H-MMC cannot self-heal DC-side short-circuit faults, however, it 
is more widely used due to its simplest structure, least switch amount and least 
complex electromagnetic transients. 
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(3) Controllable switching power-source topology includes hybrid cascaded multi- 
level converters (HCMCs) and alternate-arm multi-level converters (AAMCs), 
as shown in Fig. 1.13. 


The cascaded H-bridge sub-modules in HCMC is aimed to shape the two level 
output voltage to form a high-quality sinusoidal voltage waveform at the AC side. 
Since the required number of sub-modules is about half of that of MMC, and the 
sub-module capacitor is the key factor to decide the converter size, this structure is 
beneficial to build a more compact converter station. 

The conducting switch in AAMC bears a part of the DC voltage, which can reduce 
the number of sub-modules. Under the extreme condition, the conducting switch can 
withstand half of the DC voltage, thus reducing the number of submodules to half of 
the F-MMC. At the same time, if the number of sub-modules is large enough, there 
is no need to use the conducting switch to withstand the DC voltage. At this point, 
AAMC is equivalent to F-MMC. 

From the topology and operation function above, mixture of device combination 
and modular structure is the main solution of power electronic converters in the flex- 
ible DC transmission systems, and the electromagnetic transient process is focused 
on the microsecond to sub-millisecond timescales. 


1.3.2 Power Electronic Systems in Grid-Tied Renewable 
Energy Generation 


Renewable energy generation such as wind and photovoltaic is one of the most 
important application areas of power electronics. Power electronic converters are the 
key for those renewable energy resources to be converted to electricity. 


1. Photovoltaic generation system 


Photovoltaic inverters are categorized as single-stage type without the DC/DC con- 
version, as shown in Fig. 1.14a, and two-stage type with the DC/DC conversion, as 
shown in Fig. |.14b. The single-stage type only contains one DC/AC inverter, which 
is responsible for the AC current and DC voltage control simultaneously meanwhile 
realizing the maximum power point tracking (MPPT). The two-stage type consists of 
one DC/DC converter taking care of the MPPT, and one DC/AC inverter controlling 
the DC and AC power. 

When constructing the photovoltaic systems, multiple combinations are adopted, 
i.e., centralized, string-type, multi-string type and decentralized. 

The centralized type, as shown in Fig. 1.15a, combines all solar panels together, 
connects overall terminals to one single solar inverter, and sends all the power to the 
AC grid. 

The string type, as shown in Fig. 1.15b, series connects multiple solar panels into 
a string and connects each such string to a DC/AC inverter to supply energy to the 
grid. 
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Fig. 1.13 Topologies of controllable switching power-source converters 
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Fig. 1.14 Photovoltaic inverters 
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Fig. 1.15 Inverter combinations of the PV generation system 


The multi-string type, as shown in Fig. 1.15c, series connects multiple solar panels 
into a string, which then is connected to a DC/DC converter. Multiple such DC/DC 
converters are paralleled together to connect with one single DC/AC inverter, for- 
warding the power to the grid. 

The decentralized type, as shown in Fig. 1.15d, connects each solar panel with 
one DC/AC inverter, exhibiting a high flexibility. 

Another grid-tied solar system is shown in Fig. 1.16, which covers various com- 
binations thereby named as multi-combination type. 

Regardless of the solar inverter type, the common point is to smooth the electro- 
magnetic energy conversion and suppress the transient energy variation. Especially 
with the variation of the solar intensity, the randomness of the source energy becomes 
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Fig. 1.16 General combination of the PV generation system 


obvious, which highly impacts electromagnetic transients inside the photovoltaic 
inverter. This is one important feature of the solar energy conversion. 


2. Wind power system 


Different from grid-tied solar systems, the power rating of wind mills is much higher 
with stricter constraints of the input and output. A typical direct-drive wind-power 
power converter is shown in Fig. 1.17, which is made of multiple AC/DC and DC/AC 
converters. 

The specialties of the wind-power converter include: 


(1) The direct-drive type is the mainstream. The power and voltage rating increment 
per windmill is witnessed; 

(2) High power density, general-purpose modular design, with the power density 
still gradually increasing; 

(3) Various and flexible topology selections, e.g., IGCT based four-quadrant NPC 
three-level converter, IGBT based fly-capacitor four-level converter, and IGCT 
based fly-capacitor five-level converter; 

(4) The higher the power rating, the more severe impact of its low-voltage ride- 
through capability on the grid, which can only be alleviated by power electronics 
systems. 
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Fig. 1.17 Structure of the direct drive wind power converter 


In addition to inherited electromagnetic transients inside the power converter, 
solar and wind power systems share one common point, 1.e., high randomness and 
high instability of primary energy sources, which worsens electromagnetic transients 
thereby complicating the control of power electronics. An extra energy storage system 
is usually required to smooth such transients and maintain the stability of the output, 
which in return requires the bidirectional power flow control of the storage system. 


1.3.3 Traction System 


The traction systems include high-speed trains, metro and light rail transits, electric 
vehicle drive, et al., all of which adopt the power electronics technology to spin the 
motor under the speed and torque control. The load of power electronics systems 
is the motor, which faces the complicated operation modes such as driving, braking 
and varying the speed. High power density and high control accuracy are demanded, 
which all require the accurate modulation of electromagnetic transients. 

Take the motor drive system in the high-speed train as an example. Such system 
contains two parts, one is a bidirectional rectifier, and the other is a motor-drive 
inverter, forming a back-to-back topology. A typical three-level NPC back-to-back 
topology is shown as Fig. 1.18. Four-quadrant operations are guaranteed with the 
enhancement of the power quality at both sides. The problem is the bulky DC-link 
capacitor and the coupling of electromagnetic characteristics at both sides. 

To regulate electromagnetic transients accurately, weakening the electromagnetic 
coupling between both sides is required, which further led to a solid-state trans- 
former. The heavy DC-link capacitor is replaced by a DC-DC power electronic 
transformer, as shown in Fig. 1.19. In addition to a three-level topology, a conven- 
tional two-level topology also applies to the rectifier and inverter, where a solid-state 
transformer transforms the primary DC-voltage into a high-frequency AC, reflects 
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Fig. 1.18 A typical three-level back-to-back NPC topology 
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Fig. 1.19 Scheme of the power electronic solid-state transformer based traction system 


the corresponding AC to the secondary side, and rectifies it into a DC or AC. A 
high-frequency transformer replaces the original line-frequency transformer, shrink- 
ing the size and weight of the overall system. On the other hand, due to the specialty 
of the traction system, the drive inverter could be directly connected to the output of 
the solid-state transformer, which simplifies the system structure, reduces the weight 
and further improves the transformer efficiency. From the transient aspect, introduc- 
ing the high-frequency transformer decouples the electromagnetic characteristics at 
both sides thereby enhancing the control accuracy. 

Despite various advantages of the solid-state transformer, multiple problems exist 
in its transient processes, 1.e., (1) adding a high-frequency DC-DC converter expands 
the power loop, expedites transient processes, and makes the energy balance more 
difficult to reach; (2) compared to the conventional design, a solid-state transformer 
based topology employs more switches, adds the system complexity and deteriorates 
the system reliability. 
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1.4 Existing Challenges in Power Electronics Systems 


Even though power electronics technologies have been widely used, obstacles to its 
future development still exist, especially for high-power applications. Three major 
challenges are detailed as below: 


(1) 


(2) 


(3) 


To increase the power capability. Due to the limited current-conducting and 
voltage-blocking capability of a single switch, the conventional two-level con- 
verter using single-switch power modules does not meet the high-voltage and 
high-current requirement. Even in the future one single switch reaches enough 
voltage and current capability, due to its high switching loss and high inrush 
voltage and current, using single switch is not an appropriate option. In gen- 
eral, multiple switches or switching units need be in series/parallel connection 
to form a hybrid converter, which however has the dynamic current/voltage 
balancing as the potential bottleneck. 

To optimize the system design. Since the power electronic converter is always 
working at the PWM mode, various nonlinearities and uncertainties exhibit, 
which are hard to describe through mathematical modelling and even measure. 
Therefore the quantification of the design is difficult, no mention the optimiza- 
tion. Usually the design with sufficient allowance and overkills is recommended, 
like a big horse pulling a small carriage, or totally based on the empirical param- 
eters using experience plus statistics, which yields the low device utilization, 
low economic performance, mismatched parameters and poor adaption. 

To enhance the system reliability, which is the focus and also one of the biggest 
bottlenecks of power electronics. For example, the annual faulty rate of HVDC 
systems is much higher than that of regular transmission systems, most of which 
are caused by power electronic systems. Hence enhancing the reliability of 
power electronic equipment is the must to secure the reliability of the overall 
system. As shown before, failure and damage of devices and equipment usually 
occurs in electromagnetic transients, when the energy transformed exceeds lim- 
its. Therefore, comprehending the principles of transient processes inside power 
electronic systems, refining mathematical models, and furthermore enhancing 
the control accuracy are essential to improve the overall reliability. 


Going deep into converters, in terms of the electromagnetic transients, we could 


categorize all existing problems as below. 


1.4.1 Misunderstanding the Short-Timescale Switching 


Process of Power Switches 


Power switches are the base of power electronic converters. As shown above, major- 
ity of power electronics especially the high-power applications utilize SCRs, GTOs, 
IGBTs, IGCTs and IEGTs. Differences among those switches result in various com- 
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Fig. 1.20 Measured voltage and current during IGCT turning-off 


plex transients thereby obstructing the establishment of models for such transient 
processes, which further leads to not insured system reliability. 

The root is the fast movement of current carriers inside semiconductors, yield- 
ing that transients complete within ns—s time intervals. Therefore to understand 
its moving principles is difficult. Shown in Fig. 1.20 is the waveform of one IGCT 
switching-off voltage and current, which reveals that the transition from the thyris- 
tor to the transistor only takes 1 ts. Analytical methods are hard to apply to such 
complex transients. Moreover, the diversity of device parameters complicates the 
characteristics when combining components altogether. A tiny diversity might lead 
to a significant impact. 

Therefore, accurately modelling the short-timescale electromagnetic transient and 
its interaction with other system components is rewarding. On one hand, simulation 
models of semiconductor switches are pursued based on either the lumped charge 
or numerical solutions. To obtain related parameters is difficult and its description 
of the transient processes is inaccurate, making it not suitable for the analysis of 
high-voltage power electronic systems yet. Other endeavors include building the 
functional model of power switches, which trades off between the simulation speed 
and accuracy and is found useful in real practice. On the other hand, measurements of 
switch characteristics are demanded, e.g., special equipment for the IGCT evaluation. 
The problem is, however, not being able to bridge switches with other peripheral 
components in the system. 


1.4.2 Idealization of Power-Conversion Topology 
for Transient Study 


Power electronics topology is the fundamental to realize the energy conversion. To 
obtain the excellent output performance with limited switch options, variation of 
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the circuitry structure emerges as the applicable power electronics topologies, for 
instance, the NPC topology, cascaded H-bridge and conventional two-level using 
series connected devices. Uniformed topology is always the pursuit of power elec- 
tronics researchers, during the search of which various topology appears. Graph 
theory has also been adopted to analyze the topology and trace the current com- 
mutation. Such attempts are beneficial for low-power systems, but face challenges 
when applied to the high-power systems, i.e., no consideration of the electromagnetic 
transients while only covering on-state and off-state of the circuit, no consideration 
of stray parameters of commutation loops and connectors while only emphasizing 
lumped-parameter components. 

The target output waveform and amplitude are approached by fast switching power 
semiconductors, exhibiting the high du/dt and di/dt externally. Such fast switching 
behaviors yield fast transitions of electromagnetic energy, which in return creates 
surge voltage and current at ns~jts level through interactions with stray parameters. 
Different time constants are displayed in different loops with different stray param- 
eters, which obstructs the energy balancing. Shown in Fig. 1.21 is a buck converter 
considering stray parameters with the turn-on voltage and current shown in Fig. 1.22. 
It can be seen that a current pulse is overlapped on the MOSFET turn-on current with 
oscillations. 
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Therefore the transient commutation topology embracing stray parameters of the 
main-power loop, which allows to further modelling the dynamic energy imbalance 
in different time-constant subsystems, is a must for the research of power electronics 
topology. The focus then is shifted to the extraction of stray parameters and their 
impact evaluations. 

In fact, due to fast electromagnetic transients in the commutation process, the 
system is highly influenced by the transient behavior of the power switch and stray 
parameters. Take IGCT as an example. A voltage spike across the switch will appear 
due to the forward voltage drop of the diode and stray inductance, which causes EMI, 
wavetorm distortion, increment of the electric stress and even the switch failure. 
Obviously stray parameters cannot be ignored. However, the commutation topology 
will be drastically changed when considering such parameters. The idealization of 
power electronics topology has become a major defect of conventional topology 
study. 


1.4.3 Unrecognizing the Difference Between Information 
Pulses and Energy Pulses 


Majority of power electronic systems adopt modulation strategies such as PWM to 
approach the target output waveforms. The essence of conventional PWM strategies 
is to control the power conversion macroscopically using ideal switches without 
considering switching processes. However, as shown above, all switching processes 
take time especially in high-power converters, where the energy transition is more 
drastic. Ultimately, the conventional PWM control has the discounted performance, 
with the introduction of the digital error, control delay and even the switch failure. 

In the real practice, the non-linear impact factors of the switches and power loops 
yield differences between the information pulse and energy pulse, e.g., distortion 
and delay. Therefore theoretical control strategies are difficult to implement, with 
many abnormal and even destructive pulses emerging. As shown in Fig. 1.23, various 
irregular pulses appear on the line-line output voltage of a three-level NPC inverter. 

Revealing the generation and transfer of energy pulses, and furthermore actively 
controlling such energy pulses and pulse sequences are the necessity for the future 
power electronics development. The key is to comprehend abnormal pulses and 
difference between information pulses and energy pulses. In high-power applications, 
energy pulses are prominent and inevitable, and the cognition of principles of such 
short-timescale transients still faces challenges. 
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Fig. 1.23 Measured output line-line voltage of a three-level NPC inverter 


1.4.4 Misidentifying Electromagnetic Transients 


Conventional circuit theory is employed in previous power electronics analysis and 
system design, treating the components and connections all ideal, which encounters 
the barrier in the actual system design. 

To integrate all parts of the system for electromagnetic transient analysis is one 
of the core challenges of power electronics. Given a power electronic converter is a 
unity of energy transformation, switch modulation and energy storage, such a system 
design should not only focus on the circuit design but also be treated as a comprehen- 
sive design emphasizing the multi-field coupling and time-space variation. A more 
optimal design, more accurate analysis and more precise control could be anticipated 
once the energy conversion and flow are investigated from the electromagnetic- 
energy-flow point of view. In particular, it is worthwhile pointing out the energy 
interface, e.g., some connectors and terminals. In during the transient process the 
voltage and current at the two sides of the interface might behave differently. 

A power electronic converter is a mixture of multi-timescale transient processes. 
Such transients especially those ultra-short-timescale ones, e.g., at ns level, is critical 
for the energy conversion. Nonlinear component models and stray parameters need 
be taken into account to establish multi-dynamic equation sets thereby analyzing the 
transients more accurately. 

As a summary, electromagnetic energy pulses are essential for power electronics 
transient processes. When such transients are close to the ns levels, the circuit theory 
and methodology used in conventional power electronics study are revoked. A new 
perspective and change of the power electronics theory and techniques becomes a 
rewarding research. 

Based on the analysis above, it can be concluded that short-timescale electromag- 
netic transient behaviors are cores of high power electronic systems, which are key 
factors to improve the overall performance. 

For high power electronic converters, the controllable electromagnetic energy con- 
version must be dealt with properly, concerning electromagnetic transient processes 
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Fig. 1.24 Reconsideration frame on power electronics 


and energy balance. Also, relations of devices and equipment, of control circuits and 
main circuits, and of distributed parameters and lumped parameters must be dealt 
with properly. The key to satisfy all these requirements is the switching characteris- 
tics. Such switching characteristics, like high power rating, low loss, high frequency 
and fast response, have always been pursued in power electronic converters. Devel- 
opments of devices, circuits and control strategies are all focused on improving the 
switching characteristics. 

Based on the understanding above, a reconsideration of power electronics can 
be concluded that power electronics is associated with the efficient conversion of 
electromagnetic energy based on the switching and combining mode of power semi- 
conductors. Four key words are involved, (1) power semiconductor is the carrier 
and foundation of electromagnetic energy conversion; (2) switching and combining 
modes are the basic means of conversion; (3) electromagnetic energy is the target 
object; and (4) efficient conversion is the goal of power electronic systems. Such 
reconsideration aims to expand the content of power electronics, from electronics on 
electron movement to efficient conversion of electromagnetic energy; from the sim- 
ple combination of microelectronics, electricity and control to controllable behavior 
patterns of electromagnetic energy in switching and combining modes. 

The reconsideration can be summarized as one center and two basic points which 
have two meanings, (1) to consider power semiconductor as the center, and electro- 
magnetic energy and efficient conversion as two basic points; (2) to consider power 
semiconductor as the center, and switching and combining mode as two basic points. 
The relationship of the two meanings of the reconsideration is graphically illustrated 
in Fig. 1.24. From left to right, it shows the electromagnetic energy can be converted 
efficiently by the controllable power semiconductor, which is a description from the 
perspective of technology and application with the object and goal. From up to down, 
it shows two function characteristics of the power semiconductor, the switching and 
combining characteristics. Switching characteristic mainly reflects the characteristic 
of a single power semiconductor device, while the combining characteristic mainly 
focuses on the whole circuit composed of multiple power semiconductor devices. Itis 
a description from the perspective of the inherent features of power electronics. The 
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two meanings are both independent from and interdependent on each other, forming 
an organic whole of power electronics. 

Although the characteristics of the elements in a power electronics system vary 
from each other, from a holistic perspective, the organic integration of the independent 
elements creates a unified system which shows its scientific nature. In summary, the 
content of power electronic systems should include the unique characteristics as 
mentioned in Sect. 1.2: the integration of hardware and software, the interaction 
of power and information, the transfer of linearity and nonlinearity, the mixture of 
continuity and discreteness, and the coordination of multi-timescales. 


Chapter 2 
Electromagnetic Transients 
and Modelling 


Transients are the norms and the musts of the energy conversion in power elec- 
tronics systems. Previous research is focused on the large-timescale electromagnetic 
transient processes, while neglecting short-timescale switching processes and stray 
parameters. When failure mechanisms of components and the enhancement of the 
power-conversion capability are to be emphasized, such short-timescale transients 
must be taken into account. To fully understand electromagnetic transients, estab- 
lishing the mathematical model of full-timescale transients is the fundamental. 


2.1 Electromagnetic Transients of Power Electronics 
Systems 


Transients in power electronic systems are complex. As described before, a power 
electronic system is made of power switches, connecting cables, control units and 
other auxiliaries, as shown in Fig. 2.1. 

According to the power rating, such system could be divided into the main-power 
circuit, gate-drive circuit and the control circuit. The control circuit manages the 
main-power loop through the gate-drive circuit, which realizes the effective energy 
conversion and the accurate control of the energy flow via the information flow. As 
introduced in Chap. 1, a power electronic system embraces the unity of hardware 
and software, interaction between the energy and information, transfer between linear 
and nonlinear, mixture of the continuity and discreteness, and coordination of multi- 
timescales. Subsystems exhibit different electromagnetic parameters, with different 
characteristics during electromagnetic transients. 
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Fig. 2.1 Scheme of a typical power electronic system 


2.1.1 Electromagnetic Transients in the Main-Power Loop 


Power electronics main-power loop is the path for the power transformation and trans- 
fer. It realizes the power transformation and carries the energy. Two major building 
blocks construct the main-power loop, i.e., lumped-parameter components, such as 
inductors, capacitors and switches, and connections, such as bus bars, connectors 
and cables. Shown in Fig. 2.2a is one single-phase main-power loop of a three-level 
NPC inverter. Figure 2.2b illustrates the physical circuit of three-phase main power 
loop. 

Comparison of Fig. 2.2a and b reveals a visible difference between the equivalent 
and actual circuits. In the equivalent circuit, lumped-parameter components and 
connections are main players. Components are related to the energy transformation 
and storage, e.g., resistors for the energy consumption, inductors for the magnetic 
energy storage, capacitors for the electric energy storage, and switches for the energy 
transformation from the continuous to the discontinuous. Connections in the circuit 
represent the linkage of various components, which in reality act as the energy 
conducting paths. Therefore the actual main-power circuit is treated as the mixture of 
lumped-parameter components and connections, where components act as the bridge 
of the energy flow while connections have their own “components” as well, e.g., 
stray inductance, capacitance and resistance. The existence of such stray parameters 
complicates electromagnetic transients in the main-power loop. 


1. Electromagnetic transients inside the power switches 


Power switches are critical components of the energy conversion. With the switching 
on and off, drastic changes of voltage and current across the switch occur, yielding 
the pulse-like energy variation in the main-power loop, defined as electromagnetic 
pulse transients. 
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Such pulse transients impose high electric stress, such as di/dt and du/dt, which 
could be coupled with stray inductance and capacitance, respectively thereby gen- 
erating high voltage spike and high inrush current in the switching process. The 
switching-off voltage waveform of one IGCT is shown in Fig. 2.3. It can be seen 
that the transition from the on-state to the off-state takes several ws. Such a voltage 
spike overlapped with the original DC-bus voltage has the potential to breakdown 
the switch and even damage the system. 

In the transient process, over voltage and current will be induced by the stray 
inductance and capacitance, especially those introduced by leads of the switches and 
connectors, which might be more critical for transients than others. Figure 2.4 shows 
the turn-off voltage across one IGCT measured at different timescales. It is concluded 
that different waveform is shown at different measure timescales. At the ws scale, 
more voltage pulses with different amplitudes and widths are observed. Transients in 
this process are extremely complex with atrocious amount of coupling among stray 
parameters. In general, the voltage spike amplitude needs be paid special attention 
on during the power electronic system design, analysis and control. 


2. Electromagnetic transients of power connections 


The transmission line of the main-power loop is usually made of good conductors, 
forming various cables or bus bars. Though their location, shape and even materials 
are different, the rules of the electromagnetic energy flow are the same, complying 
with the same diffusion rules. The differential equations for the voltage and current 
of the bus-bar conductors are 
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where u and i are the conductor voltage and current, k, and k; represent the diffusion 
coefficients, Tą and Tt; are corresponding time constants. All these parameters are 
related to the bus-bar material, structure, shape and even operational modes. Take 
the voltage u as an example. Analytic solution of u in Eq. (2.1) is shown as below 
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Fig. 2.4 Turn-off voltage across one IGCT measured at different timescales 
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first-order Bessel function of imaginary argument. i(x, t) has a similar form as 
Eq. (2.2), which indicates that voltage and current transients are both time-space 
variables. 

In actual bus bars, other various stray inductances and capacitances exist, which 
induce other shorter-timescale transients than the original ones. Shown in Fig. 2.5 is 
the terminal voltage and current of the IGBT, which contains ripples in addition to 
the voltage and current spikes. The root is traced back to stray parameters along the 
transmission line. 

Differences of current, voltage, magnetic strength and thermal distribution at 
different points of the current-commutation loop are instructive to the placement of 
key components, which requires the accurate extraction of stray parameters of the 
power loop. Conventional power electronics analysis using lumped linear parameters 
and ideal switches will lose the simulation fidelity for such short-timescale transients. 
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Fig. 2.6 Categories of buses in a three-level inverter 


3. Similarities and differences of the main-power loop and the lumped- 
parameter topology 


As shown above, the actual main-power loop involves characteristics of the material, 
energy storage and stray parameters. Such characteristics are not considered in the 
lumped-parameter based circuit, which only covers the linkage among ideal lumped- 
parameter components. 

Consider an IGCT based three-level NPC inverter, as shown in Fig. 2.5. We could 
categorize all bus bars as snubber-circuit bus bars, connecting bus bars and phase 
bus bars based on their locations. Here the snubber-circuit bus bar is to connect the 
snubber capacitor (C,) and the snubber diode (D,). The connecting bus bar is used 
to bridge the snubber circuit with three-phase legs. The phase bus bar is employed 
to connect IGCTs with clamping diodes and heatsinks in each phase. 
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Fig. 2.8 The equivalent circuit of phase U and V 


Physical bus bars are largely dimensioned, complicatedly connected, irregularly 
shaped and highly diversified. Influenced by the skin effect and the proximity effect, 
stray parameters vary with the switching frequency, i.e., nonlinear characteristics. 
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Fig. 2.9 Comparison of the turn-off voltage by experiment and simulation 
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Fig. 2.10 Turn-off voltage across the power switch simulated with only lumped parameters 


To fully unveil transients in the main-power loop, stray parameters of bus bars 
must be taken into account. Bus bars used in Fig. 2.6 have a 3D physical model 
shown as Fig. 2.7, which contain tens of units to form connecting bus bars, phase bus 
bars and snubber-circuit bus bars. The inverter cabinet is made of steel sheets coated 
with Aluminum-Zinc alloy, which is connected to the ground as the EMI shielding 
unit. 

The equivalent circuit including all stray parameters is shown in Fig. 2.8. Due 
to the symmetry of the topology and mechanical structure, only the U-phase and 
V-phase equivalent circuits are given. To maintain the circuit simplicity, only self- 
inductance of each bus bar unit is considered. Here Li-L are the connecting- 
bus-bar stray inductance; Ls;-Ls7 are the inductance of the snubber-circuit bus bars; 
Lpui-Lpus correspond to the U-phase inductance; Lpy;-Lpyo correspond to the V- 
phase inductance; Loop! ~ Loop4 represent transient commutation loops of switch 
Tui, Tu3, Tv1, Tv3, respectively. An obvious difference is revealed between transient 
commutation loops and original ideal loops. 
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Equivalent circuits of bus bars are complicated due to numerous stray parameters. 
To generalize such equivalent circuits, a reasonable simplification needs be carried 
out when building a circuit-emulation oriented transient model. For instance, we 
could combine bus bar units thereby reducing the number of overall units, which 
will be detailed in Sect. 4.4.2. 

We name such main-power-loop topology as the transient commutation topology, 
which targets at electromagnetic transients of the main-power loop. As shown in 
Fig. 2.9, using such topology yields nearly the same waveforms as the experimental 
ones. With only lumped parameters, however, no first voltage spike is observed, as 
shown in Fig. 2.10. Therefore the transient commutation topology is a must for the 
short-timescale transient analysis. 


2.1.2 Electromagnetic Transients in the Gate-Drive Loop 


Transients in the gate-drive loop of power electronics systems represent the control 
of electric signals over the electric power, which is also the power amplification. 
However, such amplification is different from that of transistors in analog electronics, 
which work in the active region to amplify the signal. In power electronics, switches 
are working at the switching mode to amplify the signal. Here gate-drive loops merge 
the information flow into the power flow and control the electromagnetic energy 
through triggering switches. 

Compared to main-power loops, gate-drive loops are part of information signal 
loops. Such loops, however, are coupled with main-power loops, resulting in tran- 
sients as well. In general, the voltage-controlled switch requires a lower gate-drive 
power and gets triggered faster, yielding a higher switching frequency. The current 
controlled device utilizes the current signal to vary the switch states, which requires a 
higher drive power with a slower response, resulting in a lower switching frequency. 

The basic gate-drive circuit of IGBTs is shown as Fig. 2.11. The gate resistance 
Rg directly determines transients in gate-drive loop. This circuit has a typical flyback 
power supply. A microcontroller is employed to set the reference of output voltage 
through adjusting the duty cycle of the active switch. 
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Fig. 2.11 The basic gate-drive circuit of IGBTs 
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Fig. 2.12 Gate-resistance impact on the switching performance 


The gate resistance has little influence on the IGBT forward saturation voltage 
drop. However, it highly affects the dynamic performance of the IGBT, e.g., turn-on 
delay, turn-off delay, current rise time and fall time. 

At the ambient temperature of 30 °C, DC-bus voltage of 600 V and the current 
of 450 A, the IGBT switching process with different gate resistances is shown as 
Fig. 2.12. 

It indicates that a too small value of the gate resistance induces the turn-on current 
oscillation while a too large value of the gate resistance increases the switching 
time and loss. An optimized gate-resistance value secures the switching dynamic 
characteristics. 

A frequently encountered problem of the gate-drive circuit is the triggering failure. 
As shown in Fig. 2.13, narrow pulses are detected across the collector and emitter 
of an IGBT, all of which are caused by some weak and under-threshold gate signals. 
Essentially, any gate-drive pulses narrower than the minimum pulse width, which 
is determined by the switching delay and switching duration time, will cause such 
abnormal transients. 

Over-voltage and over-current are two most common faults when switching 
IGBTs. Protections against them are required, e.g., removing the gate signal, turn- 
ing off the main power input and discharging the DC-bus capacitor. Particularly, we 
need differentiate the random over-current case from the destructive surging current, 
mainly due to the different lasting time. The surging current could be suppressed by 
lowering the gate-drive voltage, given the IGBT on-state resistance has the negative 
correlation with the gate-drive voltage. For example, when the over-current occurs, 
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Fig. 2.13 Measured voltage pulses across the IGBT in one actual converter 


halving the gate-drive voltage will significantly increase the IGBT resistance thereby 
reducing the current. 

Therefore parameters and electromagnetic transients of the gate-drive loop highly 
impact characteristics of the main-power loop. 


2.1.3 Electromagnetic Transients in the Control Loop 


All output energy pulses of power electronics systems, i.e., voltage and current pulses 
in the main-power loop, are triggered by the control circuit, with the typical structure 
shown as Fig. 2.14. Take the voltage pulse in a VSC as an example. The ideal 
information pulses are generated based upon the control algorithm, turned into control 
pulses via the PWM control unit, further shaped by logic units (e.g., interlocking, 
dead-band setting and minimum pulse width limitation, etc., to be detailed in future 
chapters) and imposed on the actual gate of the power switch through the gate-drive 
circuit. Energy pulses are then generated, combined and superposed to form the 
ultimate output energy pulse waveforms. 

Figure 2.14 reveals processing characteristics of the control loop, 1.e., the effect of 
each sector on pulses is gradually accumulated, which creates the difference between 
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Fig. 2.14 Typical structure of the control circuit in power electronic converters 
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Fig. 2.15 Transitions from information pulses to energy pulses 


the information pulses of the control strategy and energy pulses generated by the 
power electronic converter. 

In the transition from information to energy pulses, in addition to the variation of 
energy features, such as high/low levels of the voltage and current, other distortions 
of the pulse rising edge, falling edge and even overall shape also happen. A qualitative 
analysis is carried out in Fig. 2.15. 

In the process of generating voltage pulses, from the top to bottom of Fig. 2.15, it 
can be seen that original information pulses are stored inside the memory as internal 
variables, such as the duty cycle or comparator registers. At this stage, pulses are 
ideal. Due to the reloading mechanism of the digital signal processor (DSP), its 
output pulses usually have a delay of half or one control period, compared to ideal 
pulses. 

Setting the dead band and minimum pulse width is processed inside the con- 
trol chip or pulse management unit, after which pulse rising and falling edges are 
varied. Note that control pulses are the weak-electricity signals in digital circuits. 
Input/output (IO) characteristics of the digital chips determine that control pulses are 
close to the ideal. An assumption could be made that edges of control pulses are ideal 
without transient processes, even though the occurrence moments might be varied. 

Control pulses, with constraints of the dead-band and minimum pulse width, pass 
through the gate-drive circuit and are finally transformed into gate signals of the 
power switch. Under the impact of the gate-drive loop and the switch gate terminal, 
energy features of pulses show differences. Non-ideal edges appear on the gate, even 
though no overshoot or oscillation happens. 
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When gate-drive pulses are poised to switch power semiconductors, energy pulses 
emerge in the main-power loop. This process is affected by switch characteristics 
and main-power-loop parameters. In addition to the essential change from weak- 
electricity signals to strong-electricity signals and from the information level to the 
power level, pulse shapes vary significantly. Non-ideal edges emerge across power 
switches, with potential overshoot and oscillations in transients. 

Multiple energy pulses in power electronics systems are restrained by main-power 
loop structures and parameters, forming final output pulses through combinations and 
superpositions. The system output pulses have similar shapes of the switch output, 
however, are determined by multiple switch output pulses together in terms of the 
time sequence and shape features. 

As shown above, the original information pulse generated by the control unit, after 
passing through all sections of the control loop, becomes significantly different from 
ideal pulses in terms of the energy feature, e.g., pulse edges and pulse shapes. Previous 
literatures on power electronics idealized energy pulses and ignored variations of 
pulse edges and shapes between information and energy pulses. Majority of non- 
ideal characteristics of energy pulses cannot be discovered by using the ideal concept. 
Therefore the ideal pulse based analysis fails to unveil electromagnetic transients 
thereby becoming the bottleneck of further improving the performance of power 
electronic systems. 

To quantify the impact of the control-loop non-ideal characteristics on energy 
pulse sequences, shapes and even the performance of power electronic systems, a 
mathematical model of such pulses is in need. In order to quantify actual energy pulses 
and compensate the control error between ideal information and non-ideal energy 
pulses, such a mathematical model should include information pulses, gate-drive 
pulses, energy pulses and pulse sequences, based upon characteristic parameters of 
actual pulses. 

The control part is an information-level system, with transients of ns ~us. The 
control units in modern power electronics are mainly DSP or multi-core CPU cen- 
tered digital systems, with the code implementation time of ns ~us. Its peripheral 
gate-drive circuit has the signal distortion and delay caused by parasitics with the 
similar timescale. Such transients highly impact the gate-drive and non-ideal switch- 
ing performance. Nearly all abnormal waveforms existing in the output voltage and 
current of power converters are caused by such transients. Shown in Fig. 2.16 are 
those abnormal pulses measured in a 1.25 MW/6 kV power inverter, i.e., within one 
dead-band time when current crosses zero (Fig. 2.16a) or when switching actions 
between two phases are too close (Fig. 2.16b). Waveform fidelity will be sacrificed 
and even the failure of the current commutation occurs. 

Besides, due to limitations of the switching characteristics, such as the dead- 
band and minimum pulse width, some macroscopic control strategies will fail to be 
accurately implemented, especially when the output voltage is low. For example, at 
the low-speed operation of a variable speed motor drive system, the duty cycle of 
switches is small. However, the minimum pulse width further limits such duty cycle, 
yielding the output distortion and even failure. Voltage vector distribution under 
different minimum-pulse-width settings are observed in Fig. 2.17, when the motor 
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Fig. 2.16 Abnormal pulses measured in an actual high power inverter 
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Fig. 2.17 Voltage vector distribution under different minimum-pulse-width settings 


drive system runs at the low speed. Note the ideal distribution should be a perfect 
circle. The larger the minimum pulse width, the more distortion of space vectors. 

As a summary, pulses and pulse sequences in the control loop determine related 
transient processes. Most of control strategies are mainly based upon the ideal 
assumption, which encounters difficulties with the non-ideal and non-linear factors 
in real practice. 
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2.2 Mathematical Models of Electromagnetic Transients 


Electromagnetic transients in power electronic systems occur in the main-power loop, 
switches, energy storage components, control circuits and load. The most frequently 
used mathematical model to describe such transients are discrete iteration equations 
based on the state-space variables, piecewise smooth differential equations based 
upon switching modes, and the time-continuous average models based on the piece- 
wise smooth state-space equations. Transient processes vary with circuit parameters. 
Details of such modelling methods and circuit transients are shown below. 


2.2.1 Modelling Electromagnetic Transients 


Such transients of power electronics combine the discreteness with the continuity, 
integrate the linearity with the non-linearity, and contain both information and energy. 
While using one single mathematical modelling method is not practical, following 
non-linear dynamic modeling methods are recommended. 


1. Discrete iteration equations based upon the system state-space variables 


Discrete modelling is also known as discrete time mapping, i.e., mapping the transient 
process in the present sampling period to the next sampling period in a discrete 
way. Based upon the system structure, parameters and actual working conditions, 
such discrete mapping could be applied to one-dimension, two-dimension or multi- 
dimension systems. The basic is to formulate piecewise linear differential equations, 
solve the state-space transfer matrix, and obtain the final solution. 

Take a buck converter shown in Fig. 2.18 as an example, with following assump- 
tions made: 


(1) All components are ideal not considering switching transitions and induc- 
tor/capacitor loss; 

(2) The cutoff frequency of the RLC low pass filter is far lower than the switching 
frequency, and the voltage Up across the output capacitor C is a constant; 

(3) The current hysteresis control is applied. 


In this way the circuit is turned into a first-order differential system. The inductor 
current i linearly increases when the switch turns on and linearly drops when the 


Fig. 2.18 The circuit 
schematics of a buck 
converter 
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switch is off. Assume in = iz (nt), in+41=iL((n + 1)t). Here t is the sampling period 
and n is the nth sampling action. The one-dimension discrete time mapping model 
is shown below. 


İn t+ mit be Te 
0 Pe S, 


Here mı = (Uin-Uou)/L, the inductor current slope when the switch is on. mm 
= Uout/L, the inductor current sliding slope when the switch is off. Jp; and /p2 are 
upper and lower limits of the current hysteresis, respectively. When in < p1, the 
switch remains on during the next sampling period. When i, > /p2, the inductor 
current in the next period drops to zero, making the circuit work in the discontinuous 
mode. 

As shown above, such discrete iteration method is very easy to model all transient 
processes comprehensively. Its demerit, however, is to simplify and approximate the 
system and differential equations in order to derive the non-linear characteristics of 
discrete iterations, which creates a major difference between modelled and actual 
transients. 


2. Piecewise smooth differential equations 


This is also named as state-space variable analytical method, which directly applies 
Kirchhoff Current and Voltage Laws to the circuit thereby deriving the state-space 
differential equations. 

Take a voltage-closed-loop-control buck converter as an example, as shown in 
Fig. 2.19. 

When the switch is on, based on KCL, KVL and Ohm’s Law with the ideal 
amplifier characteristics, we have 


Fig. 2.19 A 
voltage-closed-loop-control 
buck converter 


> i Rə 
carrier is R l 
generator fl l = 
a 


2.2 Mathematical Models of Electromagnetic Transients 49 


diz 
Uin = L— + (Ri + Rs)it (2.4) 
ii +i =I, (2.5) 
; UC 
TE 2.6 
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C] d(uj —UR, ) 


dt 
Based on the above, we have 


di, uc U; 


dt L E 
duc l i uc 
—— — lL - 
dt Cout Cout( RL + Rs) 
du; R, ; RR 5 R>) R, l 
i | tig — 
dt Cout( RL T Rs) Ci R] Ro( RL T Rs) Cout( RL z Rs) Ci R] 
(2.1) 
Similarly, when the switch is off, state-space equations are turned into 
diz, B uc 
do è L 
duc l . uc 
— = 1, — —— 
dt Cout Cout( RL T Rs) 
du; R; ; RC Ry T R2) R; l 
L Si, gp pS ty i 
dt Cout( RL + Rs) C] R] Ra(RL + Rs) Cout (RL T Rs) Ci R] 
(2.8) 
Together with (2.7) and (2.8), we have 
diz Uc  § 
— = —— + —§ 
dt L E 
duc l ; uc 
— = —l;, — — 
dt Cout Cout(RL + Rs) 
du; s RR + R>) R, i 
m = re a ae Ae ee — 
dt Cout( RL T Rs) C] R] R(RL T Rs) Cout( RL T Rs) Ci Ri 
(2.9) 


where s represents the switch state (1,0), yielding iz, uc and u; all nonlinear functions. 
Hence the analytical solution is difficult to get. 

As shown above, no simplification or approximation is needed for such method, 
all equations precisely describe the right behavior of the circuit, and the solution 
reveals the actual physical characteristics. The problem is that the numerical instead 
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of analytical solution of the transients is generated, without considering switching 
transients as well. 


3. State-space average modelling 


This is a widely used modelling method of power electronics circuits. Such method 
is simple and does not contain time variants thereby facilitating the analysis and 
design. It will average system variables within one switching period, i.e., obtain the 
average value based on the switch duty cycle, derive state-space average equations 
and solve transients of state-space variables (Fig. 2.20). 

Assume the switching period is T, with the on time as Ton = d7;. Here d is the 
duty cycle. Its off time is Toff = (1-d)7,. For the Cuk converter, the energy storage 
and transfer are processed in these two time intervals (Ton and Toff) and two power 
loops in parallel, as shown in Fig. 2.21. 

After multiple switching periods, the circuit reaches the steady state. During Ton, 
as shown in Fig. 2.21a, the switch is on, closing both the input and output circuits 
thereby leading to the diode reverse biased. During this period, the inductor current 
iy, Stores the energy in Lj. iz2 discharges C4, stores the energy in Lz and provides the 
energy to the load. The switch current i = iy; + iz2. During T of, the circuit is shown 
as Fig. 2.21b, when the switch S is off while diode D is forward biased, closing the 
input and output loops. Here the input current and inductor discharging current, iz), 
charges C1. The discharging current of L2, iz2, supplies the load power consumption. 
The diode current is the sum of the input and output current. State-space equations 
of the Cuk converter are 


(2.10) 


d = C CR 
duc, (l -— s)iL, E SiL, 
dt C C 


Here Lı = L2 = L, Cı = C2 = C, s represents the switch status, which is 1 when 
the switch is on, otherwise 0. Due to the voltage feedback, 


Fig. 2.20 Circuit schematics of a Cuk converter 
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(b) When the switch is off 


Fig. 2.21 Current and voltage distribution of a Cuk converter 


İL, +iL, — g(uc,) (2.11) 


Here iz; and iz? are the current of inductor L; and L2, respectively, uc is the output 


voltage, g(.) is the transfer function. For the purpose of simplicity, a proportional 
function is used, 1.e., 


A(iz, + iL, ) = —k Auc, (212) 
where k is the gain. Equivalently, Eq. (2.12) can be converted as 
IL, +iL, = ko — kıuc, (2.13) 


Here kp and kı represent the control parameters. Replacing s in Eq. (2.10) with 
the duty cycle d, we can get the system average model. Since iz; and iz2 are functions 
of uc2, the system order could be reduced by one after considering Eq. (2.13), 1.e., 


diL, = duc, = UC, 
dt ie L 
duc, B İL, Uc, 
dt C CR 
duc, _ (l — d)X(ko — kitty) ir, 


dt $ C 


(2.14) 


At the same time, derived from Eq. (2.13) is 
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d(iz, +1 d 
(iL, ip) _ —ki UC, (2:15) 
dt dt 
Substituting Eq. (2.10) and (2.14)-(2.15) yields to 
ky L iL 
I ir — (1+ uc, + U; 
A= _ 1 ein, — + Spc + Vin (2.16) 
2 2uc, 


Substituting Eqs. (2.16)-(2.14) generates the state-space average model of the 
Cuk converter 


din, tly gg e Me in 
dt 2C CRL 2L oF 


du C> lL, Uc, 


= — — £7 
dt G CR ( ) 
duc, İL, ko — kiuc,) kib. kı L 
— = —— + (— {| + —i1,, —(l + Gp uc, + U; 


1 


It can be seen that the average model is an approximation which is only true 
when the output fundamental frequency is much lower than the switching frequency. 
Only low-frequency characteristics of the circuit will be maintained while all high- 
frequency features are lost. Besides, due to the existence of the large disturbance, the 
converter is usually working at the large-signal mode. Using the prediction based on 
the small-signal transient model will create large errors. 

Therefore, all three models have their own merits and demerits. Their application 
scopes are different, and they all treat switches as ideal without considering stray 
parameters of components and connections, which limits their applications especially 
for the complex converter circuit. 

In the real practice, nonlinear factors inside power electronic converters are com- 
plicated, which will be detailed as follows. 


2.2.2 Transient Model of the Main-Power Loop 


Take a typical PWM rectifier as an example, as shown in Fig. 2.22. Such system is 
made of the AC power source, rectifying circuit and DC bus bars. Here e}, €p and ee 
are the three-phase grid voltage, L, is the input inductance, R, is the equivalent line 
resistance, Ía, Ib, ic are the three-phase input currents, Cout 1s the output capacitance, 
uc is the capacitor and output voltage and i; is the output current. 

Assume all power switches are ideal with only lumped parameters being consid- 
ered. With the symmetric three-phase grid, d-axis and g-axis components of the grid 
voltage and current could be derived with the d-q transformation, i.e., eg and eg, ig 
and iq, respectively. The mathematical model of such PWM rectifier under the d-q 
coordinates is 
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Fig. 2.22 The main-circuit structure of a typical PWM rectifier 


L, = wLpiq + ea — idR, — ud 
di 
L, qt = —wLrig + eq — iq R; — Ug (2.18) 


du 3(ugia+u i ) . 
Cout J = —— — IL 


Here w is the rotatory angular velocity. ug and ug are the inverter d-axis and q-axis 
voltage with the SVPWM control, respectively, both of which are average values. 
Therefore the transient model of such PWM rectifier is essentially an average model. 


2.2.3 Transient Models of Electric Components 


All models above do not take transient processes of electric components into account. 
They treat either the power switches or passive components as ideal. In fact, due to 
the existence of stray parameters, all electric parts have their transients, even though 
the timescale is short. When considering the high-frequency performance, all such 
transients cannot be neglected. 

Electric components in power electronic converters are mainly power switches 
(IGBT, etc.) and passive parts (inductors, capacitors, etc.). In following sections, we 
will analyze their electromagnetic transients based upon their structure and opera- 
tional mechanisms. 


1. Power switches. 


Take IGBTs, the fully controlled power switches using MOSFETs to control BJTs, as 
an example. Compared to MOSFETs, IGBTs have one extra P + layer, which forms 
the base current of the BJT controlled by the MOSFET gate voltage. The goal is 
to inject current carriers from the collector and utilize the PN-junction conductance 
modulation to lower the on-state resistance and the forward voltage. By imposing 
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Fig. 2.23 The turn-on circuit model of the IGBT 


a positive voltage on the gate, a channel is formed to provide the base current of 
the BJT thereby turning on the IGBT. Otherwise, a negative voltage on the gate 
eliminates the channel thereby turning off the IGBT. Different from the MOSFET, 
the existence of the PNP BJT results in a time delay to combine carriers even after 
the channel diminishes, creating the tailing current. 

The parasitic junction capacitance of the IGBT greatly impacts the switching 
process. As shown in Fig. 2.23, there are four stages of the IGBT turn-on process. 
Here RGint is the gate internal resistance. Cgc and Cog are both junction parasitic 
capacitances. Its detailed turn-on process is shown as below. 

Stage 1: imposed with the gate-drive voltage ug, IGBT remains off until the 
gate-emitter voltage ugg rises to the threshold uggEth). Uce and /¢ remain unchanged. 

Stage 2: the gate continues being charged. The collector current /¢ rises with uce. 
The collector-emitter voltage ucg drops quickly close to ugg; 

Stage 3: ucg further drops close to the on-state saturation voltage. Due to the 
miller effect, its input capacitance Cin, made of Cgc and Cag, becomes very large. 
The miller plateau appears with nearly all the gate current going through Cgc. 

Stage 4: ucg drops to the on-state saturation voltage and remains constant. The 
miller effect disappears when the IGBT stays on. The gate-drive voltage ug keeps 
charging the gate. 

With the gate voltage ugg as the state variable, all four stages above could be 
treated as the gate-drive voltage ug charges Cj, through the gate-drive resistance 
Rg and gate-drive-loop inductance Lg. Therefore, the transient model of the IGBT 
gate-drive loop is 


du du 
= + cc. = + UGE = UGh (2.19) 


TE age dt 
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Here ugn is the high-level of ug. Rg is the gate resistance where Rg = Reon + RGint- 
Note that Rgon is the gate external resistance and Rgin 1s the gate internal resistance. 
Lg is the gate-loop inductance. The equivalent input capacitance Cin is 


dOc Corduge + Coc(duce — duce) duce 
= = — — = Cop t+ (1 - 7 an oC (2.20) 


Cin — 
du GE du GE u 


In the turn-on process, all parasitic capacitance will vary greatly, leading to a 
significant change of Cin. However, back to each single stage shown in Fig. 2.23, Cin 
does not change much, which allows us to linearize Cin locally for each stage. 

The transient process of ugg for each stage could be derived through (2.19). 


(1) When RẸ Cin > 4LG 
lich t ts = Uc)e TE) RoC) Lo =0 


| | (2.21) 
kje? @—4) + ky e420) +UGh, Le s= 0 


UGE = 


Here uco is the gate initial voltage and fo is the initial moment. Meanwhile 


Rg aN (RgCin)* — 4LGCin 


A; =-— 
2LcG ZLOG 
a ¢ aes í 
penda _ U — Aho Cin (2.22) 
2LG PA N ON 


kı = (uco — ug)à2/(à2 — A1) 
ky = (uco — uc)à1/(à1 — A2) 


(2) When R2Cin = 4Lc 


UGE = m;e?) + m(t — ty je! —0) + UGh (2.23) 
Here 
À = —Rg/(2LG) 
Mı = Ugo — UG (2.24) 
mMm = —MıàÀ 


(3) When R Cin < 4LG, we have 


ugg = nje2'“—) cos (t — to) + noe! sin w(t — to) + UGh (2.95) 


Here 
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nı = Uuco — UG 
= —w;ı (uco — UG)/a2 
wı = —Ro/(2LG) 


w = V4LGCin — (RoCin)*/(2LGCin) 


From Eq. (2.25), a too small Rg (Re, Cin < 4LG) results in a potential gate-voltage 
oscillation, leading to the system instability. To secure the system stability, an appro- 
priate Rg is required. 

At the stage 2 and 3, ic and ugg comply with the device transfer characteristics, 
which could be obtained through the datasheet or experiments and approximated by 
a quadratic function, 1.e., 


= 
No 
| 


(2.26) 


ic = a(UcE — UGE th)” + D(UGE — UGE th) (2.21) 


Here a and b are coefficients obtained through the least-square method. 
The IGBT turn-off process is opposite to the turn-on process. It also has four 
stages, as shown in Fig. 2.23. In this process, the gate voltage ugg complies with 


d ugg duce 
LoCin r T tabin r + UGE = UGI (2.28) 


Here uc, is the low-level gate-drive voltage. Difference from the turn-on process 
is the stage 4 of the turn-off process, 1.e., stage 1 in Fig. 2.23. When ugg drops below 
UGE th, Zc does not disappear right away. Instead, it appears as the tailing current to 
drop to zero gradually. The tailing current is determined by the IGBT manufacturing 
technologies and operational conditions, which in theory could be approached by an 
exponential function 


ic = dic me (2.29) 


Here œ is the amplification coefficient of the BJT, ic on is the IGBT on-state 
current, fg is the initial moment of the tailing current, and t is the time constant of 
the tailing current. 

From the above, we can see that electromagnetic transients exist in both turn- 
on and turn-off processes of the IGBT, determined by equivalent parameters of the 
device. Small parameter values lead to short time constants, much smaller than those 
of the main-power loop transients. In Sect. 2.3, differences and influences of these 
time constants will be discussed. 


2. Capacitor transient models 


In power electronic circuits, capacitor functions are mainly filtering, storing energy, 
decoupling and DC blocking. Different types of capacitors have vastly different 
capacitance values, frequency and loss characteristics, thereby used for different 
purposes. The commonly used capacitors in power electronic systems are: 
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Fig. 2.24 The ideal impedance characteristics of the capacitor 


(1) 


(2) 


(3) 


(4) 


Electrolytic capacitors, which have a high capacitance-size ratio, however, large 
internal parasitic inductance and resistance. Electrolytic capacitors have two 
types, aluminum type and tantalum type. The latter one has better capacitance 
performance, which however is only true within the low-frequency range and 
has a higher cost. Due to such limitations, such capacitors are mainly used for 
filtering in power electronic converters, seldom used for noise reduction; 
Paper capacitors, which have a wide range of the capacitance and voltage ratings. 
Its equivalent series resistance (ESR) is much smaller than that of the electrolytic 
capacitors, however still has quite large equivalent series inductance (ESL). 
Various paper capacitors along with metallized paper capacitors are widely used 
in power electronic systems. Due to its better performance and high reliability, 
it is also used for the grid filtering; 

Ceramic capacitors. Different dielectrics have different energy density and the 
thermal coefficients. The characteristics of ceramic capacitors vary with the 
time, temperature and voltage. The voltage transients are easy to destroy such 
capacitors. However, such capacitors have small dimensions, excellent high- 
frequency performance and low ESR, making them widely applied in the printed 
circuit boards (PCBs); 

Film capacitors, which are categorized as polyester capacitors, polypropylene 
capacitors, polystyrene capacitors and polycarbonate capacitors, etc. It has a 
low ESR, which is subject to its coiling method. It exhibits a very low energy 
density as well. Among all capacitors, polycarbonate capacitors have very low 
electrolytic loss and very stable capacitance-frequency characteristics. 


The ideal impedance of the capacitor is shown in Fig. 2.24. 
The actual capacitor will show inductance at the high-frequency operation. The 


actual impedance of a film capacitor is shown as Fig. 2.25a. 


As shown in Fig. 2.25, this capacitor shows capacitance at the low frequency 


and acts as the inductance at the high frequency. Its equivalent circuit is shown as 
Fig. 2.25b, which could be modeled as 


P 
n= Re Li Eig (2.30) 
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Fig. 2.25 Capacitor measurement and modelling 
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Fig. 2.26 Impedance characteristics of an ideal inductor 


3. Inductor transient models 


The impedance characteristics of an ideal inductor are shown in Fig. 2.26. 

Inductors are usually wound as coils. Based upon the magnetic core utilized, an 
inductor could be classified as air-core type and magnetic-core type. Power loss exists 
in both the winding and the core. Stray capacitance exists between turns, between the 
insulating layer and bobbins, and between layers if a multi-layer winding is adopted. 
The measured impedance of an air-core inductor is shown in Fig. 2.27a with the 
equivalent circuit shown as Fig. 2.27b. 

The transient model of an inductor is shown as below 

di 


uc, = Ri + Lo (2.31) 


The combination of Eqs. (2.19), (2.28), (2.30), (2.31) and (2.18) generates the 
overall differential equation set of the main-power loop, the solution of which 
describes main-power-loop electromagnetic transients. 
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Fig. 2.27 Inductor measurement and modelling 


2.2.4 Transients Model of Gate-Drive and Control Circuits 


1. Gate-drive circuit 


Different switches have different gate-drive circuits. Take the IGBT as an example. 
Its gate-drive circuit is shown in Fig. 2.28, where Rg highly impacts the switching 
performance. A too large Rg slows down the switching speed, increases the switching 
loss and even fails triggering the switch. A too small Rg increases ducg/dt, induces 
the EMI and potentially creates the mis-trigger. The reason for the mis-triggering is 
that at the switching-off moment, ucg rises to the DC-bus voltage from the saturation 
forward voltage. A large ducg/dt induces a high reverse current flowing through Rg 
thereby mis-switching on the device. A negative turn-off voltage could alleviate the 
impact of the reverse current thereby preventing mis-triggering. 


Fig. 2.28 Typical gate-drive 
circuit for IGBT 
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Fig. 2.29 Linearized transient model of field oriented control considering the sampling delay 


The model of transient processes in the IGBT gate-drive loop is shown as 
Eqs. (2.19) and (2.28). As a major parameter of the gate-drive-loop transient pro- 
cesses, Rg varies the loop time constant. 


2. Control circuit 


The control circuit includes the sensing circuit, signal conditioning circuit, AD con- 
version and modulation circuit, communication circuit and control chip. Even though 
the control circuit has voltage and current as small signals, transient processes still 
exist. For instance, in the PWM rectifier, an exemplary linearized transient model of 
field-oriented control considering the sampling delay is shown in Fig. 2.29. Here Ry, 
Ls, Ti, Tai and T, are corresponding parameters of the control loop. 

Its open-loop transfer function is 


l 
Gols) = ———— (2.32) 
272 Tai - s(s + $S + x) 
Its closed-loop transfer function is 
Tas + | 
G(s) = (2.33) 


2T? Tais? + 2T;(T; + Tai)s? + 2T;s + 1 


Such equations are found useful when transients in the loop need be considered. 

As a summary, when considering transient processes in the components, gate- 
drive loop and the control loop, their state-space equations need be incorporated 
with the whole system, which drastically increases the system orders. Furthermore, 
time constants of transients in each subsystem are so different that the coefficients 
of equations form a stiffness matrix, impossible to solve. To build a full-frequency- 
domain mathematical model of those transients in power electronic systems, link 
different-time-constant subsystems, address the relationship between the discrete and 
continuous variables and apply such models to the real design, analysis and control, 
remains as a problem to be solved for the transient modelling and applications. 
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2.3 Timescale Difference and Impact 


Different parts of power electronic systems have different time constants thereby 
different timescale electromagnetic transients, e.g., ms for passive components in 
the main-power loop, ps for power switches and part of the control loop with stray 
parameters considered, and tens of ns for the high-frequency soft-switching and 
digital control system. If a mechanical load is connected, such as the motor drive 
system, its timescale will be multiple seconds. Various subsystems with different 
time constants form overall transients in the power electronic systems, during which 
energy balancing in the transformation, transfer and storage is critical. Majority 
of electrical components and equipment fail during transients. When subsystems 
with different time constants work together, imbalance of the energy transformation, 
distribution and transmission might occur, leading to the local energy concentration 
thereby destroying devices. 


2.3.1 Comparison of Different Time-Scale Transients 


A conventional three-phase two-level converter, as shown in Fig. 2.30 and also pic- 
tured as Fig. 1.10, from the left to right includes the control circuit, gate-drive circuit, 
three-phase two-level inverter (or rectifier) and power supply or load. The timescales 
are from nano-second level to second level. A quantitative comparison of these sub- 
systems is detailed below. 

The definition of the time constant could be traced back to the circuit theories, i.e., 
a constant representing the reaction speed of electromagnetic processes. For a value 
fading in the exponential function, the time taken to drop from 100% to 1/e (e = 
2.71828) is defined as the time constant. The meaning of the time constant varies with 
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Fig. 2.30 The basic structure of a three-phase two-level inverter 
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applications. Foran RC circuit, the time constant is the multiplication of the resistance 
and capacitance. With the unit of the capacitance as pF and that of the resistance as 
MQ, the unit of time constant t is s. Assume a constant current / is flowing through. 
The time period for the capacitor voltage to reach |-1/e of IR, its maximum value, 
is the time constant t. When open circuit, the time constant is the period for the 
capacitor voltage to reach I/e, 1.e., 0.37 of its peak value. In an RC circuit, when 
its capacitor voltage uc always monotonically decreases from the initial value uc(0) 
to O in an exponential way, its time constant is RC. All other circuit components 
except the capacitor can be treated as a two-terminal active electric networks. In an 
RL circuit, its inductor current izp monotonically decreases from the initial value iz (0) 
to 0 following an exponential function, with its time constant as L/R. 

For a complex circuit containing multiple inductors and capacitors, multiple dif- 
ferential equations could be set for the final solution of multiple time constants. In 
the real practice, the time constant could be obtained through measuring experimen- 
tal waveforms in transient processes. Sections below will discuss time constants in 
different loops. 


1. Switching loop. 


Take the IGBT as an example. As shown previously, its equivalent circuit contains 
multiple inductors and capacitors. Experimental methods are preferred to extract 
its time constant. We could use a device tester to locate its turn-on and turn-off 
commutating loops, as illustrated in Fig. 2.31a. The DC power supply is connected 
to an IGBT bridge, where the top device is a diode and the load is an inductor. During 
the test, the duty-cycle-controllable pulses are employed to switch the IGBT, with 
which the IGBT switching-on/off voltage and current waveforms could be probed. 
The time constant can be further derived. 

Shown in Fig. 2.31b is the large-signal model of the switching loop with the 
small-signal model shown as Fig. 2.31c, which indicates that the switching-loop 
impedance is made of IGBT output capacitance Coss, diode resistance Rp and loop 
stray inductance L,. Here L, includes the switch internal and external inductance. 


Load 


(a) Test platform (b) Large-signal model (c) Small-signal model 


Fig. 2.31 Switch test platform, loop large-signal and small-signals models 
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Fig. 2.33 Phase equivalent circuit without snubbers 


Experimental voltage waveform of the IGBT turn-off shown in Fig. 2.32 indicates 
that the time constant is ~100 ns. 


2. Switching loop with bus-bar parasitics 


The tester above is to directly connect the DC power supply to the switch leg. Once 
connected with bus bars, the DC-bus capacitance (including the capacitor ESR and 
ESL), stray inductance, capacitance and the resistance of bus bars need be taken into 
account, as shown in Fig. 2.33. 

Based upon the equivalent circuit of Fig. 2.33, in the switching-off process, the 
voltage peak value of the IGBT and the DC-bus voltage comply with 

dic 
UCE - peak = Ude + (Lex + Lous + Lsce)—— (2.34) 

The objective IGBT (FF30R17ME4) has the turn-off voltage and current shown 
as Fig. 2.34. During fz ~ f3, the IGBT current drops from i, to the tailing current itai, 
using the time interval of tn. Such time interval remains nearly constant at different 
turn-off currents and junction temperature, with the time constant of ~200 ns. 
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3. Switching loop with the snubber circuit 


To limit the voltage spike during the IGBT turn-off, snubber circuits are usually 
employed, which typically have the charging-discharging type and non-discharging 
type. The former one include RC snubber, RCD snubber and C snubber, as shown in 
Fig. 2.35. The latter one includes two types of RCD circuits, as shown in Fig. 2.36. 
In this section, the RC circuit is used to calculate the time constant of the snubber. 


Fig. 2.34 Measured voltage Udes Ic 
and current in the IGBT 
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Fig. 2.35 Charging-discharging snubber 
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Fig. 2.36 Blocking-discharging snubber 
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For different topology-oriented snubber circuits, the maximum time to discharge 
C, is different. A time constant of 1/6 ~ 1/3 switching period is usually assigned to 
the IGBT snubber, ensuring that 90% of the voltage-spike related energy stored in 
C, could be dissipated in a timely manner. Thus, the snubber resistance is 


l 
3C, f 


R, < (2.35) 


Here f is the IGBT switching frequency, C, is determined by the stray inductance, 
loop current and the voltage-spike tolerance. An exemplary selection is R, = 25Q 
and C, = 0.1 uF, which leads to a snubber time constant of 2.5 us. 


4. Main-power loop 


Take the three-phase two-level inverter-fed motor drive system as an example, as 
shown in Fig. 2.37. The motor could be modelled as an RL load. A typical 25 kVA 
induction motor has the stator winding resistance of 0.3 Q2 and the stator leakage 
inductance of 1.2 mH. Therefore the time constant is 4 ms. 


5. DSP control loop 


The time constant of the control-loop transient is decided by the DSP calculation 
period and the time delay of the control feedback loop. Figure 2.38 shows the scheme 
of the DSP control loop for a three-phase two-level inverter. Voltages and currents of 
the main-power loop are sampled to generate analogue signals, which are converted 
to digital signals through ADC and used for the digital signal processing and control 
algorithms, e.g., d-g transformation, PI controller and PWM control. Ultimately DSP 
generates PWM pulses to drive power switches through gate-drive circuits. 
Assume the switching frequency of the inverter is 6.4 kHz and the sampling 
frequency is the same or twice of the switching frequency. In general, the implemen- 
tation of one DSP command only takes several ns. The conventional control strategy 
does not require much calculation, making it possible for DSP to finish the calcula- 
tion within one switching period. Therefore it is applicable to equal the calculation 


Fig. 2.37 The main circuit of a three-phase two-level inverter-fed motor drive system 
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Fig. 2.38 The DSP control loop 
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Fig. 2.39 IGBT gate-drive loop and the power supply 


period or the control period to the switching/sampling period, i.e., 156.3 ws, which 
can be treated as the control-loop time constant. 


6. Gate-drive loop 


Shown in Fig. 2.39 is an exemplary IGBT gate-drive circuit with the power supply. 
PWM signals arrive at the gate-drive chip through the optical fiber and optical coupler, 
get amplified through the current amplifier, and reach the IGBT gate passing through 
the gate resistor. Meanwhile, the overcurrent protection signal is forwarded to the 
top-level control system through the gate-drive chip, optical coupler and optical 
fibers. 
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Table 2.1 Comparison of time constants in multiple transient loops 


Case Timescale level Times ratio 


Time constant of switching 100 ns 1.0 * 10° 
commutating loops without 

snubbers 

Turn-off time of some 200 ns 2.0 * 10° 
semiconductor 


Time delay by the gate driver 3.0 * 10° 
Time constant of the snubber | 2.5 us 2.5 * 10! 
loop in high power converter 

Time delay by some control 150 us 1.56 * 10° 
chip 

Switching period of the main | 4.0 ms 4.0 * 104 
circuit 


The signal propagation time is to be investigated by digging into the details of the 
gate-drive chip, MC33153, as shown in Fig. 2.39. The main specifications of such 
chip include: a typical time delay between the rising edges of the input and output is 
120 ns, with the maximum value of 300 ns. The time delay between the overcurrent 
detection and the implementation of the protection is 300 ns. Therefore, the time 
constant of this gate-drive circuit is considered as 300 ns. 

In summary, in a power electronic system, time constants of different loops and 
parts vary widely. Even though all these transients happen in the same system, each 
subsystem has its own transients and time constants. The time constants, switching 
period and time delays are summarized in Table 2.1. A clear difference is exhibited, 
where the shortest time constant is 100 ns while the longest is 4 ms, 1.e., a difference 
of 40,000 times. 


2.3.2 Correlations Among Different Time-Constant Loops 


So many different time constants exist in one system. Comprehending their correla- 
tions is of importance, which will be detailed as follows, including the DSP control 
board, gate-drive board, switches, snubber circuit, connecting bus bars and feedback 
loops. 


1. The DSP control board and the gate-drive board 


The control loop is usually 500 times slower than the gate-drive loop. Therefore 
compared to the DSP control loop, the dynamic process of the gate-drive loop is 
negligible. However, when the connection in between uses the optical fiber or wires, 
various propagation delays is introduced. When using optical fibers, both sides need 
adopt optical couplers as well, which also bring the time delay and distortion. When 
cables are used, due to the existence of the stray capacitance, pulses generated by the 
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Fig. 2.40 The measured pulses at transceiver and the receiver side of the optical fiber between the 
control board and the driver 


DSP will be filtered thereby creating the distortion. Therefore optical fibers, couplers 
and cables will all create the difference between the control board output and the 
gate-drive board input. However, such distortion is minor in the real practice, not 
the main contributor to main-power-loop pulse distortions. Shown in Fig. 2.40 are 
pulses measured at the transceiver and receiver side of the optical fiber, respectively. 
From Fig. 2.40a, pulses at the two ends are out of phase. It is indicated in Fig. 2.40b 
that the time delay caused by this optical fiber is ~120 ns. 

Besides, PWM signals generated by the DSP usually have no dead-band settings. 
To avoid zero or too small dead-band settings, before going into the gate-drive circuit 
a hardware dead-band using analogue circuits is inserted between falling and rising 
edges of two complimentary signals, even though the software dead-band might 
exist already. The dead time is usually longer than the sum of the switch turn- 
on and turn-off time, i.e., minimum pulse width. It is one of main contributors to 
the difference between DSP pulses and the gate-drive-board input, representing the 
dynamic relationship between the control system and gate-drive system. 


2. The power switch and the gate-drive board 


The pulse transfer between the control board and the gate-drive board is the 
information-signal-level behavior, with a relatively low-power level. After receiv- 
ing control signals, the gate-drive system amplifies the power and delivers them to 
power switches, such as IGBTs. To charge the IGBT gate, gate-drive signals are 
tuned into the power level. In another word, the gate-drive circuit needs consume 
the power. Due to the existence of stray parameters, energy pulses are easy to be 
distorted and delayed. Therefore compared to pulses from the control board to the 
gate-drive board, gate-drive output pulses are more distorted. 

Shown in Figs. 2.41 and 2.42 are the measured Ucg and Ugg of the IGBT during 
turn-on and turn-off processes, respectively. In addition, the smoothing effect caused 
by the stray capacitance will slow down the pulse rising edge, and even loses the 
pulse if the pulse width is too narrow thereby failing the pulse modulation. To avoid 
the potential pulse loss, a minimum pulse width could be set on DSP signals to bridge 
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Fig. 2.41 Uce and Uce of the IGBT in the turn-on process 
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Fig. 2.42 Uce and Uce of the IGBT in the turn-off process 


the gate-drive system with switches seamlessly. Therefore, the minimum pulse width 
is the dynamic connection between the gate-drive system and power switches. 


3. The power switch and the snubber circuit 


The snubber circuit is to prevent the switch from being damaged by the over voltage, 
which however affects the switching process. All typical snubber circuits shown in 
Sect. 2.3 have the resistor R, which will dissipate the energy and lower the converter 
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(a) One leg with the snubber (b) Commutation process 


Fig. 2.43 The snubber circuit and the commutation process of one GTO 


efficiency. Such price is worthwhile given that the snubber will reduce the voltage 
spike thereby keeping the switch safe. The snubber circuit buffers the harmful impact 
brought by stray parameters and improve loop parameters. 

Take one GTO leg as an example. Its snubber circuit with operational principles 
is shown in Fig. 2.43. The leg equivalent circuit is shown in Fig. 2.43a, where the 
snubber for the bottom switch is skipped. When G, turns off, the current commutates 
from G; to D2, with the detailed commutating process shown in Fig. 2.43b. 

Note that in the turn-off process three voltage spikes appear across the anode and 
cathode of the GTO, all of which are resulted from the interaction between the switch 
and the snubber circuit. Such waveform is also a reference for the snubber component 
selection and the switch safe operation. Take the first voltage spike u; as an example. 
When G; turns off, the load current is assumed constant. Both the turn-on snubber and 
the switch undertake a current variation of ~kA/\ts, which induces voltage spikes on 
the loop stray inductance and the snubber capacitor. In addition, the snubber diode D, 
has a forward turn-on voltage much higher than the steady forward voltage ug, which 
is determined by the diode forward turn-on characteristics. Therefore the switch loop 
and the snubber circuit together induce the voltage spike u;, which endangers the 
switch reliability even though its amplitude is much lower than the GTO steady- 
state voltage rating. This is because with the occurrence of u;, quite an amount of the 
anode current, i.e., tailing current still exists, yielding the GTO full of current carriers 
with a low voltage-blocking capability. A large u; will create a dynamic avalanche 
thereby damaging the switch. Thus, in reality, parameter matching of the snubber 
circuit, such as an inductance-free capacitor and a low-forward-voltage diode is of 
importance. Settings of snubber parameters represent the dynamic linkage between 
the switch and the snubber circuit. 
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Fig. 2.44 The main-power-loop layout of an IGCT based three-phase NPC inverter 


4. Power switches, snubber and bus bars 


The main-power loop of an IGCT based three-level NPC inverter is shown in 
Fig. 2.44, where the DC-bus capacitor is an energy buffer. The input energy reaches 
the power switches through the DC-bus capacitor and bus bars. Even equipped with 
a snubber capacitor, most of the electromagnetic transient energy flows through the 
DC-bus capacitor. Therefore, the DC-bus capacitor always participates in the current 
commutation. Besides, stray parameters of DC-bus capacitor are critical, e.g., its 
stray inductance causes most of turn-off voltage spikes. Given that the switch cur- 
rent flows through DC-bus bars, reducing its resistance helps lower the power loss. 
Therefore the bus-bar optimization is critical for the switch safe operation. 

The snubber circuit and bus bars determine the safe operation area of the power 
switch. Specifically, the stray inductance of the bus bar and the snubber capacitance 
counterpart each other thereby lowering the turn-off voltage spike. In the real appli- 
cations, stray inductance on the bus bar is inevitable. The snubber circuit must match 
the bus bar to shrink the voltage spike thereby securing the switch’s safety. Opti- 
mization of the snubber circuit needs incorporate with the bus-bar structure and the 
switch characteristics. The experimental waveform of the IGCT turn-off voltage and 
the diode forward recovery voltage is shown in Fig. 2.45. 

Itis indicated in Fig. 2.45 that the second turn-off voltage spike U p2 is because that 
the stray inductance of the bus bar transfers the stored energy to the snubber capacitor 
Cs, creating Up = J/L;/C; e Ic. Therefore, the snubber-circuit performance is 
influenced by bus bars. To limit Upı and Up2 below the voltage rating, the upper 
limit of the bus-bar stray inductance L, needs be determined based upon the switch 
selection. Therefore the snubber and bus bar parameters are vital to the transients of 
switches, main-power loop and snubber circuits. 
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Fig. 2.45 Experimental 
waveform of the IGCT 
turn-off voltage and the 
diode forward recovery 
voltage 
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2.3.3 Impact of the Time-Constant Difference 


The time-constant difference among various transients highly impacts the power 
electronic system. Qualitative analysis of such impact will be carried out in this 
section on the output pulses of the DSP, input pulses of the gate-drive circuit, switches, 
snubber, connecting bus bars, feedback loop and main-power loop. In later sections, 
a quantitative analysis of each subsystem will be done. 


1. Difference between the DSP output and gate-drive input pulses 


Such difference is mainly revealed by the dead-band, distortion, minimum pulse 
width and time delay. Reasons of such difference have been discussed in Sects. 2.3.1 
and 2.3.2. For the dead band, its main purpose is to prohibit the leg shoot-through 
thereby protecting switches. However, it will deteriorate the control performance 
and distort the voltage and current waveform, though dead-band compensations in 
previous literatures could mitigate such impact to some extent. Distortions of the 
gate-drive input slow down the switching speed, vary the pulse width and even elim- 
inate pulses thereby worsening the control performance. The setting of the minimum 
pulse width avoids the pulse loss, but it meanwhile changes the modulation perfor- 
mance especially in the open-loop operation. In the closed-loop control, effects of 
the minimum pulse width limitation can be compensated by the feedback loop. The 
time delay of pulses restrains the dynamic response of the control system and sets 
upper limits to the switching frequency and control frequency. 


2. Difference between the gate-drive input and output 


Such difference includes the time delay, distortion and the inconsistency of the input 
and output under faults. All the delay and distortion will be revealed through switch- 
ing behaviors. Given gate-drive pulses are all energy-level, the impact of such delay 
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and distortion becomes more severe. For the inconsistency of the input and output 
at faults, a simple example is the gate-drive circuit detects the IGBT overcurrent, 
yielding the hardware protection is triggered to block pulses and turn off the switch. 
At this moment the input of the gate-drive circuit is still normal while the output 
signal is already blocked. Such inconsistency is positive to avoid the switch damage. 
Another example is that an inappropriate design of the gate-drive circuit will result 
in a high du/dt for the bottom switch when the top switch turns on, which introduces 
the reverse current to mis-trigger the bottom switch even though the actual command 
is to turn off. Such inconsistency is negative, which potentially leads to the bridge 
shoot-through and destroys switches. 


3. Impact of the snubber circuit on the switching process 


The snubber circuit reshapes the switching process of power semiconductors, protects 
the switch from the vital voltage spike, however, also consumes the energy thereby 
lowering the system efficiency. It meanwhile slows down the switching process. 


4. Impact of the bus-bar design on the switching process 


Stray parameters of bus bars are one of the main contributors for the switch turn-on 
voltage spike. Optimizations of the bus bar significantly reduce the stray inductance, 
improve switching processes and protect switches. Incorporating with the snubber 
circuit together will improve the switching performance. Such impact will be detailed 
in later sections. 


5. Impact of the feedback control on the switching process 


Feedback loops contain the hardware direct feedback and software indirect feedback. 
The former one has shorter timescales and much faster speed than the latter one, how- 
ever, highly relies on the hardware with more complex structures. The hardware direct 
feedback is mainly to protect the switch from over-current for the safety purpose and 
dynamically balance the voltage distribution of series connected switches in switch- 
ing processes, both of which do not participate in the top-level software control. The 
software indirect feedback samples the real-time data, controls the pulse width, and 
ultimately generates the voltage and current waveforms for the control purpose. It 
does not influence the switching process directly. Therefore, the system time con- 
stant is mainly influencing the software indirect feedback. For the converter shown 
in Fig. 2.31 with the closed-loop control, the simulated three-phase output currents 
with a sudden load change are shown in Fig. 2.46. Compared to Fig. 2.46a, the time 
delay of the control loop is considered in Fig. 2.46b. 

A clear difference is shown between two transient processes, revealing the direct 
impact of the time delay of the feedback loop on the control performance. 


6. Difference of power switching processes 


Switching actions will form switching loops. Coupled with stray parameters in the 
loop, different switching waveforms appear. In an active NPC (ANPC) converter 
shown in Fig. 2.47, two switching loops are exhibited, the left of which is shorter with 
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Fig. 2.46 Comparison of the closed-loop control under the ideal operation and with time delay 
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Fig. 2.47 Two commutation loops with different stray inductance of different power switches 


55 nH stray inductance while the right of which is longer with 135 nH inductance. 
Variety of the inductance leads to the variation of the switching process thereby dif- 
ferent switching loss and electric stress. Redundancies exist in the ANPC converter, 
which allows the selection of different switching actions and sequences based upon 
the diversity of the switching-loop inductance. Such effort results in the reduction of 
the power loss and electric stress. 
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2.3.4 Loop-Parameter Matching for Energy Balancing 


To smoothly bridge various electromagnetic transients, parameter matching must 
be realized for different loops, aiming at the balance of the transient energy. Such 
matching includes: DSP and communication, feedback loop and the control loop, 
snubber and main-power loop, switches and main-power loop, filters and the main- 
power loop, various parts in the main-power loop. 


1. Matching between the DSP and the upper-computer communication 


Such matching is mainly focused on the operational frequency/period. In general, 
communication can only be implemented after the DSP finishes data sampling, pro- 
cessing, control and modulation. In reality, the communication frequency cannot be 
set too high in case that the computation resource of the DSP is occupied. It defi- 
nitely cannot be too low to affect the command transmission speed of the upper-level 
computer. 


2. Matching between the feedback loop and control loop 


This can be detailed from the hardware and software feedback, respectively. The 
hardware feedback needs provide fast dynamic response for over-current protections 
and voltage balancing of series connected switches. The timescale needs be within 
one switching period so that the switch can be protected and the dynamic voltage 
balancing can be realized. It also cannot be too fast. Otherwise mis-protections might 
be triggered by disturbances or the dynamic balancing circuits will act frequently. 

Frequency of the software feedback can be selected the same as the switching 
or control frequency. A too slow feedback will affect the control performance and 
slower the transients. A too fast feedback will be submerged by the control period 
thereby not directly benefiting the system dynamic response. 


3. Matching between the snubber loop and the main-power loop 


Stray parameters in the main-power loop, capacitors, cables and switches tend to 
induce turn-off voltage spikes. The design of the snubber circuit must match the 
main-power loop to further reduce the over voltage. While effectively reducing the 
voltage spike, the larger the snubber parameters the more energy consumption thereby 
the lower the converter efficiency. On the contrary, small snubber values will discount 
the snubber performance. Therefore the design of the snubber should be based upon 
main-power-circuit parameters. 


4. Matching between switches and the main-power loop 


Stray parameters in the switching loop contain the internal and external parasitics of 
the switch, all of which determine the switching behavior. The resonance between the 
stray inductance and the switch output capacitance is prone to creating the oscillation 
when switching off, which further creates EMI and slows down the switching speed. 
Such oscillation does not alter the switching loss much. Some moderate oscillation is 
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Fig. 2.48 Three-level grid-tied ANPC inverter with LCL filters 


allowed if the switching speed is not strictly required unless the destructive voltage 
spike occurs. 

Switching behaviors are coupled with switching loops in the power electronic 
converters. In general, a symmetric design of switching loops is recommended for 
the consistency of stray parameters, which will secure the same power loss for all 
switches. Thus the symmetry of the switching loop should be considered when 
designing the overall converter structure, such as component placement, bus-bar 
structures and switching actions. 


5. Matching between the filters and the main-power loop 


In this section a grid-tied three-level ANPC inverter with an LCL filter is employed to 
detail filter design principles. As shown in Fig. 2.48, the damping circuit is equipped 
with the LCL filter, with the equivalent circuit of which shown in Fig. 2.49. Here Lı 
restrains the output current harmonics of the inverter. When designing L4, the cost 
and dimension needs be considered. C is used to provide the path for high-frequency 
current components. The reactive-power-compensation capability of the capacitor 
needs be addressed. L> is for the attenuation, the voltage drop of which needs be 
taken into account. In addition, the resonant frequency of the LCL circuit w, should 
meet 10ftine < @r < O.5fsw for the demanded filtering performance. The damping 
circuit aims at an excellent damping effect thereby meeting the grid requirements of 
THD and harmonics, with a small power loss. 

As shown above, the filter will reduce current harmonics generated by the main 
circuit thereby meeting specifications of the grid current harmonics. Oscillations 
might happen if the filter is not appropriately designed. An overdesigned filter will 
meet the filtering requirement, however, increase the cost and loss. Thus, an optimal 
filter design needs root from main-circuit parameters and the control strategy. 
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Fig. 2.49 Equivalent circuit 
of the LCL filter 


6. Matching between different parts in the main-power loop 


In general, the symmetry of commutation loops should be maintained if possible 
so as to evenly distribute the power loss and electric stress across all switches. 
Same principles apply to the main-power loop per phase, given that main-power- 
loop parameters and control strategies are based on the precondition that all phases 
are identical. Some converters are not subject to such restraints if the symmetric 
operation is not a mandate. 

As a summary, a power electronic converter can be treated as the mixture of 
electromagnetic transient loops with different time constants. Some exemplary time 
constants are those of the switching loop, DC-bus-bar loop, snubber circuit, main- 
power loop, DSP control loop and the gate-drive loop. A smooth conjunction of all 
such transients with different time constants is the premise of the system controllabil- 
ity and reliability. A timely parameter matching among subsystems is recommended, 
which essentially is the optimization and accurate control of the power electronic 
systems. 


2.4 Electromagnetic Pulses and Pulse Sequences 


Controllable electromagnetic pulses are employed in power electronic systems for 
energy transformation and transfer, which are the norms of transients. In this process, 
regardless of the shape and timescales of the pulse or pulse sequences, the energy 
conversation and no energy sudden change need be complied with, which is the 
fundamental of the transient analysis. 
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2.4.1 Mathematical Expression of the Electromagnetic 
Pulses and Pulse Sequences 


Electromagnetic pulses are energy impulses. Mathematically, one pulse can be 
defined as the combination of two step functions, with one representing the ris- 
ing edge and the other standing for the falling edge. The time interval between two 
edges is defined as the pulse duration time, or pulse width. If the rising edge is prior 
to the falling edge, the pulse is defined as the positive pulse, otherwise, the negative 
pulse. To detail the pulse characteristics, we take one voltage pulse as an example, 
as shown in Fig. 2.50. Here f, is defined as the time interval when climbing from 
10-90% of the pulse amplitude. tf is the time interval for the pulse dropping from 
90-10% of steady-state amplitude. The pulse width f,, is the time between rising 
and falling edges. The amplitude U is the steady-state value. Overshoot time f, is the 
time for the pulse to rise from U to the maximum value U max then drop back to U. 

The definition of the pulse sequence is based upon the single pulse. In addition to 
the basic characteristics of a single pulse, following characteristic parameters need 
be considered for a pulse sequence. 


1. Time property 


If pulses among a pulse sequence are periodic, the pulse repetition frequency (PRF) 
is applied to represent the time interval between periodic pulses. Otherwise, the pulse 
repetition rate (PRR) is used to indicate pulse numbers per unit time, even though 
these pulses might not be periodic or have different shapes. 

Shown in Fig. 2.51 are the voltage pulse sequences with induced current employed 
in the pre-excitation process of a variable speed motor drive system. 

As shown above, two distinct stages exist in the voltage pulse sequence. The first 
is the current-rising stage, when a single voltage vector is adopted by the inverter 
yielding periodic pulses. Here PRF; = PRR; = 1/(250 us) = 4 kHz. The second 
is the current-maintaining stage, when different voltage vectors are used to limit 
the current ripple within a narrow hysteresis. Here periodic pulses are replaced by 
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Fig. 2.50 Definitions about a pulse 
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Fig. 2.51 Experimental voltage and current waveforms of the DC pre-excitation control 


Fig. 2.52 Structural 
property of the pulse 
sequence 


periodic pulse sequences. The pulse-sequence repetition frequency is PRF; = 133 Hz 
and the pulse PRR» % 2 kHz. PRF;, PRF2, PRR; and PRR; are all related to the 
pulse duty cycle and amplitude, which are determined by the control strategy and 
the load time constant. 


2. Structural property 


Shown in Fig. 2.52 is a pulse sequence randomly distributed along the time axis. 
Here fn is the starting time of the nth pulse, indicating its relative location. n is the 
time interval between the falling edge of the nth pulse and the rising edge of the (n 
+ 1)th pulse, representing the structure of the pulse flow. 6, > 0 means no overlap 
among pulses, e.g., the gate signals of the power semiconductors. On < O indicates 
the overlap among pulses, e.g., line-line voltage of the multi-level inverter output. 


3. Internal energy distribution 


Pulses are the form of the energy. So are pulse sequences made of multiple pulses. 
To evaluate the energy of the pulse sequence, not only the overall energy but also the 
energy distribution inside the pulse sequence needs be considered. 

Assume one pulse sequence x(t) (t > 0) has the energy definition as below 
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E= | x(t)dt 
t=0 
E(t) = x(t) (2.36) 


Here E represents the overall energy. E(t) is the instantaneous energy, a function 
of time. 

All electromagnetic pulses can be characterized by the voltage and current, sum- 
marized as energy pulses. Their mathematical description should include the pulse 
generation and transfer, and particularly, differentiate the energy pulse from the infor- 
mation pulse. From the short-timescale perspective, e.g., ns ~ us, energy pulses are 
not either O or 1, but a continuous energy form with the rising edge, falling edge, 
pulse width and amplitude, i.e., continuous in both the time and space domains. A 
voltage pulse can be expressed as 


U(X, Dize = U(X, CE) pare (2.37) 
u(x, t )ix=xż = u(x, t)iyax= e 


Medium is needed to carry the energy pulse with the limited propagation speed, 
as shown in (2.38) 
0° u ə?u A Ou (2.38) 
— > Tt — . 
ox? ot? ðt 
Here k the dielectric property and t is the time constant. Different k and t result 
in variety of the pulse propagation, even though the propagation Eq. (2.38) is always 
true. 


2.4.2 Propagation and Deformation of the Pulse and Pulse 
Sequence 


The propagation of pulses is a time-space function. The pulse shape will be distorted 
by nonlinear factors along transmission lines, which generates various unknown 
waveforms deviating from the conventional theoretical analysis. Some of distortions 
are harmless, even though their internal mechanism is to be comprehended. Others 
are destructive in need of detailed solutions. 

The PWM voltage pulse under the ideal topology is the perfect square waveform. 
However, as shown before, the pulse is deformed by loop parameters at different 
locations. The actual voltage pulses generated by an inverter are shown in Fig. 2.53, 
where multiple abnormal pulses are exhibited. 

Internal mechanisms of such pulses are diverse, which are attributed to the dead- 
band, minimum pulse width, reverse recovery process of the snubber circuit, loop 
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stray inductance, load characteristics, etc. All these pulses occur in transients with 
short timescales. Some pulses are due to the control strategy not considering micro- 
scopic transients, named as control abnormal pulses. Such pulses distort the output 
waveform and even affect commutation processes. Some pulses are caused by loop 
parameters, e.g., inappropriate settings of snubber parameters, which are named as 
loop narrow pulses. These pulses are usually harmless while only distorting the out- 
put waveform. Efforts are needed to clarify the reason of such pulses. Other pulses 
are caused by loop parameters and the control algorithms together, either harmful or 
not, which are subject to be differentiated. 


|. Abnormal pulses in the dead-band 


In a three-phase three-level SVPWM based inverter, a dead-band is inserted between 
complementary switches in each leg to avoid the shoot through, during which the 
leg is uncontrollable, i.e., dead-band effect. For an ideal operation, dead-band pulses 
are symmetric, as shown in Fig. 2.54. 

In the real practice, various asymmetric dead-band pulses are observed in the 
actual inverter output, as shown in Fig. 2.55. 

The zero current of the Phase B results in the instability of the phase output 
voltage, which generates the asymmetric dead-band effect. 


Fig. 2.53 The actual voltage 
pulses generated by an 
inverter 


abnormal pulse 
normal pulse dead-band 


(a) Without dead-band (b) With dead-band 


Fig. 2.54 Symmetric dead-band effect (Phase-B current flows out and Phase-C current flows in the 
inverter) 
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Fig. 2.55 Asymmetric dead-band effect (Phase-B current crosses zero and Phase-C current flows 
in the inverter. Pulse widths are 25 ts and 22 ws, respectively) 


2. Abnormal pulses in the loop 


The line-line voltage of the inverter output is measured as Uap and Ucp, as shown 
in Fig. 2.56. The voltage leap of one phase generates a voltage spur on the other, 1.e., 
the commutation process of one phase changes the voltage of the other two phases. 

For the three-phase three-level NPC inverter using SVPWM control in Fig. 2.44, 
it’s assumed that the phase-C current flows out of the leg. During the current com- 
mutation, the current flows through the current-limiting inductor, which reduces the 
Phase-A voltage nearly to zero. This explains why a short-duration pulse appears 
on Uap, even though U ag quickly recovers back to 1/2U4.. Such short pulses are 
resulted from the shared snubber circuit of the three phases. The commutation at one 
phase will impact the other two phases. 


3. Abnormal pulses caused by the control and the loop 


In this section, we will still use the inverter topology shown in Fig. 2.44. The wave- 
form shown in Fig. 2.16a is because that Phase-A voltage jumps from 0 to positive 
(P) within the dead band while Phase-B voltage remains at 0. Phase-A current flows 
into the leg, generating P as the leg output voltage within the dead band and fur- 
ther yielding U ag = 1/2U4c. Within the dead band, the Phase-A current changes 
the polarity, flowing out of the leg thereby resulting in O output voltage. Given that 
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Phase-B remains 0, now Uap = 0. Upon the completion of the dead band, Phase-A 
voltage becomes P, i.e., jumping from 0 to 1/2U4q,. All the above together yield the 
abnormal pulse in Fig. 2.16a. 

The combination of the control strategy and loop parameters generates another 
abnormal pulse. Shown as Ucp in Fig. 2.16b, Phase-C current flows into the neutral 
point while Phase-B current flows out of the neutral. The pulse width is narrow, and 
becomes even narrower when eaten up by a dead band. For a leg of an NPC inverter, 
the narrow pulses jumping from the low to high voltage are mainly due to the control 
strategy. When shorter than the recovery time of the snubber circuit, such abnormal 
pulses appear. In terms of the current commutation, such short pulses are not harmful 
as long as sufficient time intervals are given to turn on or off the switch. To eliminate 
such pulses, widening the minimum vector time to a value larger than the snubber 
recovery time is the solution. 


2.4.3 Time and Logic Combination of Pulse Sequence 


In a power electronics converter, to approach the reference waveform by utilizing the 
single-switch output, pulse sequences are employed by manipulating corresponding 
switching actions. To obtain the required frequency feature, we adopt the pulse- 
sequence time combination in power electronic systems. With the increasing demand 
of the power rating, output frequency and output performance, one single pulse 
sequence is difficult to meet all requirements. Here we introduce the pulse logic 
combination, 1.e., at the same moment combining multiple pulses or pulse sequences 
in the space to realize the reference output. 


1. Pulse time combination and its limitation 


A power electronic converter essentially is a power amplifier. Theoretically it could 
realize any random-waveform transformation, as shown in Fig. 2.57 transforming 
the DC input to AC or any other waveform. When reflected to the frequency domain, 
it is supposed to output any component at any frequency within the bandwidth, as 
shown in Fig. 2.58. 

The problem for the voltage-source converter is, the basic topology is made of 
a complementary pair of switches, which theoretically can only generate square 
pulses with specific amplitude and pulse width, with its mathematical expression in 
the related frequency domain shown as 


sa sin(S*) 


ly by . 
P(t) = Umlu(t + —) — u(t — —)] = | U mty—§_— el dw (2.39) 
2 2 T Why 
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Here U m and ty are the pulse amplitude and pulse width, respectively. u(t) is the 
step function. The spectrum in the frequency domain with different pulse width is 
shown in Fig. 2.59c. With all-frequency components being included, it is obviously 
impossible to tune each frequency component close to the target with only one pulse. 
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Fig. 2.57 Output waveforms of a power electronic amplifier 
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The solution is to generate the pulse sequence made of pulses with adjustable 
pulse width, by utilizing interlocked switches at the same leg to approach the targeted 
output, named as PWM control. The mathematical expression is shown as below 


f(t) = pr, (t — t1) + arcsin 6 = P(t — ti) (2.40) 


i=l 
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Fig. 2.59 Basic topology and pulse of a power electronic converter 


A lot of applications assume the difference of f; as a constant, even though it is 
not always true, e.g., in the hysteresis PWM control. 

The above is an example of the pulse time combination, i.e., forming a pulse 
sequence by moving pulses to the appropriate time. Through combining and reg- 
ulating the pulse sequence, the electrical component at the targeted frequency is 
obtained. 

The pulse time combination can take care of most of the spectrum. For the SPWM 
using the symmetric sampling technique, the pulse-sequence spectrum without the 
DC component is 


TŒ) = E =i h(a =M) sin|(q’ - n)= | cos[n (wot + 4)] 


i 


+ 3 ee =J (a5 M) sin| (g +n)— = | COS[M (Wet + Oc) +N(Wot + A) ] 


m=|n=—oo 


(2.41) 


Here q = m+n(wo/w:) and g’ = n(@o/@c). Mo, Oo and we, Oe are the angular 
velocity and the phase of the reference and carriers, respectively. M is the modulation 
index. J,(x) is the n-order Bessel function. Assume the reference frequency is | kHz, 
the carrier frequency is 20 kHz and the modulation index is 0.9. The normalized 
pulse sequence then is shown in Fig. 2.60a with the spectrum shown in Fig. 2.60b. 
Eliminating the carrier-frequency, integer-order and other side-band harmonics yields 
the required sinusoidal waveform. The sampling principle generates some side-band 
components, which due to the small amplitude do not affect the signal fidelity. With 
the natural sampling even such side-band harmonics around the fundamental could 
be further erased. 

With more applications of power electronics, higher performance is required, 
which sees the limitation of the pulse time combination. For the wide-frequency- 
range high-power converters, power ratings, output frequency range and the wave- 
form distortion are the three most important performance indexes, which usually 
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Fig. 2.60 The typical PWM pulse sequence and its spectrum 


confine each other. From Fig. 2.60b, to get a low THD needs secure the clean signal 
within the target frequency range, i.e., harmonics free. Otherwise, it is difficult to 
filter all harmonics. Theoretically when no switching transients or other nonlinear 
factors are involved, harmonics within the target frequency range mainly come from 
two sources: 


(1) Side-band harmonics of the signal itself, mainly caused by the symmetric sam- 
pling. Such harmonics will not be eliminated unless the natural sampling is 
used. This type of harmonics usually has a low amplitude, which drops with the 
increment of the PWM frequency; 

(2) Side-band harmonics caused by the low carrier frequency. If the PWM frequency 
is not high enough, side-band harmonics will appear at the left side of the carrier 
frequency, or double and triple of carrier frequency. Such harmonics will merge 
into the signal frequency band and create the intolerable distortion. 


Therefore, to widen the output frequency band of the converter and keep the high 
signal fidelity, a high PWM frequency is a must. For a simple time combination of 
pulses, i.e., one single pulse sequence, the PWM pulse frequency is the switching 
frequency. In the medium or high power converters, the power switches will be 
restrained by the switching speed, power loss and EMI, which confines the switching 
frequency to a low level. 


2. The logic combination of pulses and pulse sequences 


To remove the bottleneck of the pulse time combination, the logic combination 
of pulse sequences is recommended, i.e., logically superposing pulses or pulse 
sequences generated by multiple switching units and synthesizing output compo- 
nents at the target frequency, which realizes the high-performance output with limited 
switch capability. 

The logic combination of pulse sequences, which are highly related to the topology 
and modulation strategy, is diverse. Three main methods are summarized as Fig. 2.61. 
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Fig. 2.61 Three logic combinations of pulse sequences 


(1) Combination based on the level; 


The goal of such combination is to maximize the number of voltage/current levels, 
which allows the output pulses to well approach the target waveform. While reducing 
the harmonics, it also reduces the voltage amplitude of every single pulse. One 
example is shown in Fig. 2.6la and formulated as Eqs. (2.42) and (2.43) 


fit) = Pa Gt — tı) 


HO = Palt — h) ene 
0, t<t,— “ul ort > tı + wt 
Jot) = fil) + frat) = į Um, ti — wl <fsh — 2 or t) + <t <t +2 
2Um, ti- Y <t<sth+ %2 
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This method is widely used in multiplex and multilevel converters, exhibiting var- 
ious features based upon the topology and modulation methods. The overall merit is 
that through introducing one extra control freedom, pulse width modulation and mul- 
tiplex are implemented simultaneously, resulting in more precisely modulated output 
thereby enhancing the signal fidelity with the limited voltage rating and switching 
frequency. 


(2) Combination based on pulses. Its goal is to increase the number of effective 
pulses within one unit time interval, relocate the pulse sequence and increase 
the output pulse frequency without increasing the switching frequency. For 
Fig. 2.61b, its mathematical expression is 
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It is worthwhile pointing out that such method is only applied to the pulse 
sequence, i.e., needs incorporate with the time combination of pulses. It is invalid to 
apply such method for a single pulse. The reason is that such method is an extension 
of the pulse time combination. All these two methods utilize the information con- 
tained in the time based pulse sequence to synthesize the waveform. Compared to 
the pure time combination, this method divides information of one pulse sequence 
into multiple sequences, each of which in reality corresponds to one pair of com- 
plementary switches. Such effort lowers the requirement of the switching frequency. 
On the other hand, it could be assumed that each pulse sequence independently sam- 
ples the target waveform at the specific sampling pace, which ultimately superposes 
together to increase the equivalent sampling frequency, widens the frequency range 
and maintains the fidelity. 


(3) Combination based on edges. The fundamental of two methods above is a single 
pulse. By dividing the pulse into the rising and falling edges, we can further use 
the edge as the fundamental and combine their edges reasonably to synthesize 
the reference output. Its scheme is shown in Fig. 2.61c with the mathematical 
expression shown as 


fit) = Umu(t — tı) 
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Similar to other pulse logic combinations, such method needs involve the pulse 
time combination as well, given that it does not contain any modulation information. 
The difference is that such method further divides the pulse sequence into the edge 
sequence, doubling the basic unit. For a power electronic converter, pulse edges cor- 
respond to switching actions of a pair of complementary switches. Therefore, such 
method can further optimize the switching sequence of switches. For instance, the 
rising and falling edges of one pulse could be assigned to two pairs of complementary 
switches, respectively to control commutating loops aiming at improved transients or 
balanced conduction loss. Same as other pulse logic combinations, this method mul- 
tiples the pulse sampling frequency with the same switching frequency and assigns 
extra control freedoms for switching actions. 

With higher requirements of the waveform quality, the time combination and 
logic combination of pulses need be coordinated, i.e., logic combination of pulse 
sequences. Different pulse synthesizing strategies are generated when integrating 
the three above with the time combination. 
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Time and logic combinations of pulses and pulse sequences significantly enhance 
the capability of power electronic systems, which however complicates transient 
processes. In-depth principles on multi-timescale and multi-dimension-coupled tran- 
sients and their interactions deserve further research. 


Chapter 3 
Transient Characteristics of Power 
Switches 


Power switches are building blocks of power electronics, with their characteristics 
fully exhibited only in power electronic converters. At the system perspective, power 
switches are one of main factors in power electronic systems and determine electro- 
magnetic transients when coupled with other factors like the main-power circuit and 
control algorithms. As the critical bridge between the software and hardware, they 
are the places where information and energy mix together, displaying significant 
nonlinear behaviors. Therefore transient characteristics of power switches are the 
key to investigate power electronic transients, as determined by the internal physical 
mechanism and external influential factors. 


3.1 Physical Mechanism and Characteristics of Power 
Switches 


Power electronics is a technique of efficiently transforming and controlling energy 
through the effective usage of power semiconductor devices, applied circuits, design 
theory and analyzing tools. In the high-power power electronic systems, power 
switches are more prominent for the system reliability, cost and performance. State- 
of-the-art power devices are far from meeting system requirements. Therefore, com- 
prehending the transient characteristics of power devices thereby maximizing their 
potential is one of research focuses. Shown in Fig. 3.1 are several typical high-power 
devices with various voltage and current ratings, indicating the existence of limita- 
tions of the power ratings. 

So far, there is no accurate definition of the power switch characteristics, which 
in real applications are revealed as the electrical, thermal and mechanical perfor- 
mance, including on-state, off-state, switching-on, switching-off, reverse recovery, 
gate-drive, mechanical and thermal characteristics. All of those are externally 
measureable, though essentially determined by the switch internal mechanism and 
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Fig. 3.1 Voltage and current 12 
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external constraints together. With various power devices existing on the market, 
different physical mechanisms divide them into several categories, even though the 
characteristics of each type of devices have certain similarities. 


3.1.1 Physical Mechanism Versus the Switching 
Characteristics 


The physical essence of power switches is very similar to integrated chips (ICs), 
made of PN junctions, BJTs and MOSFETs complying with the semiconductor 
fundamentals. However, differences exist in terms of manufacturing and applications. 
Specialties of high-power circuits need be considered for power switches, such as 
insulation and current capability. In the real practice, all power switches are working 
at the switching mode without staying in the active region. Energy transformation 
is carried out instead of the simple digital signal logics or on/off states. Therefore, 
investigating the specialty of power switches in power electronic systems is critical. 


1. Category of the physical mechanisms 


Physical mechanisms of power switches are highly related to the switch current car- 
riers and internal structures. Based on the property of current carriers, power devices 
could be categorized as bipolar, unipolar and hybrid types. Based on structures they 
could be classified into two-layer one-junction diodes, three-layer two-junction tran- 
sistors and four-layer three-junction thyristors. 


(1) Bipolar devices, which contain two types of current carriers, holes and electrons 
participating in the current conduction inside the device. The fundamental of 
such devices is the PN junction. Thus, these devices are also named as junc- 
tion devices. However, the junction field effect transistor (JFET) only employs 
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majorities for the current conducting, which belongs to the unipolar device. The 
bipolar devices have low on-state voltage drop, high blocking voltage, high cur- 
rent capability and relatively low switching frequency, making them suitable for 
high-power converters. The frequently used devices are BJTs, GTOs and GCTs 
(thyristor of the IGCT, excluding the integrated gate circuit). 


BJTs are three-layer bipolar devices with merits of easy control, short switch- 
ing time, low forward voltage drop and excellent high-frequency performance. The 
demerits such as the second breakdown and low-voltage withstanding, however, 
obstruct their applications in high-power converters. 

GTOs are the four-layer bipolar devices, a fully-controlled type with high voltage 
and current ratings. Derivatives from original GTOs include reverse blocking, reverse 
conducting, non-reverse blocking, buried-gate, amplified-gate and MOS types, etc. 
The demerits of GTOs lie on the low turn-off gain and high turn-off gate-drive power. 
To limit dv/dt and switching-off loss, a particular snubber circuit is needed, which 
introduces the extra power loss. Even so, compared to conventional thyristors, GTOs 
are advantageous in terms of the size, weight, efficiency and reliability. Tradeoffs 
between the forward voltage drop and switching loss have been made for GTOs 
through controlling the carrier lifetime. It has replaced thyristors in majority of high- 
voltage high-current applications, but meanwhile is being replaced by other devices 
such as IGCTs in lower-power circumstances. 


(2) Unipolar devices, which only have one type of current carriers inside to partic- 
ipate in the current conduction. Such switches usually have the high switching 
frequency, e.g., tens to hundreds of kilohertz under several hundred volts. The 
typical example is MOSFET. 


The power MOSFET is a voltage controlled device, which has low gate-drive 
power, high switching speed, no second breakdown and wide safe operation area. It 
also has the negative current-thermal coefficient, outstanding current self-adjusting 
capability, stable thermal performance and high anti-disturbance capability. Due to 
its mechanism and structure, the current and voltage ratings are difficult to increase, 
making it a perfect candidate for medium-to-low power applications with the high 
switching frequency. 

Schottky diodes and JFETs only have majorities participating in the current con- 
ducting. Therefore, they are unipolar devices too. Their switching frequency can go 
up to ~MHz, but their power ratings had been limited until wide-bandgap (WBG) 
devices emerged. 


(3) Hybrid devices, the mixture of unipolar and bipolar devices together. Such 
devices utilize bipolar devices as the power channel (high-voltage withstanding, 
high current density and low forward voltage when conducting the current, such 
as SCRs, GTOs and BJTs) and unipolar devices as the control channel (high 
input impedance, fast response, such as MOSFETs) thereby inheriting merits of 
both devices. The representatives include IGBTs and IEGTs. In addition, IGCTs 
integrate the external control channel with the power device thereby forming 
another example of hybrid devices. 
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IGBTs are more and more widely used due to its excellent performance. It has a 
low forward voltage drop and high current density like BJTs, with the high switching 
frequency, low switching loss and easy control like MOSFETs. Therefore, merits 
of IGBTs include the low heat dissipation, low gate-drive power, small size, wide 
safe-operation area, low noise and easy protection. Its positive thermal-resistance 
coefficient facilitates its parallel connection. 

IEGT is an electron-injected enhancement-mode (E-mode) insulated gate tran- 
sistor. Its gate has an improved structure and its cathode is specifically designed, 
yielding the excellent switching-off performance like IGBTs and the low forward 
voltage at the high current. 

IGCT is an integrated gate commutating thyristor, the performance of which is 
between GTO and IGBT. It has the large power rating, high voltage withstanding, 
high switching frequency and low gate-drive power, a great candidate for medium- 
to-high voltage converters. 

With the development of power semiconductor switches and emerging of new 
materials, manufacturing and technologies, the categories above might not reveal the 
difference clearly. For instance, with the WBG materials, SiC and GaN based devices 
are becoming the new research focuses. At the same time, based on the assembly 
in the actual system, power devices could be classified according to the packaging 
techniques, e.g., crimping and power modules. Usually the crimping devices have 
high current ratings. 

Here we select several characteristics as examples, such as junction-temperature 
limits and voltage/current withstanding capability to analyze internal physical mech- 
anisms. 


2. Junction-temperature limits versus intrinsic temperature 


Nearly all characteristics of power semiconductor devices are related to the tem- 
perature. The limit of the junction temperature for all power switches is written 
in datasheets, which is highly related to semiconductor materials. In the analysis 
of semiconductors, the concentration of current carriers introduced by the extrinsic 
plays the major role. A general assumption is that all the extrinsic has been ionized 
with current carriers having much higher concentration than intrinsic semiconduc- 
tors. This is the fundamental of semiconductor physics. All the above meanwhile is 
related to the temperature. 

Assume the current carrier concentration inside the semiconductor is IVp — Nal. 
Here Np is the concentration of the quintavalent extrinsic, named as the donor con- 
centration. NV, is the concentration of the trivalent extrinsic, named as the acceptor 
concentration, much higher than that in intrinsic semiconductors. With the tempera- 
ture rising, the energy received by electrons increases. When above some threshold, 
the electron concentration is not equal to IVp — Nal any more. Shown in Fig. 3.2 is 
the concentration of free electrons at different temperature with different IVp — Nal. 

At very low temperature, electrons are trapped by donor atoms and holes are 
restrained by the acceptor atom. No ionization happens, defined as carrier frozen sig- 
nificantly lowering the carrier concentration. Figure 3.3 shows the complete process 
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of the electron concentration from low to high temperature for an N-type semicon- 
ductor. Within a wide temperature range, concentration of electrons is the same as 
that of extrinsic atoms, i.e., operational area. At the high temperature, the number of 
intrinsic carriers exceeds extrinsic atoms, defined as the intrinsic temperature. Above 
this point, extrinsic atoms affect less on current carriers. Therefore, this temperature 
is vital for semiconductor switches, given the intrinsic temperature is highly related 
to the highest operational point. Note these two temperature values are different. For 
example, in order to increase the voltage blocking capability, a lightly doped region 
is required. Its intrinsic temperature is not equal to the highest operational temper- 
ature, which in general is the rated junction temperature. As shown in Fig. 3.3, the 
rated junction temperature is 125—150 °C, determined by the silicon material. For the 
WBG device, this temperature can be greatly increased, which is one of the superior 
characteristics of WBG devices over Si devices. 
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Fig. 3.4 I-V curve of the PN ] 
junction 


3. Breakdown of the PN junction 


Nearly all the voltage of the semiconductor switches is undertaken by PN junctions, 
though the forward or reverse voltage is withstood by different PN junctions. 

The I-V curve of the PN junction shows when reverse biased the reverse current 
remains as a small value and has little relationship with the reverse voltage, which 
is named as the reverse saturation current or leakage current. In reality, such current 
will increase with the reverse voltage and abruptly rises once the reverse voltage 
exceeds some threshold, as shown in the third quadrant of Fig. 3.4. 

The breakdown of the PN junction is due to abundant extra electrons and holes 
generated by the atom ionization in the space-charge region. Two different types of 
the atom ionization exist. One is the avalanche breakdown, the other is the Zener 
breakdown. 

The avalanche breakdown is the most frequently breakdown phenomenon in 
power electronics, which is related to the multiplier effect of carriers under the 
strong electric field. When the reverse voltage across the PN junction increases, 
the electric field in the space-charge region is enhanced, accelerating the drifting 
speed and increasing the kinetic energy of electrons and holes. Such high-speed 
and high-energy carriers keep colliding with crystal atoms thereby activating more 
electron-hole pairs, named as the collision ionization. Newly generated carriers are 
accelerated again in the strong electric field, gaining more energy and creating more 
collisions. The carriers are then multiplied, named as the avalanche multiplier effect. 
Once happening, the carrier concentration increases quickly, yielding the increased 
reverse current thereby breaking down the PN junction, i.e., the avalanche breakdown 
shown in Fig. 3.5. 

The avalanche breakdown is not only dependent on the electric field in the space- 
charge area, but also related to the width of that region. This is because the increment 
of the kinetic energy needs the sufficient accelerating distance. On the other hand, 
in order to multiply the carrier concentration, each carrier needs enough chances 
to collide with atoms before entering the neutral regions. Therefore, the avalanche 
usually happens at the lightly doped side of the space-charge region. The avalanche 
breakdown voltage Ug drops as the doping concentration increasing. Equation (3.1) 
shows the relationship between Upg and the extrinsic concentration of N-type side for 
a P*N junction. Usually, N represents the concentration of the lightly doped region. 
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Fig. 3.5 Avalanche PN junction 
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Zener breakdown is also defined as the tunnel breakdown, which only occurs 
in the heavily doped PN junction. Different from the avalanche breakdown, Zener 
breakdown happens at the low voltage, when the crystal atoms in the space-charge 
region are directly ionized by the electric field, instead by accelerated high-energy 
carriers. When both sides of the PN junction are heavily doped, the space-charge 
region cannot be widened even at a very high reverse biased voltage. There will 
be no enough distance to expedite the carrier to ionize the crystal atoms. However, 
the short width of the space-charge region enhances the electric field, ionizing the 
atoms and freeing the trapped electrons into the N region directly. This could be 
further explained by twisted energy bands. As shown in Fig. 3.6, when the P-region 
valence band is lifted above the N-region conductance band, even though the barrier 
for N-region electrons to diffuse to the P-region conductance band is high, there is 
no any obstacle for electrons at the top valence band of the P-side depletion region to 
drift to the N-region conductance band. Only one tiny region in the forbidden energy 
band needs be crossed. Here Ee is the bottom of the conductance band, Ey is the top 
of the valance band, and the difference between is the forbidden bandwidth. Such 
crossing is possible if the space-charge region is not wide enough. The more heavily 
doped at the both sides of the PN junction, the narrower the space-charge region and 
the more twisted the energy band thereby the easier for electrons to travel from the 
P-region valance band to the N-region conductance band. This could be explained as 
that the reverse-biased electric field withdraws electrons from the P-region valence 
band instead of the conductance band, resulting in the rapid increment of the reverse 
current. In the real practice, the Zener breakdown could be utilized to fabricate the 
Zener diode for the voltage stabilizer. 

As a summary, the avalanche and Zener breakdowns have three major differences: 


(1) Impact of the doping concentration 


As shown above, the Zener breakdown only happens inside the PN junction which has 
both sides heavily doped. The avalanche breakdown is due to the collision ionization, 
related to both the electric field strength and the width of the space-charge region. The 
wider the space-charge region the more possible the avalanche breakdown. When 


98 3 Transient Characteristics of Power Switches 


Fig. 3.6 Zener breakdown 
of the PN junction 


the PN-junction extrinsic concentration is not high, most of the breakdowns are the 
avalanche type. 


(2) External impact factors 


Lighting and fast-ion collision can both activate electron-hole pairs thereby triggering 
the avalanche breakdown, which however will not affect the Zener breakdown. 


(3) Thermal impact on the breakdowns 


The Zener-breakdown voltage has a negative thermal coefficient, 1.e., the breakdown 
voltage drops with the temperature rising. For the avalanche breakdown, since the 
collision-ionization rate drops with the temperature rising, the breakdown voltage 
has positive correlation with the temperature, i.e., a positive thermal coefficient. 

Both breakdowns are reversible and the PN junction could recover after the break- 
down, as long as the external protection is timely to limit the reverse current and 
secure the multiplication of the reverse voltage and current not to exceed the maxi- 
mum power dissipating capability of the PN junction. 

The PN-junction reverse current has a positive correlation with the junction tem- 
perature T. This is because when the temperature increases both the minor concentra- 
tion in the neutral region and the space-charge-region current will go up. Besides, the 
avalanche breakdown will be affected by the temperature as well. To avoid the severe 
thermal impact on the stability of junction devices, effective thermal dissipations are 
the must, which explains why all power devices are equipped with heatsinks. In 
extreme cases when the multiplication of the voltage and current exceeds the maxi- 
mum power dissipating capability of the PN junction, the junction temperature will 
rise due to the ineffective power dissipation, which in return increases the reverse 
current and the power loss. Without further actions, a thermal runaway is formed until 
the overheating destroys the PN junction. The breakdown caused by such thermal 
instability is named as the thermal breakdown, or thermal-electric breakdown. Differ- 
ent from the avalanche and Zener breakdown, the thermal breakdown is irreversible, 
which must be avoided. 
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4. Failure mechanism due to large di/dt in thyristors 


The large turn-on di/dt is prone to failing devices especially those four-layer three- 
junction ones, such as thyristors, GTOs and IGCTs. Compared to thyristors, GTOs 
and IGCTs employ multiple cells in parallel, distributing the current evenly thereby 
yielding larger di/dt capability. 

The di/dt capability refers to the maximum current rising rate of the device at spe- 
cific conditions without harming the device. The impact factors of the di/dt capability 
include initial conducting area, turn-on time, expanding time, switching frequency 
and thermal impedance. When triggered, the device needs time to switch from the 
off state to the on state. Initially inside the thyristor there is only limited cathode area 
close to the gate conducting the current. Then the conducting area is expanding to 
the rest of the cathode at the specific speed, e.g., 0.1 mm/s. If the initial conducting 
area is not sufficient with a too high current rising rate, a high current density will 
emerge in the area, resulting in the rapidly increasing temperature and ultimately 
damaging the device. For GTOs and IGCTs, instead of expanding the conducting 
area to the whole cathode, the conducting process is focused on the finely defined 
cathode cells. 

In addition to the initial conducting area and the expanding speed, the di/dt capa- 
bility is also determined by the thermal capability of the device. Silicon devices have 
relatively low specific heat, thermal capacity and thermal conductance. Therefore, 
when current rises, most of the heat is congested in the conducting region with very 
little heat effectively dissipated, yielding a rapid temperature rise. When the tem- 
perature exceeds some threshold, the hot carrier injection is dominant over regular 
current carriers, which further creates the positive thermal feedback, 1.e., the higher 
the current the higher the temperature, followed by the lower resistance then the 
higher current. In a short period, majority of the current will form the cluster at the 
hottest area, i.e., heat spot, disabling and even destroying the device. In some cases, 
the over-temperature inside the switch due to the large di/dt exceeds 1000 °C, far 
beyond the melting point of the interface between the metal and semiconductors. 
This tends to destroy the switch within a very short period. 

For thyristors, the large di/df tends to create heat spots around the gate, as shown 
in Fig. 3.7. For GTOs, heat spots usually emerge around the edge of cathode strips, 
which is also the edge of the gate, as shown in Fig. 3.8. For the reverse conducting 
IGCTs, damages appear on the anti-paralleled diode as well as the edge of cathode 
strips. 

For the IGCT, to prevent the damage caused by the large di/dt, a turn-on snubber 
circuit is adopted, as shown in Fig. 3.9. Here the inductance L, limits the large di/dt 
in the commutating loop when the IGCT turns on. 
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Fig. 3.7 Damage by large di/dt in the thyristor 
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Fig. 3.9 An IGCT converter equipped with the turn-on snubber circuit 
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3.1.2 Different Characteristics of Different 
Semiconductor-Physics Based Power Devices 


1. Difference caused by semiconductor materials 


Schottky diodes have the similar I-V curve as PN junctions. The comparison between 
these two types of diodes is shown in Fig. 3.10. Regardless of the resemblance, some 
obvious difference is exposed. 

Firstly for current carriers, when forward biased, the PN junction injects the holes 
from P-type to N-type semiconductors. The electrons move from the N-type to P- 
type semiconductor. All carriers are minors, named as the minor injection. When 
accumulated enough, minors diffuse to form the current. This limits the switching 
speed. For the Schottky diode, the current is formed by the majority without the 
minor accumulation. Therefore, the switching speed is not slowed, providing better 
high-frequency performance than the PN junction diode. 

Secondly, with the same voltage barrier, the saturation current of the Schottky 
diode is much higher than that of the PN junction. In another word, at the same forward 
current, the voltage drop of the Schottky diode is lower than the PN junction. Without 
accumulated minors, no conductance modulation exists in the Schottky diode, which 
provides a softer I-V curve of the forward characteristics than the PN junction. 

Thirdly, the reverse leakage current of the PN junction is caused by the minor 
withdrawal through the space-charge region, sensitive to the temperature. For the 
Schottky diode, when reverse biased, the electrons are drawn out of the metal side 
to the silicon. Given the electron density of the metal and the junction characteristic 
of the metal oxide are both insensitive to the temperature, the reverse current does 
not change much with the temperature. However, the space-charge region of the 
Schottky diode is narrower than the PN junction. When reverse biased, the current 
tunneling effect will contribute to the reverse current, leading to a softer I-V curve 
for the reverse characteristics. 

As shown in Fig. 3.10, compared to the PN junction diode, the forward character- 
istics of the Schottky diode is not “stiff”, its forward voltage is lower, and its reverse 
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leakage current is higher. The semiconductor side of the Schottky diode uses silicon. 
With different materials at the metal side, the characteristics of both forward and 
reverse biased are varied, both of which are hard to be taken care of simultaneously, 
1.e., a low forward voltage drop results in a large reverse leakage current while a 
small reverse leakage current yields a large forward voltage drop. 

Lastly, look at the reverse recovery characteristics of the Schottky diode, which 
is superior to the PN junction with faster and softer recover recovery process. This 
is due to the absence of the minor accumulation. Such an excellent reverse recovery, 
however, is hard to be used in the high-voltage applications, mainly due to its low 
voltage-blocking rating. The stake was changed once SiC Schottky diodes emerged. 
Compared to silicon fast reverse recovery (FRR) diode, the SiC Schottky diode is 
even faster and softer. Shown in Fig. 3.11 is the comparison of reverse recovery 
processes for a 600 V silicon FRR diode and a SiC Schottky diode. 


2. Difference caused by semiconductor structure 


Take a three-layer two-junction IGBT and a four-layer three-junction GTO as exam- 
ples. For an IGBT based converter, as shown in Fig. 3.12, the top switch is kept on 
with the bottom switch off. When the load current changes the direction from “out” 
to “into” the leg, the current will shift from the main IGBT to its anti-paralleled 
diode, otherwise, from the diode to the main IGBT. A similar process exists for the 
bottom switch. 

Shown in Fig. 3.13 is a GTO based converter. When we keep the top switch on 
and the bottom switch off and let the load current change the direction from out to 
into the leg, current will shift from the main GTO to its anti-paralleled diode. This 
is the same as the IGBT converter. Difference happens once the current direction 
changes from “into” to “out” of the leg. At the on-state, without sufficient current 
flowing through, the GTO will turn off naturally. Its gate adopts the pulse current 
to trigger. Therefore, no sustaining current is provided after the triggering moment. 
When the leg current flows in, the top GTO has no current going through. Neither 
does it withstand any voltage. Even the control unit still treats it on, the top GTO is 
not fully on. When the load current changes the polarity with a high di/dt, no path is 
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Fig. 3.12 Current changes the polarity in an IGBT converter 
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Fig. 3.13 Current changes the polarity in a GTO converter 


provided for the current to commutate from the anti-paralleled diode to the main GTO, 
which obstructs the current commutation and even creates the converter fault. One 
feasible solution is to retrigger the GTO once the current polarity changes, providing 
an effective current path. For the IGCT, such retriggering function is realized by the 
integrated gate circuit. Note such feature might be required not only when the current 
changes the polarity but also at other circumstances, which will be detailed in the 
following chapter. On the contrary, IGBTs do not need retriggering because its gate 
is triggered by a voltage level. As long as the switch is on with the gate voltage high 
enough, its main body is always on, in spite of the current direction. 
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3.2 Transient Performance Testing of the Power Switch 
in the Converter 


The switch transient characteristics, converter topology and control algorithms will 
directly affect the converter performance. Understanding transient behaviors of 
power switches is critical for the design, analysis and control of power electronic 
converters. In this section, an IGCT based multi-level inverter will be used to demon- 
strate the measurement and analysis of switching transients. Tightly coupled with 
other influential factors in the converter, at different stages of design, development 
and operations, switching transient behaviors might diversify. Therefore, the study 
of the switch transient performance is closely coupled with the converter design. In 
this section, we will analyze it in a single-switch test bench and the whole converter, 
respectively. 

To test the switching performance on a single-switch test bench, we need consider 
the topology, parameters and mechanical assembly, process the simulation along 
with the actual test, and analyze the IGCT characteristics. Such single-switch test is 
an important step prior to the system operation. The IGCT performance and quality 
then can be examined. Note majority of parameters given in the IGCT datasheet were 
only obtained through the test circuit with specific peripherals, such as the turn-off 
delay and tailing time. The performance will change once the test circuit changes. 
Therefore, through carrying out the single-switch test we could obtain the first-hand 
data of the IGCT performance. Additionally, some short-timescale transients can 
be fully investigated, such as snubber parameters and performance. The operational 
modes of the IGCT in the single-switch tester are related to some in the two-level 
and three-level converters. Therefore, the design principle of the converter need be 
taken into account when designing the single-switch test bench. The last but not the 
least, some specific experiments are not easy to implement in the ultimate converter 
system, such as the turn-off voltage spike induced by the leakage inductance, which 
however could be carried out in the single-switch tester. 

We need understand that the single-switch test cannot fully represent the whole 
system. Some flaws might exist. Therefore, in addition to the single-switch test, IGCT 
test in the overall converter is also recommended. Such test as an online operation 
will reveal not only the actual characteristics of the IGCT in the system but also the 
impact of peripherals, such as the stray inductance. 


3.2.1 Topology and Control of the Single-Switch Tester 


The IGCT single-switch tester could have various circuits, though the core part 
remains the same, i.e., a buck converter made of one IGCT and one diode. The 
device under test (DUT) could be the reverse conducting IGCT, asymmetric IGCT 
or the IGCT body diode. The snubber circuits for the di/dt and du/dt are diverse. The 
overall test bench is shown as Fig. 3.14, with the setup able to fully reveal the current 
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(a) When current is positive (b) When current is negative 


Fig. 3.15 The current commutation for the two-level converter 


Table 3.1 Three-level switching logic (1: on, 0: off) 
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commutation in the main-power circuit of the two-level or three-level converter. In 
the ultimate converter, the di/dt snubber circuit could be one set per phase or per 
three phases. The du/dt snubber can be one set per phase or without. 

For a two-level converter, when the phase current is positive, 1.e., flowing from the 
bridge to the load, or negative, the bridge commutation loops are shown in Fig. 3.15a, 
b, respectively, the same as the single-switch tester. 

The current commutation for the three-level NPC inverter is quite complex, which 
needs consider the logic among four switches in one leg simultaneously, as shown 
in Table 3.1. The current commutation among four IGCTs, T;—T4, is shown in 
Fig. 3.16a—d, respectively. Exhaustive attacks of switching actions and phase cur- 
rent polarities indicate that the commutation process of Tı is 1100 = 0100 & 0110 
when the current is positive. In this process, T3 has no current. Therefore, the action 
of 0100 <= 0110 does not affect the overall commutation, as shown in Fig. 3.1 6a. 
Similarly, the commutation of T2—T4 is shown in Fig. 3.16b—d, respectively. All four 
switches have the same commutation circuitry structure as Fig. 3.14. 

On the single-switch tester, a close correlation exists among the DC-bus voltage, 
load current, load impedance and control parameters. The parameter mismatch leads 
to the poor test data and even destroyed components. Presently, multiple-pulse testing 
is widely adopted, where the pulse duty cycles and numbers are critical. Prior to the 
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Fig. 3.17 A typical double-pulse-test waveform of an IGCT 


actual test, simulation analysis needs be implemented to predict circuit behaviors 
under multiple pulses. A typical double-pulse-test waveform is shown in Fig. 3.17. 
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Referring to the test waveform, switching modes of the IGCT and related circuits 
in the single-switch tester are detailed as follows. 


(1) 


(2) 


(3) 


(4) 


(5) 


(6) 


(7) 


(8) 


(9) 


(10) 


(11) 


to—t;. At to, the control system triggers the IGCT gate and turns it on. The DC- 
bus capacitor gets discharged through the load. The load current then reaches 
the reference at t=f;, when the control system imposes the turn-off signal on 
the IGCT gate; 

tı—t2. The external behavior of the IGCT maintains the same. This period is 
named as the storage time, corresponding to the turn-off delay. The IGCT is 
about to turn off; 

to-tz. At t=t2, the IGCT anode voltage begins to rise, initiating the actual 
turn-off process. The diode is however still reverse biased, with the current 
flowing through the switch unchanged; 

t3-t4. At t=t3, the IGCT anode voltage reaches the DC-bus voltage, resulting 
in the drop of the IGCT current. The diode begins to be forward biased. In 
this time interval, the overlap between the switch voltage and current emerges, 
yielding the largest electric stress; 

t4—t5. At t=t4, the IGCT current drops to nearly zero. The tailing process 
begins. At t=t5, the switch is close to be fully turned off; 

ts ~t¢. In this time interval, the resistor of the di/dt snubber undertakes the cur- 
rent, generating an extra voltage spike across the switch. The snubber inductor 
keeps discharging until t=f6, when the snubber diode is reverse biased; 

te6—t7. The IGCT is reverse biased, undertaking the full DC-bus voltage. Both 
the load and the diode have the current flowing through. Such current will fade 
due to the power loss in the loop, however, slowly; 

t7-tg. At t=t7, the IGCT is triggered again to fully test its actual turn-on 
performance. Externally the switch status does not change. We name this period 
as the turn-on delay; 

tg—to. The load current begins to switch from the freewheeling diode to the 
IGCT. Meanwhile the di/dt snubber kicks in, limiting the current rising slope; 
to—t10. The load current begins to switch from the diode to the IGCT. The diode 
enters the reverse recovery stage. A large extra current is then overlapped to 
the IGCT turn-on current. Now the switch needs be fully turned on to shut 
down the diode, otherwise a significant loss will appear in the diode; 

tio—t11. The switch remains on with the current varying due to the DC-bus 
capacitance and the load. If the load is the inductor, the current will increase. 
At t=t11, the IGCT is turned off again. 


At this point, all the electric performance of the switch is fully investigated. At the 
end, we need discharge the DC-bus capacitor and the load then wrap up the whole 


test. 
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3.2.2 Stand-Alone Tester for Single-Switch Dynamics 


Various circuitry topologies are available for the single switch test. Majority of the 
differences lie in the snubber circuit. For the single IGCT tester shown in Fig. 3.18, 
no du/dt snubber is equipped. Here L,;—L,3 are the equivalent stray inductance in the 
loop to test the switching-off performance. All such inductance might be introduced 
by long bus bars or cables, not the physical inductors. 

From the layout of the stand-alone tester, it can be seen that complementary switch 
pairs are not only made of top IGCT and the bottom diode, but also the neutral point 
clamping (NPC) diode. The stack of the NPC tester is shown in Fig. 3.19, devices 
of which from top to bottom are snubber FRR diode, IGCT, NPC diode, insulator 
and IGCT, respectively. Multiple heatsinks are employed, not to dissipate the heat 
since devices in the tester usually do not run for a long term, but to fully investigate 
the switch mechanical and electrical performance. In this way, we can obtain the 
switching characteristics similar to the actual system. 

The stand-alone tester can be divided into two parts. One is to test the IGCT with 
its complementary diode, as shown in Fig. 3.20. The other is to test the IGCT with 
the NPC diode, as shown in Fig. 3.21. 

During the test, the assembly of the peripheral circuit is critical. The snubber 
capacitor usually is assembled by using the bus bar to stay close to the DUT thereby 
avoiding the stray inductance. 

Experimental waveforms on the IGCT stand-alone tester are shown in Fig. 3.22. 
Here Ur is the IGCT terminal voltage, /7 is the IGCT anode current, Ug is the IGCT 
gate signal with the high-level signal triggering the switch and the duty cycle of 75%. 
The detailed turn-off waveform is shown in Fig. 3.23. Experimental results of the 
turn-off loss are shown in Fig. 3.24 with the turn-off time shown in Fig. 3.25. Here 
Urto is the IGCT steady-state voltage after fully turned off, ro is the IGCT current 
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Fig. 3.19 Stack of the 
stand-alone tester 


Heatsink 
Snubber diode 
IGCT 


NPC diode 


Insulator 


IGCT 


Fig. 3.20 The tester circuit * 
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prior to the turn-off, Eo¢ is the switching-off energy, tgof 1s the switching-off delay 
time, fr is the falling time, f; is the tailing time beginning with 5% of the turn-off 
current, and ftotai is the total turn-off time. Note with the small turn-off current, the 
error of the measured turn-off time increases. The experimental results above are of 
importance for the converter design and transient analysis. 
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Fig. 3.21 The tester circuit 
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Fig. 3.23 The detailed 
turn-off waveform 
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3.2.3 Transient Characteristics of a Single Switch 
in the Converter 


The example used in this section to analyze the IGCT transient performance is a 
550 kW three-level inverter. The IGCT ID # is 5SHXO08F4502, the clamping and 
snubber diodes are 5SDFO3D4502, and the maximum DC-bus voltage is 5 kV. 

Each leg of the three-level inverter contains four reverse-conducting IGCTs, 1.e., 
equipped with anti-paralleled diodes, and 2 NPC diodes, which can form 20 buck 
converters without considering the DC-bus capacitors and the turn-on snubber. Each 
buck converter consists of one IGCT and one diode. With some modifications each 
buck converter could be the tester of the IGCT performance, even though not all of 
them are needed. Similar to the previous section, four loops in each leg are selected 
to test commutation characteristics of each IGCT in the inverter, which are totally 
aligned with the loops driven by the actual control system. To facilitate the analysis, 
all the commutation circuits are illustrated in Fig. 3.26. Note the DC-bus capacitor 
and the turn-on snubber are shared by the three-phase converter. 
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(c) 


Fig. 3.26 Commutation loops of one IGCT in the leg 


Same as the single-switch tester, the IGCT tested in one leg is connected to the 
inductive load. When testing different loops, we connect the load with the converter 
in different ways: 


(1) To test Tı, as shown in Fig. 3.26a, the load is in parallel to the top NPC diode. 
The top half DC-bus capacitor is charged. The control board triggers T4; 

(2) To test T2, as shown in Fig. 3.26b, the load is connected to the T3 anode and T4 
cathode. The bottom half DC-bus capacitor is being charged. The control board 
triggers T2; 

(3) To test T3, as shown in Fig. 3.26c, the load is connected to the T; anode and 
T> cathode. The top half DC-bus capacitor is being charged. The control board 
triggers T3; 

(4) To test T4, as shown in Fig. 3.26d, the load is in parallel to the bottom NPC 
diode. The bottom half DC-bus capacitor is being charged. The control board 
triggers T4. 


Since three phases share same DC-bus capacitors, all input terminals of other 
IGCT optical fibers should be disabled except that of the DUT. All the gate-drive 
circuits of other IGCTs should be powered to secure the voltage-withstanding capa- 
bility. The power level won’t be too high given the test period is relatively short. 
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l. 


Procedures of testing one single IGCT in the converter 


With locating the target commutation loops, the detailed test procedure is shown as 
follows. 


(1) 
(2) 


(3) 
(4) 
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(6) 


(7) 
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Fig. 3.27 The test 
waveform of one IGCT 


Complete preparations prior to the IGCT test, such as the insulation test, voltage 
withstanding test, examinations of DC-bus capacitors and gate-drive circuits. 
Select appropriate control parameters and estimate the test voltage and current. 
All control systems and test equipment are the same in the stand-alone tester as 
those in the converter system. 

Connect the control board with the DUT through optical fibers, effectively dis- 
able other IGCTs and connect the load in the appropriate way. 

Charge DC-bus capacitors. The pre-charge circuit could be either the exter- 
nal power supply or the rectifier circuit in the original system. Disconnect the 
charging circuit once the voltage reaches the target. 

Trigger the IGCT with the preset switching frequency, duty cycles and pulse 
numbers through the control system. Record triggering signals, IGCT voltage 
and related current. Other waveforms like the snubber voltage and current could 
be recorded as well if needed. One test example is shown in Fig. 3.27. 
Discharge the DC-bus voltage below the safe value, which could be accom- 
plished by the discharging resistor. 

Test other IGCTs through repeating steps (3)—(6) until all IGCTs are tested. 
Download the data from the waveform recorder, process the signal analysis and 
compare the IGCT characteristics in details. Use the load current as x-axis and 
compare the first and second spikes of the IGCT turn-off voltage. The internal 
switches (T2 and T3) and external switches (Tı and T4) in each phase of the 
three-level NPC inverter are comprehensively compared, as shown in Fig. 3.28. 
Here U> corresponds to T> in Phase U. Investigating the IGCT turn-off voltage 
through such curves is able to reveal interactions among various elements in the 
actual circuit. 
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(9) Lastly, select internal and external switches, e.g., W2 and V4, respectively, to 
repeat the test based on inverter ratings. Here W> has the highest turn-off voltage 
spike while V4 has the lowest. The turn-off waveforms of W2 and V4 in one 
switching process are shown in Figs. 3.29 and 3.30, respectively. Then, the first 
and second voltage spikes in each turn-off process of W2 and V4 are shown 
in Figs. 3.31 and 3.32, respectively. Here Ito is the IGCT current prior to the 
turn-off, which is related to the load current and the gate signal. It is indicated 
that though all IGCTs are from the same patch with same parameters of circuits, 
control and load, some differences are still exhibited between two IGCTs, which 
is the further focus of the IGCT test in the converter. 


The analysis above uses the tested turn-off characteristics as an example. It is 
worthwhile pointing out that the same procedure applies to other tests, such as the 
switching time intervals. 
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Fig. 3.28 Comparison of IGCT turn-off characteristics in the converter 
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Fig. 3.30 Turn-off 
waveform of V4 
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Fig. 3.32 Turn-off voltage 3000 
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2. Analysis of the test result 


The test of single switch in the converter exhibits differences of switching transients 
for different IGCTs in the same system. Such differences are resulted from influential 
factors other than switches, as shown below. 
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(1) Switch location. As shown in Fig. 3.28, voltage spikes of all IGCTs are symmet- 
rical, i.e., all inner switches have similar performance. So are outer switches, 
though inner switches have higher voltage spikes. Referring to Fig. 3.26, we 
can tell the inner switch has the commutation loop enclosing more devices and 
larger loop areas, which yield the worse switching-off performance. Therefore, 
when designing and optimizing the system, the characteristics of inner switches 
should be referred. 

(2) Mechanical structure. Each phase of the inverter has the same topology and 
devices and shares the same turn-on snubber. However, there is still some dif- 
ference among switches at the same topological location. When assembled, the 
snubber diode and capacitor are closest to Phase V, which causes relatively low 
turn-off voltage spike observed in experiments. Such finding is beneficial for 
the mechanical design, reminding engineers of locating the snubber close to 
all three phases simultaneously. Comparably, the leg with the most compact 
bus-bar structure has the best IGCT switching transients, even though bus bars 
might be slightly twisted. On the other hand, testing each IGCT in the converter 
helps double check the busbar design and assembly of each phase. 


In the real practice, the stray inductance of the commutating loop influences 
the most on the IGCT switching-off performance. One effective way to reduce the 
stray inductance is to compact the mechanical design, which however challenges 
the thermal and insulation design. Overall, the design and optimization of the high- 
voltage high-power power electronics converter is to find a reasonable and effective 
solution out of all contradictions. 


3. Pros and Cons of different testers 


Setting up the standalone tester for the device transient analysis is of importance 
after selecting the switch and before the switch is equipped in the final converter. 
It provides first-hand test data of switching transients instead of solely relying on 
the datasheet, highly beneficial to recognize switching characteristics, reliability, 
protections and maximize the switch potential. As a summary, testing and analyzing 
the switch on the standalone tester helps: 


(1) Examine and test if the switch performance is aligned with specifications, and 
if each switch is qualified; 

(2) Test the switching transients and snubber performance, which provides the ref- 
erence for the design of the main circuit and control system; 

(3) Correlate the switching transients with the mechanical assembly, guiding the 
mechanical design of each phase; 

(4) Investigate the switching transients under any extreme cases, which cannot be 
realized by the actual converter, thanks for the flexibility that the single-switch 
tester offers; 

(5) Comprehend switching characteristics accurately with relatively simple tests; 

(6) Provide safe testing when discharging the DC-bus capacitors during the test. It 
can also test the device at any voltage and current needed. 
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Obviously, the switch tester is not equal to the converter. The cons include: 


(1) The switch tester has different mechanical designs, cooling methods and circuit 
parameters from the final converter. It is hard to rely on the outcome of the 
single-switch tester to estimate the switching performance in the final converter, 
given the ultimate converter operation is a highly complex process involving 
the snubber, topology, control method and mechanical structure; 

(2) The switch tester is equivalent to only part of the voltage-source converter. 
Though we can use it to predict switching behaviors in the converter, the inter- 
actions between switches and other peripherals are missing. 


3.3 Transient Performance Analysis of Power Devices 
in the Converter 


3.3.1 Switch Performance During the Operation 


Take one IGCT based converter as an example. To fully comprehend its character- 
istics requires the test and analysis in the actual converter, instead of only relying 
on the test-bench based data or the single-switch test results in the converter. Note 
when testing the switch during the converter running, the converter is triggering the 
IGCTs based upon the pre-set control strategy. In this way some switching char- 
acteristics other than those observed in the single-switch tester could be exposed, 
which is helpful to study the relationship between the system parameters and the 
IGCT dynamic behaviors. Of course testing IGCTs during the converter operation is 
relatively inconvenient. Firstly each IGCT is running in different modes, which does 
not provide a direct head-to-head comparison. Secondly the cooling system needs 
be added during the test, which complicates the test procedure. Thirdly due to the 
high-voltage high-power operation, risks must be undertaken and a much stricter test 
procedure must be complied with. 

Despite the risk and complication, testing the IGCT online while the converter is 
running is critical. The test content includes: with the specific DC-bus voltage, when 
the converter is in the steady-state operation, measuring each IGCT voltage and the 
phase output current. To save the effort, complimentary switches could be tested 
together along with the phase current. In order to reduce the failure risk, usually the 
DC-bus voltage is settled lower than the ratings. After the test, select some exemplary 
test data to analyze IGCT dynamic behaviors, look through and statistically compare 
all waveforms, and pick the typical waveform for the final analysis. 

Comparisons of IGCT turn-off actions at different moments provide us the turn- 
off waveforms at different currents with a relatively stable DC-bus voltage, which 
can be done through reconstructing the time axis. Note from previous sections not 
all triggering actions will result in the change of the IGCT voltage, which is related 
to the phase current polarity. Shown in Fig. 3.33 is the voltage across Tz in Phase 
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Fig. 3.33 Turn-off voltage 2500 
of V2 when the converter is 


running Current increasing 


-5 
0°) 0.01 0.02 0.03 0.04 0.05 0.06 0.07 0.08 0.09 0.1 


t/ms 


V, i.e., V2 at different currents. Curves from the bottom to top represent the turn-off 
voltage with current increasing. 

The same approach is applied to other IGCTs for the quantitative analysis and 
comparison of switching transients and commutation loops. Experimental results 
indicate that tested switching behaviors are aligned with the outcome of the single- 
switch testing in the converter, further verifying the effectiveness of the single-switch 
tester. 


3.3.2 Interactions Among Switches 


Some special phenomena are to be observed when testing the switch during the 
converter operation, which cannot be measured in the single-switch tester. Mostly 
such phenomena are related to interactions among switches. 


1. Dead-band plateau 


When one IGCT is turned off in Phase U, the waveform of its complementary switch 
is shown in Fig. 3.34. 

Particularly when outer switches U; and U4 are switched off, their related com- 
plementary inner switches exhibit a voltage plateau with some level and lasting time, 
which cannot be observed in the line-line voltage. The width of such plateau is 
approximately equal to the dead-band setting in the control unit, thus named as the 
dead-band plateau. Wheninner switches are turned off, no such plateau is observed 
across related outer switches. 

Two dead-band states exist in one phase, i.e., 0100 and 0010, as shown in Fig. 3.35. 
Resistors in leg are balancing the steady state voltage. 

Take Fig. 3.35a as an example, where T3, T4 and bottom NPC diode together 
undertake the lower half DC-bus voltage. We can roughly calculate the off-state 
equivalent resistance of the IGCT and diode as Uprm//pro. Based on the datasheet, 
the calculated voltage undertaken by T4 is 23% of the lower half DC-bus voltage, 
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Fig. 3.34 The dead-band plateau in Phase U 
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Fig. 3.35 The state of the leg during the dead-band plateau 


1.e., the left 77% for T3, which is aligned with experimental results. When the inner 
switch exhibits the dead-band plateau, a voltage drop across the other switch, which 


undertakes the half DC-bus voltage together with the inner switch, emerges as shown 
in Fig. 3.36. 
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Fig. 3.36 All dead-band plateaus in Phase U 
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(b) 0100 negative current 
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Fig. 3.37 Load current changes the polarity during the dead band 


In addition to the dead-band plateau above, a special dead-band plateau also exists, 
though its occurrence probability is low. When the current changes the polarity during 
the dead band (0100) in Phase U, the measured Phase-U voltage is shown in Fig. 3.37. 
Such phenomenon usually happens when the current is small, having little impact 
on the reverse recovery process of NPC diodes and IGCT anti-paralleled diodes. If 
the load-current changing rate is high when crossing zero, it might create the device 
failure. Such harmful current changing rate could be limited by the output filter and 


load impedance. 


2. Off-state voltage spikes 


At the off state, IGCT voltage has spikes upwards and downwards, as shown in 
Fig. 3.38. The reason is that the snubber capacitor voltage is altered by other IGCTs’ 
switching actions. The spikes downwards are nearly half of the DC-bus voltage, due 
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Fig. 3.38 Off-state voltage spikes 


to the voltage drop of the snubber capacitor caused by other IGCTs’ turning on. 
Those spikes upwards are caused by the snubber-capacitor voltage increment during 
other IGCTs’ turning off. Note such spikes are different from IGCT turn-off voltage 
spikes. Their first spike is relatively low, which is caused by loop stray parameters. 
The second spike is consistent, which is introduced by the clamping capacitor of the 
turn-on snubber. 

Other very tiny off-state spikes also exist, which will be analyzed together with 
on-state spikes later. 


3. On-state voltage spikes 


Theoretically no voltage spike should emerge during the on-state of the IGCT, though 
experimental waveform shows the existence of such spike, which is usually in oscil- 
lation with very small time constants, e.g.,<0.5 us. Similar voltage spikes also exist 
across the interlocked IGCT during the off-state, as shown in Fig. 3.39. This is due to 
switching actions of IGCTs in the same leg or different legs, which can be explained 
from two aspects, (1) some disturbance caused by switching actions of other IGCTs 
is coupled through the circuit or spatially with measured IGCTs; (2) some distur- 
bance caused by switching actions of other IGCTs is coupled with probes through 
the circuit or spatially then gets recorded. 


4. Fake shoot-through 


It looks like the first and third IGCTs, the complementary switch pair are turned on 
simultaneously, as shown in Fig. 3.40 given both IGCT voltage drops to zero. Such 
behavior is called fake shoot-through. It happens when the leg is transitioning from 
0110 to 1100, with the phase current being positive. The third IGCT is first zero- 
current switched off, resulting in that T; undertakes the top-half DC-bus voltage, T4 
undertakes the bottom-half DC-bus voltage and T3 undertakes zero voltage. When 
T; turns on, the turn-on snubber circuit makes the snubber inductor undertake the 
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top half DC-bus voltage, which further results in interlocked switches undertake zero 
voltage. Upon the completion of the current commutation, the upper DC-bus voltage 
is undertaken by T3. Such phenomenon happens when two interlocked switches turn 
off with zero current or turn on with non-zero current. As a matter of fact, the voltage 
spike downwards during the off state is one kind of the fake shoot-through, though 
it is caused by other legs. The time period of the fake shoot-through along with the 
leg output current could be used to evaluate the current limiting effect of the turn-on 
snubber inductor. 
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3.4 Power Devices in Parallel Connection 


Due to the cost limitation and technical needs, we need frequently parallel power 
devices in power electronics systems. While paralleling devices becomes one of the 
focuses to secure the high current with high switching speed, the dynamic current 
balancing is one of major transient processes to investigate. The key is to guarantee 
in any operational modes all paralleled switches will undertake current evenly with- 
out any obvious imbalance. Therefore, the switch selection, circuit design, control 
implementation and mechanical design are to be analyzed and compared. 

The hybrid switch like the IGBT inherits merits of both MOSFET and BJT. Some 
types of IGBTs exhibit a negative thermal-resistance coefficient at the small current 
while a positive one at the high current. Such IGBT is prone to being paralleled given 
its auto current balancing capability in the steady state. In fact high-power IGBT 
modules have already adopted the parallel connection inside, e.g., 3—4 individual 
IGBT dies in parallel connection, which though is not the focus of this section. We 
will emphasize more transients during the switch parallel. 

IGBT and IGCT are two exemplary devices in high-power applications. The core 
of the IGCT is a four-layer three-junction thyristor with the high current capability 
up to 6000 A. Therefore, we seldom see IGCTs in parallel connection. The IGBT 
parallel is widely used even in the low-voltage converter, e.g., 380 V/300 kW AC 
motor drive systems, which is in need of the current rating of ~700 A. At such voltage 
level, the IGBT current rating is ~450 A, which makes the IGBT parallel necessary. 
In addition to the power and thermal capability, using low-current IGBTs in parallel 
to replace expensive high-current modules is also an effective way to reduce the cost. 


3.4.1 Key Influential Factors on the Switch Parallel 


The switching characteristics are of importance for the switch parallel, including 
the gate-drive resistance, gate voltage, junction temperature and loop inductance. 
Through changing such parameters to further investigate their impacts on the switch- 
ing performance, we could better picture the current distribution among paralleled 
devices. 


1. Impact of the gate turn-on voltage 


For the IGBT, the gate turn-on voltage nearly determines its whole switching-on 
behaviors. Within the maximum ratings, the gate turn-on voltage directly affects the 
device channel resistance. A too high gate voltage will result in the gate damage. 
Therefore, the gate voltage should not exceed 20 V. Meanwhile a gate voltage lower 
than the threshold yields the switch operated in the active region thereby causing the 
device damaged. A recommended gate voltage is 10-18 V. 

The transfer characteristics and output characteristics are able to reveal the rela- 
tionship between the gate voltage and static parameters of the device. The output 
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characteristics of each IGBT play an important role for the current balancing, as 
measured in Fig. 3.41 for one type of IGBTs. 

Atthe same current level, the increment of the gate voltage will lower the saturation 
voltage, i.e., a negative correlation between the channel resistance and gate voltage. 
This provides the possibility of actively balancing the current distribution among 
paralleled switches through adjusting the gate voltage thereby the trans-conductance 
of each switch. 


2. Impact of the gate turn-on resistance 


Such resistance does not affect the saturation voltage, but switching transients sig- 
nificantly. The impact of the gate turn-on resistance on the switching performance 
has been validated in Fig. 2.12. According to experimental waveforms, the influence 
of the gate resistance on the device dynamic parameters is summarized as Table 3.2. 

It is indicated in Table 3.2 that the device turn-off delay fg off is a monotone 
increasing function of the gate resistance. Therefore, when in parallel, switches could 
adopt different gate resistances to actively balance the current distribution. 


3. Impact of the junction temperature 


On the heatsink, the thermal gradient exists not only along the air flow but also in 
the vertical direction. Experimental results show that the worst case could result 
in a 25 °C temperature difference. Under such circumstance, the performance of 
paralleled devices is highly affected by the junction temperature. Neglecting the 
thermal impact will eventually endanger the system safety and worsen the reliability. 

Most characteristic parameters of the device are highly sensitive to the tempera- 
ture. So are those for paralleled switches. Increasing the junction temperature will 
increase the switch on-state resistance as well as the turn-on/off delay thereby affect- 
ing the static and dynamic current balancing. Five switching curves under different 
temperatures are illustrated in Fig. 3.42, with the junction temperature rising from 
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Table 3.2 Experimental results of gate resistance versus switching parameters 


Rg/Q ta on/ns ta off/ns t;/ns 

1.0 300.8 336.8 99.6 
1.6 321.6 371.2 100.8 
2.0 331.2 391.6 104.8 
2.4 329.2 433.2 97.6 
3.0 313.6 480.4 98.4 
3.9 313.6 542.0 92.8 
4.7 303.6 608.8 85.6 
5i 306.8 634.4 85.2 
6.2 315.2 712.4 83.2 
7.5 339.6 812.0 83.6 
8.2 364.4 864.8 84.0 
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Fig. 3.42 Experimental turn-off current of IGBTs under different temperature 


30 to 70 °C. Each adjacent curve has a 10 °C gap. The increment of the fg on and 
ta off resulting from the temperature rise leads to the different current stress among 
paralleled IGBTs, if no further adjustment is done. When switched off, the higher- 
junction-temperature devices will have to turn off a higher current. When turned on, 
the lower-junction-temperature devices will undertake a higher turn-on current. 

Shown in Table 3.3 are the experimental switching characteristics when the junc- 
tion temperature rises from 30 to 75 °C. The DC-bus voltage is kept at 550 V and the 
load current is 400 A. The variation of fg on and ta off with the junction temperature 
is obvious. 

The current imbalance among paralleled switches due to the different junction 
temperature could be controlled by adjusting the gate-drive voltage and resistance. 
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3.4.2 Performance Analysis of Paralleled IGBTs 


1. Analysis of paralleled-switch steady states 


The main IGBT static parameters include: on-state saturation voltage drop UCE sat, 
off-state blocking voltage U cgs, maximum repetitive turn-off current J C(nom), and the 
gate turn-on threshold Uce th. Here UCE sat and UGe th are two parameters determin- 
ing the current balance. Ugg th can be mathematically expressed as 


J 2£0£siq Namax(2P pp) 


T (3:2) 


UGE th = Upp + 2®ppg + 


Here Upp is the flat band voltage, ¢,; is the Si relative dielectrics, N Amax 1s the p- 
well surface concentration, Cox is the capacitance per unit area of the oxide layer, and 
® ppg represents the Femi energy level, which is a function of the junction temperature 
T; shown in Eq. (3.3). 

k T; N Amax 


Prep = — |n — (3.3) 
q Nj 


Differential of UGE th with respect to T} is 


dUGE th = k E =( Eg ) (2 Pi J 2£€0€siq NAmax(2P kp ) 


—— +1.5 
df; 2kT; 2PFpg Cox 


— ) <0 (34) 
Î q 

Therefore, UcGe tn will slightly decrease when the junction temperature Tj 
increases. 

The device on-state saturation voltage is the voltage drop across its internal resis- 
tance once the current flows through. The output characteristics of the switch at 
different temperature are shown in Fig. 3.43. 

With the large output current, a strong linear relationship exists between UCE sat 
and the load current, which could be approximated as 
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Uck sat = [ce Rm = Ic( Ren + Ra + Rj + Repi) (3.5) 


For the third-generation trench-stop IGBTs, the on-state resistance Rm is made 
of four parts, i.e., channel resistance Ren, accumulation-layer resistance R}, JFET 
resistance kj and epitaxial resistance Repi. Among all, Ra and Rj are related to the 
manufacturing technology, and Repi will increase with 7j-increasing. Ren is the major- 
ity of the on-state resistance, which is influenced by the gate turn-on voltage and 7;, 
Les, 


E 


Reh sm a= a aaa, a S 
Z HnsCox(UG_on — UGE_th) 


(3.6) 


Here L is the channel length, Z is the channel width per unit area and ns 1s the 
electron mobility of the inversion layer, which is a monotone decreasing function of 
Ti. te. 

J? 9 


Hns( Tj) = Lns(To)(Tj) ™ (3.7) 


Therefore, the channel resistance will increase with the temperature rising, which 
is aligned with the device characteristics shown in Fig. 3.43. 

The steady-state current distribution of paralleled devices is determined by the 
on-state resistance. The smaller-resistance device will undertake the larger portion 
of the current, creating the difference of the conduction loss. We can increase the 
gate turn-on voltage Ug o, to lower the on-state resistance thereby implementing an 
active current-balancing control. 


2. Analysis of the paralleled-switch dynamic performance 


Asynchronous turn-on current rising edges or turn-off current falling edges will 
result in the dynamic current imbalance among paralleled switches. Compared to on 


Fig. 3.43 The device output 
characteristics at different 
temperature 


%0 US 10 13 20 25 30 


128 3 Transient Characteristics of Power Switches 


or off steady states, the dynamic current imbalance imposes more electric stress on 
switches. Therefore, the dynamic current balancing is even more important for the 
sake of the device safety. 

The dynamic characteristic parameters include the turn-on delay fg on, rise time 
t,, turn-off delay ta off and the fall time tf, all of which determine the synchronization 
of switching behaviors of paralleled switches, and furthermore, the dynamic current 
balancing. Particularly tg on and fg off are two decisive parameters on the dynamic 
current balancing of parallel switches employing the synchronization trigger. These 
two parameters are both related to Ugg th and UG on. 

At the first stage of turning on the IGBT, before ugg reaches Uce th, the gate 
turn-on voltage Ug o, charges the device junction capacitance Cag and Cgc through 
RG, 1.e., 


uselt) = (Uc_on — Uc oft)(1 — e7% ) + UG off (3.8) 
Here the turn-on time constant is 
Ton = Ro(Cce + Coc) (3.9) 


Coc is dependent on the voltage across it, which increases with the voltage drop- 
ping. Therefore, an observable difference exists for Cgc in turn-on and turn-off 
processes, which further results in the difference between fg on and fg off. 

At the second stage of the turn-on process, ugg exceeds Ugg th, yielding the 
emergence of the collector current ic. 

The whole time of the first stage is defined as fg on. Similar to MOSFETs, we have 


U — U 
ta on = a In( FE (3.10) 
U Gon U G_off 
Differential of tg o, with the respect to T} results in 
dt. U —U dU 
d_on oe ( G_on car) , GE _th 0 (3.11) 
df; UG on — UGE th d7; 


Therefore, tg on is a monotone increasing function of Tj. Meanwhile, increasing 
Rg will enlarge tg on while increasing Ug on will slightly reduce fg op. 

Similarly, the first stage of the turn-off process for the IGBT is when the gate 
discharges through Rg, 1.e., 


uge(t) = (UG on — Uc ose r + UG oft (3.12) 
Here the turn-off time constant is 


Toff = Ro(CocEr + Cac) (3.13) 
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Due to the dependence of the junction capacitance Cgc on the voltage, Toff is far 
longer than Ton. The turn-off delay tg og has similar characteristics to the turn-on 
delay, in terms of being influenced by Tj, Rg and Ug on. All the analysis above 
is of importance given the current dynamic imbalance results from asynchronous 
switching actions of paralleled switches. When two switches are paralleled, the ear- 
lier turned-on device turns on a higher current and the later turned-off device turns 
off a higher current. Appropriate adjustment of gate-drive parameters could further 
synchronize switching actions of paralleled switches thereby realizing the dynamic 
balancing. 


3. Analysis of the peripherals’ impact 


The load-loop asymmetry among paralleled switches roots in the conflict between the 
component placement and mechanical design, which results in the current imbalance. 
By optimizing the bus-bar connection for the load, symmetric load loops will be 
realized. 

Neglecting the snubber circuit, we find in a two-level inverter the largest impact 
factor onthe commutation loops of paralleled switches is the bus-bar stray inductance. 
For instance, when an IGBT turns on, the current rising rate is 


dic(t) T Ue on — UGE th 
dt RGCGE/8m + Ls 


(3.14) 


Here gm is the device trans-conductance and L, is the stray inductance of the main 
circuit of paralleled IGBTs. Due to different bus-bar structures, the stray inductance 
of paralleled switches is diverse, which results in different di/dt and current dynamic 
distribution for paralleled switches. The device with a higher di/dt will undertake a 
higher electric stress. 

The constraints of the component placement make it impossible to fully sym- 
metrize all paralleled devices, creating the difference among the loop inductance of 
paralleled switches. Even though the multi-layer bus bars are widely used, which 
could further reduce the stray inductance and improve the symmetry of the commu- 
tation loops thereby minimizing the parameter difference, it is still hard to ignore the 
impact of the inductance difference on the dynamic current balancing. 

Despite the negative impact brought by the loop inductance difference, we still 
can compensate the current imbalance through adjusting gate-drive parameters of 
paralleled switches thereby actively controlling the current distribution. 


3.4.3 Experimental Study of IGBT Parallel 


Majority of voltage-source power electronics converters share the same basic topol- 
ogy unit for the power conversion, i.e., commutating the current through two inter- 
locked switches. Therefore, studying such basic topology unit is the precondition to 
understand the working mode of power electronic converters. Shown in Figs. 3.44 
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and 3.45 are the test bench and circuit measuring current distribution of paralleled 
switches, respectively. The benches are able to emulate the different junction tem- 
peratures among paralleled switches in actual converters. Here we investigate two 
switches in parallel, as the fundamental of multiple switches in parallel. 

The test bench includes four parts, i.e., mechanical assembly, temperature control, 
pulse control and the voltage and current measurement. The mechanical part secures 
the symmetry of commutation loops of paralleled switches. A ~mm gap is left on 
the device cold plate to separate the thermal conductivity between two modules. 
This facilitates the independent temperature control of paralleled switches, which 
is realized by a dual-channel temperature controller and four heating plates. When 
the temperature reaches the steady state, the junction temperature of idle switches 
is assumed the same as the plate temperature. A double-pulse test is carried out to 
monitor the current distribution. The first pulse is to let the current reach the target 
while the second pulse with 10 ws width is to test paralleled switches. The switching 
loss during the test is assumed to have negligible impact on the switch junction 
temperature. Therefore, the switch junction temperature could be assumed the same 
as the plate temperature. High-bandwidth Rogowski coils and oscilloscopes are used 
for the current measurement. 

Under the same junction temperature, gate resistance and gate turn-on voltage, the 
automatic current balancing could be realized among paralleled switches, as shown 
in Fig. 3.46. 


1. Current balancing among two paralleled switches 


To emulate the actual working modes of paralleled switches in the converter, two sets 
of experiments were carried out under different ambient and ambient-to-junction tem- 
peratures, respectively. The first set of experiments fixes the temperature difference 
between two paralleled IGBTs. By setting the dual-channel temperature controllers 
to regulate the ambient temperature, we could test the current distribution among two 
switches. Note the temperature difference between two switches is always kept the 
same. The test starts once the temperature reaches the steady state. Such test is equiv- 
alent to scenarios where the converter works in different ambients. The second set of 
experiments keeps Tı temperature constant and alters T temperature thereby vary- 
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Fig. 3.44 Test bench of multiple switches in parallel 
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Fig. 3.45 The test circuit of 
paralleled switches 
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Fig. 3.46 Experimental waveforms of automatic current balancing among paralleled switches 


ing the temperature difference between two switches. This is equivalent to scenarios 
where the converter works under different loads. 

Specifically, the first experiment keeps the temperature difference between Tı 
and Tə as 10 °C. The ambient temperature rises from 40 to 70 °C. Experimental 


waveforms are shown in Fig. 3.47. 


The second experiment keeps Tı temperature ~50 °C while gradually increasing 
Tə temperature, which widens the temperature gap. Experimental results are shown 
in Fig. 3.48a—d, where the temperature gap is set as 12.0, 21.2, 25.1 and 29.8 °C, 


respectively. 
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(c) T= 63.0°C, T= 72.3°C (d) T= 72.5°C, T= 83.2°C 


Fig. 3.47 Turn-off current of paralleled switches under the same temperature difference with dif- 
ferent ambient temperatures 


As shown in Fig. 3.47, the current gap between paralleled switches barely changes 
with the ambient, when the temperature gap is a constant. T> with a higher junction 
temperature has lower on-state current, however, a larger turn-off current due to the 
impact of the turn-off delay. The IGBT current capability has a negative correlation 
with the junction temperature. This yields the high-temperature switch undertakes 
the higher turn-off current, which is certainly an unreasonable design. 

Figure 3.48 indicates that the difference between on-state current of paralleled 
switches has a positive correlation with the junction temperature. This number is 
11 A when the temperature difference is 12.0 °C, and 26 A when the temperature 
difference is 29.8 °C. Meanwhile with the temperature difference increasing, the turn- 
off current difference becomes more obvious. In a higher-power converter with more 
switches in parallel, a large turn-off current difference confines the output-current 
capability of paralleled switches. 

To verify the feasibility of the active gate control coping with the current imbalance 
under different temperature, we modified the gate-drive circuit for current balancing 
among paralleled switches. As shown in Fig. 3.49a, the gate resistance for each 
switch is 1.7 Q, the DC-bus voltage is 600 V, the device turn-off current is 420 A, 
and junction temperature of T; and T2 are 38.1 and 50.4 °C, respectively. The turn-off 
current gap is ~15 A. After revising the gate resistance for the higher-temperature 
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Fig. 3.48 Turn-off current of paralleled switches under different temperature gaps 
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Fig. 3.49 Turn-off current of paralleled switches under different gate resistances 


device to 1.5 Q, the turn-off current peak becomes identical for different-temperature 


devices. Here the junction temperature of T; and T> is 38.9 and 51.5 °C, respectively. 
Experimental waveform is shown in Fig. 3.49b. 


2. Current capability of paralleled switches 


When testing a 160 kW/380 VAC two-level inverter, we use two IGBTs in parallel 
to form one switching module. Experiments were carried out to measure the turn- 
off current capability. Here we set up the test bench as a typical buck converter 
for DUTs. The main control board generates control pulses, with appropriate pulse 
parameters and protections. Pulses are continually generated until the protection is 
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Fig. 3.50 Scheme of the test bench for devices in parallel 


Fig. 3.51 Experimental 1200 
waveform of the current 
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parallel 
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triggered. The scheme of the test bench is shown in Fig. 3.50. The load is made of 
inductors and resistor tanks. The input voltage of the buck circuit is generated by 
the adjustable voltage power supply and maintained by DC-bus capacitors. During 
the test, the front-end circuit breaker is open and the current capability of paralleled 
switches in such system could be tested. 

The ambient is 30 °C and the DC-bus voltage is 600 V. Experimental results shown 
in Fig. 3.51 indicate the switch could reliably turn off 1146 A load current. 

In an actual 315 kW/380 VAC two-level inverter, the main switch is made of 
four IGBTs in parallel. Based upon the test bench shown in Fig. 3.50, experimental 
results are shown in Fig. 3.52. The ambient is 25 °C and the DC-bus voltage is 600 V. 
Paralleled switches could reliably turn off 2300A load current. Such test provides 
the confidence on the reliable high-power operation. 
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Fig. 3.52 Experimental 
waveform of the current 
capability of four switches in 2000 
parallel 
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3.5 Power Devices in Series Connection 


Series connecting power switches represents another working mode of high-power 
converters. IGBTs and IGCTs are two exemplary devices which could be used in 
series connection to withstand higher voltage thereby enhancing the power capability. 
Due to the device difference, the series-connecting technology of IGBTs is different 
from that of IGCTs. Some later chapters will discuss transients and active control of 
IGBTs in series connection. 


3.5.1 Fundamentals of the Switches in Series Connection 


Series connecting devices is one of the approaches enhancing the voltage with- 
standing capability. Presently it is witnessed that industries widely use IGBTs and 
IGCTs in series connection. With the increasing demand of high-voltage and high- 
power converters, such series-connection technology becomes more and more pop- 
ular and diverse. The critical point is to balance the voltage distribution among 
series-connected switches, especially in the dynamic process. 

Two balancing methods are widely adopted. One is the open-loop balancing, as 
shown in Fig. 3.53. With synchronized gate signals, the selected power devices need 
have the switching performance as close as possible. At some point the dynamic bal- 
ancing circuit is needed. With various balancing approaches available, their common 
point is the absence of feedback on the voltage distribution in the balancing process. 


Symmetric structure 
and selected devices 


Synchronized gate signals 


Balanced voltage curves 


Fig. 3.53 Open-loop voltage balancing for switches in series connection 
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Fig. 3.54 Closed-loop voltage balancing for switches in series connection 


The other approach is to adjust the gate-signal timing using the feedback circuit 
thereby realizing the voltage balancing, named as the closed-loop voltage balancing. 
Firstly the threshold of the voltage imbalance needs be set, i.e., the reference value 
of the voltage across the switch. Secondly the actual voltage drop across the switch 
is introduced as the feedback. Comparing the actual with the reference value allows 
the adjustment of the control thereby alleviating the voltage imbalance, as shown in 
Fig. 3.54. For such kind of approaches, the ultimate goal is not to synchronize gate 
signals of switches, but to realize the consistency of the voltage across each switches, 
including rising and falling edges. 

In the real practice, asynchronous gate signals might emerge due to the driver 
signal generation and propagation delay, yielding to the voltage imbalance. Even 
though gate signals are perfectly aligned with each other, the voltage imbalance of 
switches in series connection is still possible due to the diversity of the switching 
performance, temperature and circuit parameters. The open-loop method is to min- 
imize the diversity, while the closed-loop method uses the feedback information. 
They both have pros and cons. It is worthwhile to point out that two methods could 
be combined, especially for series connected IGBTs. 

State-of-the-art balancing technology for series IGBTs and IGCTs is mostly based 
upon Figs. 3.53 and 3.54, which could be further extended to other high-power 
devices. Below are several typical techniques. 


(1) Passive balancing 


To avoid any destructive voltage imbalance among series connected switches, balanc- 
ing circuits are in parallel to switches, including the dynamic balancing and steady 
balancing circuits. This method adopts passive components to cover the diversity 
of the switching performance and main-circuit parameters, yielding more robust 
switches through enhancing output characteristics of switches and balancing circuits 
(Fig. 3.55). 


(2) Active balancing 


The voltage across each switch in series connection will be detected. Once exceeding 
the threshold, a time delay will be added to its gate in the next switching cycle, 
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Fig. 3.55 Passive balancing 
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Fig. 3.56 Active gate-signal balancing 


otherwise a time advance. Essentially such method adjusts the timing of gate signals 
to realize the voltage balancing, as shown in Fig. 3.56. 


(3) Over-voltage clamping 


Such approach is only suitable for IGBTs in series connection or its over-voltage 
protection, as shown in Fig. 3.57. Taking the advantage of the close relationship 
between gate signals and voltage drops of IGBTs, we could realize the voltage 
balancing by using the voltage feedback to adjust its gate signal. 

Among all three approaches above, method (1) is suitable for all switches in series 
connection. Method (2) theoretically can be used for both IGBTs and IGCTs though 
it becomes quite complex when used in IGBTs due to sampling and control units. 
Method (3) is only suitable for IGBTs, which is subject to affecting the switching per- 
formance and increasing the switching loss when design parameters are mismatched, 
even though the extra circuit is not bulky. 
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Fig. 3.57 Active balancing 
with over-voltage clamping 


3.5.2 IGCTs in Series Connection 


In this section we focus on IGCTss in series connections and related voltage balancing 
technologies. Both the static and dynamic balancing need be involved. The voltage 
imbalance in the steady state is mainly caused by different off-state leakage current 
of switches. Such leakage current is related to the junction temperature and inherent 
parameters. The dynamic voltage imbalance is mainly due to the diversity of the 
switching performance and the propagation delay along the gate-drive loop. All 
impact factors of the voltage imbalance are listed in Table 3.4. 

When using the passive balancing circuit, one simple approach is to parallel one 
resistor across each switch, as shown in Fig. 3.58a, namely the static balancing circuit. 
The goal is to let the imbalanced leakage current go through the paralleled resistor 
thereby yielding a smaller voltage imbalance. The resistance could be calculated by 
the following empirical equation. 


Table 3.4 Influential factors 


Static voltage | Dynamic 
of the voltage imbalance 


balancing voltage 


balance 
Semiconductor | Off-state Significant 
leakage 
current 


Parameter differences 


Junction Significant Significant 
temperature 


Turn-on/-off 
delay 


Storage time 


Significant 


Significant 


Reverse Significant 
recovery 
charge 


Gate driver Turn-on Significant 
delay 
Turn-off 
delay 


Significant 


3.5 Power Devices in Series Connection 139 


Fig. 3.58 Passive balancing 
circuits 


(a) Steady (b) Dynamic 
balancing circuit balancing circuit 


Fig. 3.59 Voltage imbalance 140 
versus the paralleled resistor 


RJkQ 


AU: 
R — T 


= a4) 
e= Th, (3.15) 


Here A Ur is the tolerance of the voltage imbalance and AJ is the tolerance of 
the off-state leakage current. 

In real applications, Rp needs consider the steady-state balancing, i.e., the voltage 
difference among series connected switches, and the loss. Take the 4500 V/630 A 
IGCT as an example. Its leakage current is less than 20 mA under the repetitive 
turn-off voltage of 4500 V. When two are in series connection to undertake 4.6 kV 
DC bus voltage, the maximum voltage difference (AU; =|lU7, — Urt!) of two 
switches (T1, T2) under different Rp is shown in Fig. 3.59, with the power loss of Rp 
shown in Fig. 3.60. Note the tolerance of the resistor, ARp/Rp will impact the voltage 
imbalance, as shown in Fig. 3.61. 

Obviously the smaller the balancing resistance, the better the balancing perfor- 
mance, however, the larger the current going through the resistor thereby the higher 
power loss. Therefore, the selection of Rp is the tradeoff between the voltage bal- 
ancing and the power loss. The usual range for Rp is 20—100 kQ2. In addition, the 
tolerance of the balancing resistance should be minimal. 

For the IGCT dynamic balancing, the procedures below need be followed: 
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(1) Adopt IGCTs with the same ID number from the same patch, to minimize the 
diversity of the switching performance such as the propagation delay, storage 
time and reverse recovery time; 

(2) Double check the IGCT switching performance before equipped to the system. 
Make sure the series connected switches match; 

(3) Design symmetric heatsink and thermal loop to reduce the temperature differ- 
ence; 

(4) Design identical gate-signal generation and propagation loops to reduce the 
difference of the turn-on/off delays. 


Following the above will help minimize the voltage imbalance of series con- 
nected IGCTs. However, the ultimate balancing might not be ensured unless the 
dynamic balancing circuit is adopted, which usually is an RC snubber circuit shown 
in Fig. 3.58b. 

The capacitance and resistance of the dynamic balancing circuit need be compre- 
hensively optimized. The delay-time variations highly impact the dynamic balancing 
of IGCTs in series connection, among which the turn-on delay usually is much shorter 
than the turn-off storage time. Therefore, the IGCT turn-off balancing should be put 
on the top priority. Here Cg could be calculated through follows 


TaT REN | 
er — delay 4T_Max (3.16) 


AUT max 


where Afgelay is the maximum tolerance of the whole turn-off delay time, including 
the turn-off storage time and the gate-signal turn-off delay. IT max is the maximum 
current going through the IGCT. AUT max is the maximum allowed tolerance of the 
IGCT voltage. 

Note in the current-source converter with series connected IGCTs, the switch 
turn-off due to the natural phase commutation exists, which results in the dynamic 
voltage imbalance due to the IGCT reverse recovery charge, Qw. Therefore, another 
criteria is needed for Cg selection, 1.e., 


Fig. 3.60 Resistor loss 1000 
versus the resistance 900 
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Fig. 3.61 Resistance 400 
tolerance versus the voltage 
imbalance 350 


0.02 0.04 0.06 0.08 0.10 
AR,/Rp 


Ca= Lr (3.17) 


-~ AUT max 


For series connected IGCTs, Ca =0.1—1 uF, much smaller than those for GTOs. 
For the Rg selection, it needs follow the specs of the control and IGCT characteristics, 
i.e., 


(1) Ra should be a small value so that the Ca discharging could be finished within 
the minimum on-state and off-state pulse width; 

(2) Ra cannot be too small, otherwise once IGCT turns on the Ca discharging 
through Rg will add a large current spike on the IGCT; 


In the real practice, the impact of the dynamic balancing circuit on the voltage 
balancing and power losses need be considered, as shown in Table 3.5. 

To further detail the function of the static and dynamic balancing circuit, experi- 
mental results are provided here. Two 4500 V/630 A IGCTs are in series connection. 
A significant voltage imbalance is highlighted. Therefore, to secure the switch safety, 
all experiments were carried out under a lower DC-bus voltage. 

Assume the off-state voltage values of two IGCTs are U; and U2, respectively, 
and the voltage difference after the first voltage spike when switching off is AU. 
Here we define a voltage balancing performance index as 


AU 


cna (3.18) 
(U; + U2)/2 


Table 3.5 The impact of Rg and Cg 


Voltage Turn-on loss Turn-off loss Capacitor and 
difference AUT resistor loss 
Cat t 
Rat : 
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Fig. 3.62 Comparison of the voltage balancing of series connected IGCTs 


The larger k, the worse the balancing effect. With a time delay of 100 ns between 
two IGCT gate signals, the experimental result of voltage balancing is shown in 
Fig. 3.62, where scenarios with or without balancing circuits under different balanc- 
ing parameters are illustrated. It indicates significantly different k under different 
balancing parameters. 

Without the dynamic balancing circuit, one switch nearly undertakes the whole 
DC-bus voltage while the other undertakes nearly zero, which makes the switch in 
series connection useless. The static balancing circuit improves the off-state voltage 
distribution, however, the dynamic performance is still not satisfactory. The introduc- 
tion of the dynamic balancing circuit greatly improves the IGCT voltage balancing 
performance, though different parameters yield different results. 

As shown above, the transient characteristics of the power switches are related to 
multiple aspects. 

Firstly, the internal physical mechanism. The material, structure and conductivity 
will all influence the switch performance. The influence of the temperature remains 
always true. 

Secondly, the external operational conditions. The quantification of switch per- 
formance is all related to the test circuit. Performance based on the stand-alone test 
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bench and the converter has different features, revealing the transient performance 
from different aspects. Some critical factors such as stray parameters highly impact 
switching transient characteristics. 

Thirdly, interactions among switches especially in switching processes when some 
specific transients could be observed and classified. 

Lastly, device in parallel/series connection, which is an effective way to increase 
the system power capability. The voltage and current balancing represents an exem- 
plary electromagnetic transient of power switches. Recognizing principles of such 
transients, establishing transient models and actively controlling transients are the 
preconditions of the active voltage and current balancing. 


Chapter 4 
Transient Commutation Topology and Its 
Stray Parameters 


The transient commutation topology (TCT) is one of the fundamentals of power elec- 
tronics transient analysis. Different from the conventional topology based on lumped 
parameters, the TCT is based on short-timescale transient commutations along with 
stray parameters. The core is to take stray parameters into account, including the 
impact analysis, extraction and allocation. In the synthesis of power electronics, the 
TCT and stray parameters involve multiple factors, such as power semiconductor 
devices, circuit and control, and emphasize the interaction between switches and 
TCT. In the decomposition of power electronics, it analytically reveals the relation- 
ship between the mechanical structure and circuit parameters, which has a strong 
non-linear performance. Such TCT and related stray parameters play an important 
role in the transient analysis and control. 


4.1 Definition of the TCT 


4.1.1 Definition of the Converter Topology 


Topology is a concept of the geometry. It describes the relationship among various 
components by abstracting their locations. Specifically to the converter topology, it 
abstracts locations and relationships among electric components in the circuit. There- 
fore, the topology is not equal to the circuit. Different converter circuits could have 
the same topology. Given the topology only describes circuitry connections without 
focusing on components, no auxiliary circuits are considered, e.g., the topology of a 
three-phase two-level inverter does not care if the switching device is IGBT or IGCT. 

For the converter topology, an exemplary one is a multi-level topology, a typical 
and feasible solution to resolve the conflict between the device ratings and the con- 
verter power ratings. It is widely acknowledged that the multi-level topology was 
firstly proposed in 1980, when an article was published using one pair of clamping 
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diodes to connect the upper and lower part of the leg together. Such approach clamped 
the neutral point thereby being called as a neutral-point-clamped (NPC) converter, 
the emergence of which represents the birth of the multi-level converter. Generally 
the multi-level converter is the extension of the three-level topology. The more lev- 
els, the more steps thereby the closer to the ideal sinusoidal with less harmonics. 
However, even though theoretically any number of voltage/current levels could be 
realized by the multi-level converter, too many levels are not the actual pursuit given 
the limitation of the hardware and the control complexity. In the real practice, as 
long as the performance specs are met, usually three-level or five-level converters 
are most feasible solutions. 

Besides the multi-level topology, according to the device characteristics and appli- 
cations, some other approaches are available, e.g., switches in series/parallel con- 
nections, multiplication of power modules and adoption of the transformer. Those 
approaches vary in terms of the performance and cost, mainly due to different main- 
power circuits. Take the adjustable speed system as an example. The typical solutions 
include the three-level NPC topology, hybrid five-level topology, cascaded H-bridge 
topology, two-level topology using series-connected switches and modular multilevel 
topology. 

The three-level NPC topology adopts high-voltage (HV) IGBT devices in the 
main circuit, as shown in Fig. 4.1. Due to the controllable turn-on and turn-off, the 
current limiting is easy to be realized without any auxiliary snubber circuits. The 
cooling method could be either forced air or liquid cooling. No fuses are needed, 
which reduces failure points and enhances the system reliability. In such inverter, even 
though the three-level topology is adopted, high harmonics are inevitable. Therefore, 
a filter must be installed between the inverter output and motor terminals. Otherwise, 
a specially designed motor is needed. The motor voltage and current fed by such an 
inverter is shown in Fig. 4.2. In addition, a back-to-back three-level topology could 
be used to realize the four-quadrant operation. 

The IGCT based three-level NPC inverter is usually able to drive a 6-6.9 kV 
motor. The circuit scheme is shown in Fig. 4.3. Such topology optimizes the output 
levels and device amount, which generates sufficient levels to be connected with 
the standard motors while keeping the device amount low. The output voltage and 
current waveform of such an inverter-fed motor is shown in Fig. 4.4. 

The cascaded H-bridge topology adopts two-level inverter modules to form a 
high-power inverter. It does not need output transformers and directly realizes the 
3.3 or 6 kV output. For the inverter part, it uses the single-phase H-bridge based 
inverter employing the SPWM control and overlapping their outputs. IGBTs are 
main switches. The input part is a multi-phase multiplication rectifier, realizing the 
input power factor >0.95 and THD < 1%. The overall structure is a modular design, 
as shown in Fig. 4.5 where five modules are used to output 6 kV. The merits of 
such topology include: (1) using affordable conventional IGBTs to be cascaded, 
which is able to reach any output voltage through adjusting the cascade numbers; 
(2) excellent input and output waveforms for standard-designed motors; (3) modular 
design to provide the redundancy, i.e., the bypass circuit could be added to short the 
faulty module thereby running the motor at the rated or de-rated power. The demerits 
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Fig. 4.1 The scheme of a three-level NPC inverter 
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Fig. 4.4 Voltage and current of the motor driven by the three-level cascaded NPC inverter 


include too many switches and power units, low power density, reduced reliability, 
and difficulty of realizing the regenerative and four-quadrant operations. 

For adjustable speed drive systems and FACTS in power systems, some higher- 
voltage designs with simple cells become the interesting concern. The typical exam- 
ple is the modular multilevel converter (MMC), with its system scheme and sub- 
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Fig. 4.5 The cascaded inverter system 
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Fig. 4.6 MMC main structure and its sub-modules 


modules shown in Fig. 4.6. Its each phase contains the upper and lower part, each of 
which is made of N half-bridge modules. Arm inductors are usually placed between 
the upper and lower parts in case the shoot-through during the switching transients. 
Two switches in each module are complementary, generating the effective voltage 
through connecting or bypassing its DC-bus capacitor to the main circuit. In this 
way a multilevel voltage output is created. Such MMC has simple structure and high 
efficiency. The demerits, however, are lacking of the DC-bus short-circuit protection. 
Meanwhile given each sub-module can only undertake quite a low voltage, atrocious 
amount of modules might be needed for the very high-voltage output. Feasible solu- 
tions include: (1) using the H-bridge module, half-voltage clamping module, clamp- 
ing dual-half-bridge module, and interleaved dual-half-bridge module to realize the 
DC-side short-circuit protection; (2) using fly-capacitor based three-level modules, 
NPC three-level modules or dual-half-bridge three-level modules to increase the 
module voltage level, which helps reduce the module and switch numbers. 

Whatever the multilevel topology is, particular modulation and control strategies 
are needed, which eventually differentiate those topologies accordingly. More impor- 
tantly, we should focus on their common points and bottom-level characteristics, i.e., 
short-timescale transients. 
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4.1.2 Converter Transient Commutation Topology 


Even though the equivalent circuit of the multi-level converter is quite straight for- 
ward, it is still incapable of the transient analysis, which is highly coupled with the 
switch commutation process, the fundamental of the converter analysis. For exam- 
ple, in the buck-type DC-DC converter, turn-on/off actions of the controllable switch 
correspond to the turn-off/on of the diode, which is a typical commutation behavior 
of the converter. 

In the high-power converters, many switches are employed with complex com- 
mutations. Controllable switches are tightly coupled with diodes or other switches. 
Meanwhile, the VSC and CSC have different commutation processes. Except as 
otherwise defined in this book, VSCs are employed to explain the typical transient 
commutation behaviors, e.g., an IGCT based three-level inverter shown in Fig. 4.7. 

For simplicity, the scheme of one leg is shown in Fig. 4.8, with switches from 
top to bottom defined as T;—T4, respectively. The leg output terminal is A and the 
DC-bus middle point is Z. Three voltage levels exist in the phase output voltage U az. 

For such a three-level NPC inverter, the commutation processes are complex 
mainly due to the complicated control logic. Four switches need be controlled in one 
leg, with their switching logic shown in Table 4.1. Only transitions between adjacent 
modes are allowed. Here we use 1 and 0 to represent the on and off states of T;—-Ta, 
respectively. Therefore, only transitions between 1100 and 0110, or 0110 and 0011 
are allowed, with the dead band included. No transitions between 1100 and OO11 
are permitted, given such transitions from the highest to lowest voltage levels lose 
the merit of the three-level topology and yield high du/dt and overvoltage during the 
current commutation. 
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Fig. 4.7 The main circuit of an IGCT based three-level NPC inverter 
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All commutations of the three-level NPC inverter can be listed by enumerat- 
ing switching actions of each leg with the consideration of the leg-current polar- 
ity. Four basic commutations are listed, corresponding to the switching on and off 
of four switches, respectively. The commutation process that Tı participates in is 
1100<+0100<0110. With the positive leg current, T3 has no current. Therefore, 
0100<01 10 does little to the commutation, as shown in Fig. 4.9a. Here “increase” 
and “decrease” in the figures indicate the switch current trend when transitioning 
from the left states to the right states. If the transition is reversed, the trend is also 
reversed. Commutations of T,—T4 are shown in Fig. 4.9b—d, respectively. To illus- 
trate such processes, we can bridge the control command with the circuit status, even 
though part of the control command does not necessarily change the circuit state. 

In fact, whatever power electronic converter is employed, commutation behaviors 
are highly related to switches selected, which might vary commutations even under 
the same topology and controls. In addition to switch characteristics, other elements 
in the converter are equally critical, such as control parameters, mechanical struc- 
ture, temperature, stray parameters, snubber circuit and load. Therefore, using ideal 
commutations above to analyze converter transients has major drawbacks. 

To accurately analyze the transient behavior of the converter, non-ideal topology 
is of importance. From the aspect of the electromagnetic energy conversion, under 
the impact of transient processes and non-linear factors, such as transition time, stray 
parameters and magnetic saturation, the TCT of each system differs from others. To 
precisely describe transient processes of a diode NPC three-level inverter, not only 
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Fig. 4.9 Four basic commutations in the three-level inverter 


non-ideal switching processes but also non-linear stray parameters need be included. 
This is the specialty of the converter transient commutation topology. 

The commutation behaviors in Fig. 4.9 did not point out their specific locations in 
Fig. 4.7. For the case analysis of Fig. 3.28, stray parameters in each leg are diverse, 
creating different commutation loops with different stray parameters for switches at 
the same position but different legs, therefore, different transient behaviors. Due to 
the existence of such stray parameters, the transient voltage and current of switches 
are varied. Shown in Fig. 4.10 is the simulated turn-off process of one switch without 
considering stray parameters, in contrast to Fig. 4.11 where the turn-off voltage is 
measured in the actual inverter under the same DC-bus voltage and load current. A 
major difference is displayed. Hence getting rid of the constraints of ideal switch 
models and lumped parameters, introducing stray parameters and transient loops, 
and describing the commutation behaviors in the short-timescale is necessary, which 
is the essence of the transient commutation topology. 

Different from the conventional topology based on lumped parameters, the TCT 
is defined as a topology considering stray parameters based on the short-timescale 
electromagnetic pulses, as shown in Fig. 2.8. Stray parameters play an important role 
in the transient commutation topology. 
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Fig. 4.10 IGCT turn-off voltage (simulation, without stray inductance) 
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Fig. 4.11 IGCT turn-off voltage (experiments) 


4.2 Extractions of Stray Parameters in Complex Main 
Circuits 


Extractions of stray parameters are critical for the transient commutation topology. 
Particularly we need detail the relationship between stray parameters and current 
commutations. With computer aids, the technique for the stray-parameter extraction 
is rapidly progressing and diversifying. Various approaches will be compared in this 
section in terms of the accuracy and complexity, which is found particularly useful 
in the analysis of transient commutations. 
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4.2.1 Comparison of Extraction Approaches 


Usually it is believed stray parameters include two categories, i.e., parasitics of 
passive components and those along the connecting cables. Conventional circuit 
design and theoretical analysis treat passive components as ideal and cables as non- 
lossy conductors. Such assumption remains effective when the working frequency 
is low. For power electronic converters, in the commutation process, the voltage 
and current change drastically. Plus the circuit size is large with more connector 
quantity. The impact of stray parameters is not negligible. Modelling of the resistor, 
capacitor and inductor with stray parameters is prevalent, however, modelling of the 
connectors such as bus bars is rather complex, given stray parameters are related to 
the material, relative locations, shape, size and layout. In summary, characteristics 
of stray parameters in power electronic converters are 


(1) Large energy storage or delivery at short timescales within stray parameters. 
During the energy exchange in switching actions, large voltage or current spikes 
emerge with potential oscillation, causing significant EMI, switching stress and 
switching loss. In the worst case, it could damage switches; 

(2) Relatively large value of stray parameters, which alter the main-circuit topology 
and parameters by changing the circuit impedance thereby causing the unex- 
pected deviation; 

(3) Differentiating from the ideal topology when considering stray parameters. The 
converter current and voltage will be distorted, creating large amount of high- 
order harmonics thereby affecting the power quality; 

(4) Forming the EMI path through coupling main-circuit bus bars, semiconductors, 
PCBs and auxiliary circuits; 

(5) The larger the power, the larger the mechanical size, which increases the length 
of cables thereby creating more stray inductance; 

(6) Requirements on voltage withstanding, over-current capability, insulation and 
thermal dissipation are high. However, the electrical allowance of the switch is 
low, which adds stricter constraints on stray parameters. 


Among numerous methods of extracting stray parameters, surveying calculation, 
analytical calculation, numerical calculation and partial element equivalent circuits 
(PEEC) are the exemplarities. 


(1) Surveying method. For a single passive component, its circuitry model will be 
first built based on the theory. Then the impendence analyzer will be used for 
the parameter fitting in order to get the decent accuracy. For main-circuit con- 
nections, due to small stray parameters, the conventional method is not precise 
enough. Presently the time domain reflectometer (TDR) is the feasible choice. 
Such method, based on the microwave transmission theory, injects steep pulses 
(rising edge < 5 ps) through the TDR and measures reflected signals, which 
could be further used to calculate the inductance, capacitance and resistance. It 
has a high precision, but is very costly in terms of the measurement equipment 
and software; 
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(2) Analytical method. Such method is prevalent for the electromagnetic analysis 
given it provides analytical solutions and becomes very direct. Parameters could 
be approximated by using analytical equations. The application of such method 
is easy as well, especially for regularly shaped circuits. For majority of the 
circuits, the conductor shape is irregular, which results in the low precision of 
the calculation result, not aligned with the actual performance; 

(3) Numerical method. The commonly used include method of moments (MoM), 
finite element method (FEM), finite difference method (FDM) and finite- 
difference time-domain method (FDTD). They all have their own pros and cons. 
MoM considers the interaction of sources and fields, which has high calculation 
precision, however, occupies large computation resource given it needs involve 
the fields when calculating the current. FEM and FDM have large amount of 
meshes, yielding heavy computation load as well. 

(4) PEEC method, which was proposed back to 1970s involving the peripheral 
impact when modelling the circuit. Therefore, it has been popular since then 
and keeps improving. When using PEEC, we will first mesh the circuit, conduc- 
tors and sometimes dielectrics into multiple fine elements. By assuming each 
element has the constant current density and surface charge density within, we 
could simplify Maxwell equations into multiple equation sets on those fine ele- 
ments. Furthermore, we can get the partial inductance and capacitance of each 
element. Then the equivalent circuit model is built by incorporating all these 
partial parameters. At last, the general-purpose simulation software is applied 
for the calculation and analysis. 


In general, the analytical method is simple and direct with the low precision. 
Numerical methods are more accurate with a high computation load, plus the com- 
plex source and boundary conditions. Therefore, numerical methods are only suitable 
for simple circuits and components. The surveying method has high accuracy, how- 
ever, the measurement equipment and analysis software are expensive. So far, all 
these methods are applied in the design of integrated circuits, such as extraction of 
stray parameters along PCB traces given the size is small (Įm) and the frequency 
is high (GHz). Therefore, such methods are frequently seen in the microwave and 
microelectronics. For power electronics especially the high-power converters, the 
circuit has relatively larger size (m) and lower frequency (kHz), with complex phys- 
ical structures, irregular conductor shapes and various dielectrics. All these features 
obstruct the parameter extraction. Therefore, using PEEC is the more feasible choice 
for extractions of stray parameters. 


4.2.2 Accuracy Analysis of PEEC 


The accuracy of stray-parameter extractions is very critical for the quantitative anal- 
ysis of the transient commutation process. Here we use one rectangular copper bar 
as an example to illustrate the accuracy of the PEEC method, as compared with the 
measured results. 
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The copper-bar loop has the dimension shown in Fig. 4.12a. The cross-section 
area is 12.5 mm * 3 mm. To shield any peripheral EMI and prohibit the energy 
within the model from being emitted to the far field, a standard ground is given for 
the calculation with a shield outside the circuit, as shown in Fig. 4.12b. When using 
the impedance analyzer, we connect its ground with the shield. 

The shield is made of copper sheets with the thickness of 0.1 mm. The 3D dimen- 
sion is 440 mm * 380 mm * 140 mm. For the measurement equipment, the shield 
and the objective are combined together. Four corners of the rectangular have been 
tied to the shield through thin wires. 

The procedure of extracting stray parameters and verifying its effectiveness is 
shown in Fig. 4.13. Six main steps are included: 


Step 1. Set up the maximum working frequency and divide elements 


PEEC only requires the conductor geometry and materials. The maximum frequency 
(f max) and element division are two critical factors. Influenced by the skin effect and 
proximity effect, stray parameters under different frequencies are different, with 
some non-linear relationship. In general, the frequency selection should refer to the 
interested frequency. In terms of element divisions, this is the essence of the PEEC 
method. It decides if some part should be modelled in piecewise or as a whole. This 
will eventually decide the equivalent circuit. When dividing elements, three basic 
criterions need be followed: 


(1) All points along the conductor element have the same voltage potential, which 
requires the maximum size of the element far less than the wavelength of the 
studied electromagnetic field. The conductor size decides the modelling pre- 
cision. The higher the precision required, the smaller the element thereby the 


The ground of the 
impedance analyzer 
The shield 
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300mm 


300mm 


(a) Dimension of the copper-bar (b) 3D model of the copper bar 


Fig. 4.12 A simple copper-bar loop 
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Set up the maximum i eaka = 
frequency and divide elements 


Equivalent circuit and impedance curve 


Fig. 4.13 The procedure of extracting stray parameters 


more elements, computation cost and the complexity. Therefore, after meeting 
the precision requirement, the element numbers should be minimal. In general, 
the element length is defined as 


d < 0.01) (4.1) 


Here à = c/f max, the electromagnetic wavelength at the maximum frequency. 


(2) Separate different circuits in the same topology as independent elements. 
(3) Element divisions need facilitate the calculation of the stray inductance and 
capacitance, making the equivalent circuit concise and direct. 


For the simple copper-bar loop, measurements of the impedance characteristics 
indicate the first resonant point happens ~50 MHz. Therefore, when employing such 
frequency to model the copper loop, the maximum element length is 60 mm. The 
whole copper bar is divided into 25 elements (S;—S25), as shown in Fig. 4.12a. The 
element separation is 0.01 mm. 


Step 2. Build the 3D physical model 


Based on the element divisions, copper-bar shape, size and material, the physical 
model could be built in three dimensions, as shown in Fig. 4.1 2b. 


Step 3. Classify elements 


The elements to be calculated and grounded are determined in this step. Since only 
stray parameters of the copper bar are needed, other elements like the shield and the 
impedance analyzer’s ground are all modeled as the ground element. The copper bar 
is the unit to be calculated. According to the current direction, the current source is 


158 


Fig. 4.14 Grid meshing 
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imposed to the element as the excitation for electromagnetic calculation in following 


steps. 


Step 4. Mesh the grid 


To consider the skin effect and proximity effect, the skin depth ô could be applied 
to mesh different layers of the copper bar. The meshing result is shown in Fig. 4.14. 
Here ô is calculated by the conductivity o and permeability m. 


ô = 1/yx fmaxuo (4.2) 


For the copper, o = 5.8 x 10’ S/m and u = uo = 47 x 1077 H/m. 
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Step 5. Calculate parameters 


The stray resistance, inductance and capacitance will be calculated and generated as 
the matrix in the form of RLC. The calculated charge density is shown in Fig. 4.15, 
which indicates that the closer to the excitation the more concentrated the charge. 
Due to the skin effect, the closer to the corner the higher the charge concentration. 


Step 6. Draw equivalent circuit and impedance curve 


To simulate the impedance curve, the RLC matrix needs be exported to the circuit 
simulation software, such as PSpice to create the equivalent circuit. Figure 4.16 
shows the equivalent circuit for element Sı and S2, each of which is a T-type circuit. 
For the element S4, the T circuit is symmetric, with 1/2 of the self-stray inductance 
and resistance, Lin and Rin evenly distributed on the left and right side, respectively. 
The parasitic capacitance to the ground, C11, is connected to the circuit middle point. 
The stray capacitance between Sı and S2, C12, is located between middle points of 
the two circuits. Mj is the stray mutual inductance of two circuits. 

Based on the equivalent circuit, PSpice could scan the frequency and generate the 
impedance curve of the equivalent circuit, as shown in Fig. 4.17 when the frequency 
varies from 100 kHz to 180 MHz. Some errors exist between the simulation and the 
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Fig. 4.16 The element equivalent circuit in PSpice 
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Fig. 4.17 Impedance curve of the rectangular copper-bar loop 


experiments, which are mainly due to (1) precision of the element division, since 
the larger the element size the bigger the error, and (2) distance between elements, 
given the larger the distance the larger the error. When dividing the copper bar into 
25 units with 0.01 mm distance in between, the simulation results and measurement 
have aligned amplitude and phase. Around the first resonance point the relative error 
of the amplitude is <10% and that of the phase angle is <6%. Therefore, it can be 
seen the PEEC method is suitable for the extraction of stray parameters in large- 


scale conductors, which is a perfect candidate for modelling bus bars in high-power 
converters. 


4.2.3 Simplification of Stray-Parameter Extractions 
in the Complex Structures 


In the actual converter analysis, the modelling and extraction of the bus-bar param- 
eters are more difficult than simple-structured ones. The challenges remain at 
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(1) The actual bus bars in the high power converter have large dimension, irregular 
shapes, and complex working environments, all of which make the 3D modelling 
difficult. Therefore, the simplification of the modeling is the must; 

(2) The TCT is highly related to time constants of the objective transients. Different 
time constants determine different topologies. In the commutation process, the 
frequency of all bus bars might vary. However, if stray parameters of all bus 
bars are calculated based on the same frequency, not totally aligned with the 
actual working condition, the calculation error will exist, which is subject to be 
analyzed and amended. 

(3) Stray parameters of the bus bars are abundant and the equivalent circuit is com- 
plex, obstructing the system simulation and analysis. Analysis on the sensitivity 
of those parameters must be given to simplify the equivalent circuit. 


Therefore, without sacrificing the precision, we could simplify some minor ele- 
ments in bus bars of actual converters, for the simplicity of system modelling. In the 
large-scale bus-bar modelling, some small elements will complicate the grid mesh- 
ing without altering the final analysis result. Such small parts include bolts and nuts, 
assembly holes of multi-layer bus bars, gaps and interconnections. All of these minor 
parts are not negligible in actual bus bars, however, could be simplified to enhance the 
efficiency of parameter extractions using the PEEC method, which is one of the most 
critical problems in the complex bus-bar modelling of power electronic converters. 

Assembly holes of multi-layer bus bars can be taken as an example to illustrate the 
simplification of modelling and related impact on the accuracy. Assume the radius 
of the hole is r. The related resistance, capacitance and inductance could be swept 
with different valued r. Set the initial radius r = 10 mm, the end value of 30 mm, the 
step of 5 mm, and the working frequency of 30 MHz. Theoretical analysis shows that 
the variable hole radius results in variable parameters, especially the resistance and 
the mutual capacitance. The variation of absolute values of the self-inductance and 
the mutual inductance is small. However, the relative difference varies drastically, 
which is critical to the characteristics of the equivalent circuit. 

Equivalent-area method is applied to simplify the modeling of assembly holes. 
The equivalent area could be calculated by the empirical Eq. (4.3), which results in a 
relatively low error between the simplified model and the actual model. The essence 
of such method is to add some aligned areas based on the original area. Figures 4.18 
and 4.19 show the comparison between calculated Cj2 and Li;—Mj2 with actual 
values. 


AS = 2(r —5.5 mm)’, r > 10mm (4.3) 


It can be seen with the equivalent-area method, the error between the simplified 
model and the original model drops significantly, for both the mutual capacitance 
and the equivalent inductance. As a summary, a small hole on the bus bars could be 
neglected. A large hole, if needed, could be modelled and simplified by the equivalent- 
area method to facilitate the meshing. The similar approach could be adopted when 
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Fig. 4.18 Capacitance based 
on the improved modelling 
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Fig. 4.19 Inductance based 
on the improved modelling 
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modelling the gap and layer-to-layer structure, yielding the high accuracy when 
simplifying complex bus bars. 

The simplification of the stray-parameter extraction is essentially a tradeoff 
between the computation load and accuracy, a comprehensive problem involving 


multiple factors, such as the mechanical structure, short-timescale transients, charge 
and current distribution in circuits. 
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4.3 Analysis of Stray Parameters in IGBT Based 
Converters 


4.3.1 Impact of Stray Parameters on the IGBTs in the Power 
Converter 


In the power electronic converter, stray parameters in the main-power loop highly 
affect the reliability and performance in the transient commutation process. The 
switch will be the first to be affected. With the increment of power ratings, require- 
ments on the voltage ratings, current ratings, insulation and thermal are increasing 
as well, which usually require large-scale switches, power modules and cooling sys- 
tems. It then enlarges the size of interconnections and the distance between switches, 
which in return increases the stray inductance along the loop and highly impacts tran- 
sient characteristics of power switches. 


1. Restraints of stray inductance on the IGBT applications. 


Such restraints can be experimentally analyzed. The test bench is shown in 
Fig. 4.20, where the switching processes could be measured with the bus-bar structure 
altered. Experimental comparisons could be used to qualify the impact of the stray 
inductance on the switches in the power electronics converter. The IGBT module 
used in Fig. 4.20 has the rating of 1200 V/450 A. 

The stray inductance of the commutation loop is related to the bus-bar loop area. 
The longer the bus bars or the bigger the loop area, the larger the equivalent induc- 
tance. Hence the length and area of the bus-bar loop could be adjusted to change the 
stray inductance. 

Three types of bus bars are experimentally compared through testing their 
inductance impact on the switching performance. These three designs are: compact 
multi-layer bus bars, small-area long bus bars, and large-area long bus bars. Their 
stray inductances increase progressively. To fully examine the leakage inductance, 


Fig. 4.20 The test bench for 
the influence of stray 
inductance on IGBT 
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no snubber circuit is added in the test bench shown as Fig. 4.20. To further verify the 
effectiveness of the snubber circuit, the small-area long bus bars are equipped with 
the snubber and get tested at the same condition, which qualitatively analyzes the 
suppression on the stray inductance by the snubber circuit. Experimental waveforms 
on such three types of bus bars are shown in Fig. 4.21. 

Figure 4.21a shows the switching waveform with compact multi-layer bus bars 
and the DC-bus voltage of 600 V. Figure 4.2 1c shows the switching waveform with 
the large-area long bus bars and the DC-bus voltage of 400 V. Figure 4.21b and c 
show the tests under the small-area long bus bars, the DC-bus voltage of 500 V, with 
and without snubber circuits, respectively. 

The stray inductance will impose the electric stress on the switch in the turn-off 
process, 1.e., creating a voltage spike across the switch. At the same turn-off current, 
the larger the stray inductance, the higher the voltage spike thereby the more potential 
to damage the device. As shown in Fig. 4.21b and c, the maximum voltage values 
are approaching to 1200 V, the maximum voltage rating of the switch. Increasing 
either the DC-bus voltage or output current is prone to destroying the device. From 
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Fig. 4.21 Experimental waveforms of the stray-inductance impacts on switching performance 
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(a) Experimental waveform with (b) Destroyed IGBT module 
long bus bars and large loop 


Fig. 4.22 The overvoltage failure caused by the stray inductance 


the aspect of the switch safety, the stray inductance of the DC-bus loop restrains the 
converter capability of the DC-bus voltage and output current. 

At the same time, a large stray inductance on the DC-bus loop will create the 
gate-voltage oscillation during the switching actions, which has the positive corre- 
lation with the stray inductance. Such oscillation on one hand will create and spread 
EMI through the coupling circuit between the gate-drive power supplies and other 
peripherals, which tends to weaken the system EMC. On the other hand, it increases 
the failure risk of devices, given such mode is an uncontrollable abnormity. To secure 
the switch reliability, the reduction of the DC-bus stray inductance in the converter 
is rewarding. 

Adding a snubber circuit will suppress the voltage spike induced by the stray 
inductance, which further reduces the gate-voltage oscillation, as shown in Fig. 4.21d. 
Compared to Fig. 4.21b, at the same DC-bus voltage and turn-off current, the equip- 
ment of the snubber circuit reduces the voltage spike to 1/3 of the original even 
though the DC-bus voltage shows some fluctuation. 


2. IGBT failure caused by the stray inductance 


Some destructive tests are carried out to investigate the impact of the stray induc- 
tance. With the test bench shown in Fig. 4.21c, the large-loop-area long-bus-bar 
system is given a 600 V DC-bus voltage. In the switching process, the turn-off volt- 
age peak reaches 1700 V, higher than the claimed breakdown voltage thereby creating 
the device failure. The failure process is shown in Fig. 4.22a. The destroyed IGBT 
module is shown in Fig. 4.22b. 

Three chips are paralleled to form one IGBT switch. Two such switches are in 
series connection to form one leg. The stray inductance for the chip further away from 
the DC-bus capacitor is larger than the other two, which explains why it undertakes 
a higher voltage stress and gets destroyed first. 
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3. IGBT failure indirectly caused by the stray inductance 


Another destructive mode is indirectly caused by the stray inductance. Oscillations 
occur among the DC-bus inductance, snubber circuits and switches during switching 
actions. The switch is the source of the excitation, which determines the oscillating 
frequency is no higher than the switch equivalent upper-limit frequency. All the 
EMI related is conductive. Shown in Fig. 4.23 are two bus-bar structures with their 
equivalent circuits, both of which adopt the multilayer design to reduce the stray 
inductance. 

The advantage of the structure A lies on the ease of assembly and test, a compact 
design of the overall converter, and a relatively small enclosure. The disadvantage 
is a long bus bar creating different commutation loops for different IGBT modules. 
The test results indicated a poor EMC performance. Structure B reduces the bus- 
bar length, provides an identical commutation loop for each module, and further 
embraces the better EMC. The disadvantage is the lack of the compactness thereby 
a larger enclosure. 

Stray capacitance exists among the controller, the gate of the switch, the ground 
of the auxiliary circuits and the bus bar. Such capacitance provides the channel 
for the common-mode (CM) EMI, which can be converted to the differential-mode 
(DM) disturbance, influences the system reliability and worsens the EMC. Shown in 
Fig. 4.24a is the experimental line-line voltage of a motor fed by an inverter, with the 
bus-bar structure shown in Fig. 4.23a. Drastic oscillations emerge under the high- 
current operation, which further interferes with the system communication. Such 
discounted system reliability most likely results from the EMI disturbance caused 
by the inappropriately designed bus bar. In the long-term operation of the inverter, 
switch damages occurred, as shown in Fig. 4.24b. Among three paralleled IGBT 
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(a) Bus-bar structure A (b) Bus-bar structure B 
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Fig. 4.23 Two bus-bar structures and their equivalent circuits 
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Fig. 4.24 EMI caused by the bus-bar layout 


switches, the destroyed chip is located furthest away from the DC-bus capacitor. 
This chip is closest to the EMI source and bears the majority of the disturbance when 
the DC-bus voltage oscillates, which further induces the gate-voltage oscillation and 
creates the failure. 

With the bus-bar structure B, EMI source is suppressed and the disturbance cou- 
pling is weakened with the enhanced EMC and reliability. Therefore, for the bus-bar 
design the less the stray inductance the better. Meanwhile the component placement 
needs be optimized to reduce the coupling between the bus bar and other peripherals 
vulnerable to noises. All of these help enhance the system EMC. 

The DC-bus-bar stray inductance is a critical influential factor of switching tran- 
sients, which makes the main-power circuit of the converter non-ideal. It changes 
the switch electric stress and amplifies the impact of di/dt and du/dt in commuta- 
tion processes. For the high-power VSCs, DC bus bars are the must for the system 
main-power loop. Investigating the impact of the bus-bar inductance in the transient 
process is of importance for the converter reliability and performance. 


4.3.2 Modelling of DC Bus Bars in the IGBT Based 
Converter 


Multilayer bus bars are widely used in the IGBT based converter. Merits of such 
design include the significant reduction of the bus-bar stray inductance, compact 
design and ease of thermal dissipation. Therefore, modelling such bar bus remains 
as a focus. 
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The conventional extraction of stray parameters treats all conductors of bus bars 
as one solid piece. The PEEC method will be used to build its equivalent circuit 
for the further circuit simulation and performance analysis. However, for the IGBT 
converter, the large-scale multilayer bus bars have their own specialties, in terms of 
extracting and modelling stray parameters: 


(1) Layers of bus bars are very close to each other, approaching to the limitation of 
the mechanical fabrication, assembly, and insulation; 

(2) The bus-bar structure is highly related to the DC-bus capacitor; 

(3) The bus-bar area is relatively large and the current flow inside are complex. 


All the above characteristics impose some constraints on the extraction and 
modelling of the multilayer-bus-bar stray parameters in the IGBT based converter. 
Here we use one 315 kW converter to illustrate the design, modelling and analy- 
sis process of a large-scale low-inductance multilayer bus bar. For such a two-level 
315 kW/380 VAC inverter, four 1200 V/450 A IGBT power modules are paralleled 
to form one main switch, as shown in Fig. 4.25. Instead of considering the current 
balance among IGBTs, here we focus on the impact of the bus bar on each IGBT 
module. 

From the circuit topology point of view, the DC bus bar connects the DC-bus 
capacitor with IGBTs. With flat IGBT modules, the mechanical design of the bus- 
bar interface with IGBTs is relatively simple. For the DC-bus capacitor, given the 
maximum operational voltage of this two-level inverter is above 700 V while the rated 
voltage of conventional aluminum capacitors is 400-450 VDC, series connected 
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Fig. 4.25 The main circuit of one 315 kW/380 VAC two-level inverter 
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capacitors are needed. Furthermore, three voltage-potential bus bars are needed, 1.e., 
DC+, DC— and 0. The two-layer DC bus bars are shown in Fig. 4.26a, where the 
top layer is the DC+ and the bottom layer is DC— and 0. The three-layer design is 
shown in Fig. 4.26b, where the top layer is DC+, middle layer is DC— and the bottom 
layer is 0. Both types of bus bars adopt the insulation pad between different layers 
for the electrical isolation. Assembly holes are used with bolts tightening DC-bus 
aluminum capacitors. 

Prior to the fabrication of DC bus bars, the PEEC method can be employed to 
calculate related stray parameters based on the design dimension. The bus bars then 
can be further modelled with software. Meshing and simplification of such modelling 
is skipped here. Both types of DC bus bars have the similar placement of aluminum 
capacitors. To bridge with latter analysis, we divide both bus bars into four segments, 
with each segment illustrated in Fig. 4.26. A comparison of the stray inductance for 
each segment in each bus-bar structure is shown in Table 4.2. All these parameters 
are extracted by the PEEC method. 

Both bus bars have the same equivalent circuits, as shown in Fig. 4.27, though 
parameter values might vary due to the structural difference. Here Lparı is the stray 
parameter between the first segment of the bus bar and DC-bus capacitors, i.e., 
Loart Pp + Loari N- Loar2 *, Loar3 * and Lparg * are the stray inductance of corresponding 
segments, respectively. Licpt is the stray inductance of the IGBT internal. With such 


Fig. 4.26 Two types of DC 
bus bars 
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Table 4.2 Parameter comparison of two DC bus bars 


Lpari (nH) Lpar2 (nH) Lbar3 (nH) Lara (nH) Total (nH) 
Two-layer  |21.82 13.12 28.49 71.95 
Three-layer | 17.22 26.58 54.78 
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Fig. 4.27 The DC-bus-bar model of one IGBT converter 


model of DC bus bars, both simulation and experiments could be used to analyze the 
impact of stray parameters. 

With two different bus-bar structures, the IGBT converter of Fig. 4.25 is tested 
under a DC-bus voltage of 600 V and a turn-off current of 400 A. Both scenarios of 
with and without snubber circuit are studied with experimental waveforms shown in 
Fig. 4.28. Without the snubber circuit, turn-off voltage spikes of the IGBT vary with 
bus-bar structures. The turn-off voltage peak reaches 1000 V when the two-layer 
bus bar is used. In contrast, that with the three-layer structure is slightly lower, i.e., 
950 V. With the snubber circuit equipped, the turn-off voltage peak values for both 
structures are significantly reduced to 720 V. 

As shown in Fig. 4.26, the common point of both types of bus bars is that com- 
ponent terminals are not totally overlapped with bus bar. Such region is located at 
the negative DC-bus. Their difference is the different number of layers, with lower 
inductance for the three-layer structure even though more copper is consumed. 

Experimental comparison shown in Fig. 4.28a and c indicates that the voltage 
spike with the three-layer structure is smaller. The larger overlapping area between 
positive and negative DC bus of such a three-layer design yields a lager mutual 
inductance thereby less leakage inductance internal of the DC capacitor array, 1.e., 
lower Lbar2 and Lypar3, Which explains why its performance is better than the two-layer 
structure. However, at the most critical zones, 1.e., connectors between the bus bar 
and the switch, no perfect alignment exists for either of bus bars, yielding a relatively 
large Lyara In Fig. 4.27, i.e., stray inductance of the segment 4. Therefore, both types 
of bus bars introduce a quite large turn-off voltage spike of IGBTs. Given Lpar4 is 
more critical than Lbar2 and Lyar3, the merit of the three-layer design is not fully 
revealed, as validated in experiments. Even though the three-layer design reduces 
the overall inductance compared to the two-layer design, one noticeable issue is that 
the difference of IGBT switching transients with two types of bus bars is not obvious. 
Such analysis will be further extended in Sect. 4.5.2. 
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Fig. 4.28 Experiments of switching transients with two different bus bars 


4.4 Analysis of Stray Parameters in IGCT Based 
Converters 


4.4.1 Modelling of DC Bus Bars in a Three-Level IGCT 
Converter 


Stray parameters in an IGCT based converter are different from those in IGBT based 
converters, mainly due to the device package. The mechanical assembly of power 
electronic converter is closely related to the switch package. In general, two types of 
DC bus bars are prevalent in the high-power converter. One is for the stack-clamping 
devices, the other is for modular devices. The former one is usually used in the 
high-current applications, where IGCTs and IGBTs especially IGCTs are preferred. 
In this section we take one 4500 V/600 A IGCT based three-level converter as an 
example to analyze and model stray parameters of its bus bar. 
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The actual system adopts the forced-air cooled clamping heatsink for both IGCTs 
and FRR diodes. By imposing some pressure, the anode and cathode of power devices 
are attached to the heatsink through the fixture, forming a switch stack. The heatsink 
is used for the thermal dissipation as well as the electricity conducting thereby acting 
as part of bus bars. All connectors between switches and external circuits are through 
the heatsink. In general, with the same topology for all legs, their stacking structure 
is the same. Some inverters apply one commonly used snubber for three legs. For 
the sake of the symmetry, the snubber diodes Dey; and Dy.c2 are placed on the top 
and bottom of the middle phase V, respectively. As shown in Fig. 4.29, devices in 
the Phase-V stack from the top to the bottom are Dey, Tvi, Dvi, Tv2, Tv3, Dv2, Tv4 
and Di c2, respectively. Here Ty; (i = 1, 2, 3, 4) are IGCTs. Dy; and Dy2 are neutral 
clamping diodes. 

Bus bars in the inverter must comply with requirements of voltage and current 
capability, insulation and heat dissipation. They are meanwhile restrained by the 
device shape, dimension and locations. Due to the symmetry of the topology and 
switch stacks, bus bars are bilaterally symmetric and top-to-bottom symmetric. Based 
upon the location, bus bars could be categorized as snubber bus bars, connecting bus 
bars, and phase bus bars, as shown in Fig. 4.30. Here snubber bus bars connect the 
snubber capacitor Cc with the diode Dc, connecting bus bars are used to link the 
snubber with three legs, and phase bus bars are connections and heatsinks of four 
IGCTs and two clamping diodes. 

Usually bus bars adopt the three-layer structure, placed in the middle of the con- 
verter. In addition, cables are important media as well to mainly connect passive 
components, for instance, the DC-bus capacitor and snubber components. To involve 
cable stray parameters in the equivalent circuit, when measuring the impedance of 
passive components we need include cables as well. 


Fig. 4.29 Phase stack of the 
three-level IGCT inverter 
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Fig. 4.30 Categories of bus bars for an IGCT based inverter 


Compared to those bus bars used in the IGBT module based converters, the IGCT 
converters have following specialties: 


(1) More conducting bus bars with the high independence from each other; 

(2) Heatsinks conduct the current as well, which bring extra stray parameters; 

(3) The DC-bus bars of three-level converters have three layers, each of which has 
large current flowing through; 

(4) The snubber circuit is shared by three phases, the location of which determines 
the effectiveness of the stray-parameter suppression. 


In summary, the IGCT based high-power converter has features of large size, high 
complexity, irregular shapes and strong diversity, etc. 


4.4.2 Transient Commutation Topology 


The highest frequency of the TCT is determined by the fall time tf of the switch 
turn-off current, 1.e., 


fmax = 1/(27 tt) (4.4) 


The typical IGCT turn-off characteristics with related parameters are shown in 
Fig. 4.31. Here CS is the IGCT gate-control signal, /7 is the IGCT current, Ug is the 
IGCT gate voltage, Irago is the maximum turn-off current, Upsp is the first turn-off 
voltage peak, U py is the second turn-off voltage peak, Ug, is the DC-bus voltage and 
ta_off 1S the IGCT turn-off time delay. tẹ is the time interval during which the current 
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drops from 0.8/ TGQ to 0.3/ TGQ, around 300 ns. Therefore, the maximum frequency 
for the bus-bar modelling is 530 kHz, yielding the maximum bus-bar unit length of 
500 mm. 

The 3D model is shown in Fig. 4.32, with simplifications made below. 


(1) Neglecting assembly holes and bolts on bus bars; 

(2) Changing irregular bus bars into regular bus bars; 

(3) Ignoring dielectrics, thermal vias on the heatsink and interactions of surrounding 
cables. 


The whole bus-bar model contains 50 units, including 18 connecting bus bars, 25 
phase bus bars and 7 snubber units. The inverter enclosure uses Aluminum coated 
zinc plates, with the dimension of 900 mm x 560 mm x 1800 mm. It acts as the 
shielding cabinet and the ground. The equivalent circuit containing bus-bar stray 
parameters is shown in Fig. 4.33. 


Fig. 4.31 IGCT turn-off characteristics and parameters 
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Fig. 4.33 Equivalent circuit including stray parameters 


Due to the symmetry of the topology and circuit, only equivalent circuits of Phase 
Uand V are given. For the simplicity, only the self-inductance of each bus-bar element 
is provided in Fig. 4.33. Here L,;—Ly6 are the inductance values of connecting 
bus bars, Ls;—lLs7 are the inductance values of snubber bus bars, Lpy;—Lpyo are 
the inductance values of Phase-U bus bars, and Lpy;—Lpvo are the values of the 
Phase-V bus bars. Loopl, Loop2, Loop3 and Loop4 are the inductance values of 
the commuting loops for Ty;, Tu3, Tv; and Ty3, respectively. Obviously after stray 
parameters are taken into account, commutation loops look different from the original 
ideal topology, 1.e., 


(1) Each IGCT in the same leg has different commutation loops with different stray 
parameters. The inner IGCT faces more stray inductance in the commutation 
loop than the outer IGCT, i.e., LLoop2 > LLoopı and Lioops > LLoop3; 
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(2) The same-positioned switches in different legs have different loops with differ- 
ent stray parameters. For instance, the Phase-U and -W IGCTs have larger stray 
inductance than Phase-V IGCTs, 1.e., LLoopi > Lioop3 and Loop > Lioops. 


In transient commutations of Ty , three scenarios of the inverter-bus-bar current 
need be considered: 


(1) Inthe Loopl (Ty1;-Dui-Dci1-Cc x1), Tu; turns off with the current rapidly chang- 
ing, shown as the dashed line; 

(2) The load current does not change with the Phase-V and Phase-W bus-bar current 
remaining stable, shown as the solid line; 

(3) Other bus bars, such as the bottom half of the Phase-U and the top part of the 
Phase-V/W remain open-circuit. Namely the bus bar current is zero. 


While all parameters of bus bars are calculated based on the same frequency, 
the specialty of the bus-bar current distribution complicates the extraction of stray 
parameters. Therefore, when modeling bus bars, we could consider the whole-bus- 
bar modeling or commutation-bus-bar method. 

The whole-bus-bar modeling assumes all bus bars work at the highest frequency. 
All bus bars will be meshed and calculated with only the shielding cabinet as the 
grounding unit. Such method allows all bus-bar units to be calculated and analyzed, 
however, its demerits are obvious, e.g., heavy computation load and slow calculation 
speed. 

The commutation-bus-bar modeling only calculates working bus bars at the high- 
est switching frequency. All other bus bars staying idle are modeled the same as the 
shielding cabinet, 1.e., the grounding unit. The merit is its fast calculation speed. The 
demerit is that each commutation loop has to be modelled independently. 

The stray inductance and capacitance of Loop! has been calculated with the above 
two methods, respectively (Tables 4.3 and 4.4). Here we only consider the inductance 
of >30 nH and capacitance of >6 pF. The calculation results indicate that 


(1) Mutual inductance and mutual capacitance exist among bus bars, due to the 
multi-layer bus-bar structure. For example, the inductive and capacitive coupling 
coefficients between bus bar elements Li; and Liz are 86 and 58%, respectively; 

(2) The inductance relative error between the commutation-bus-bar method and 
the whole-bus-bar method is <10%. The capacitive relative error, however, 
is <1.3%. Therefore, other bus bars have some impact on the stray inductance 
of the commutation loop with little influence on the stray capacitance. 
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Table 4.3 Stray inductance of Loop! 


Inductance Whole-bus- Commutation- | Inductance Whole-bus- Commutation- 
bar bus-bar bar bus-bar 


Table 4.4 Stray inductance of Loop! 


Capacitance | Whole-bus- Commutation- | Capacitance | Whole-bus- Commutation- 
EN bus-bar bar bus-bar 


Furthermore, we could merge some bus bars to reduce the bus-bar numbers and 
facilitate the circuitry simulation. Three criterions are to be followed: 


(1) Merge small-stray-parameter bus bars into large-valued ones; 
(2) Merged elements need be in the same loop; 
(3) Merged elements are adjacent in terms of the physical location and circuit topol- 


ogy. 


To compare the results before and after merging bus bars, we assume IGCTs and 
diodes in the loop are all short-circuited and replace the snubber capacitor with a 
current source. In this way we could calculate the impedance characteristics of bus 
bars in the commutation loop when looking into two terminals of Ce_+ and CceL—. 
Shown in Fig. 4.34 is the simplified Loop1 equivalent circuit in PSpice. 

Since both L; and L> are geometrically vertical to other bus-bar units, little as 2% 
of the inductive and capacitive coupling is to be considered. The coupling between 
Lı, Lz and other bus bars then could be ignored. 

The simulated impedance characteristics of Loop! with and without simplifica- 
tions are shown in Fig. 4.35. As seen, the simplified model has the similar impedance 
characteristics to the original model, with relative errors of the amplitude and angle 
both less than 5%. This proves the feasibility of the simplification method and makes 
the established equivalent circuit more concise. 
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Fig. 4.34 The simplified Loop! equivalent circuit in PSpice 


In such analysis, we can further compare simulation results of the IGCT model 
with stray parameters to experimental waveforms, in order to verify the fidelity 
of stray parameters, as shown in Fig. 4.36. Experimental results could be used to 
reversely calculate stray parameters and compare with the 3D modelling, revealing 
10% error. It is worth pointing out that using the IGCT turn-off voltage to reversely 
calculate the stray inductance lacks the accuracy, due to the influence of the diode 
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Fig. 4.35 The simulated impedance characteristics of Loop! 
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forward voltage. However, with the modeling of stray parameters in IGCT high- 
power converters, the transient model with only stray inductance could effectively 
emulate and predict the transient commutation process. 


4.5 Quantitative Analysis and Optimization of Stray 
Parameters 


4.5.1 Evaluation of Stray Parameters in the IGBT Module 
Based Converter 


According to the bus-bar characteristics of the IGBT converter, optimization of its 
bus bars is restrained by 


(1) Mechanical fabrication, assembly and insulation. The relative position and clear- 
ance are difficult to change with little optimization room left; 

(2) Large area of any single conductor. Therefore, only some local zones of the bus 
bar are subject to optimizations. 


Based on the above, a segment-based evaluation method is applied to evalu- 
ate stray parameters and optimize multilayer bus bars in IGBT converters. For 
the example in Sect. 4.3.2, the three-layer bus bars have 24% lower inductance 
than the two-layer bus bars. However, its suppression of the IGBT turn-off voltage 
spike is very limited. Hence we need analyze the influence of bus-bar stray parame- 
ters on the IGBT performance per segment, to seek the best location for the further 
optimization. 

A simulation needs be firstly carried out based on the DC bus-bar model of the 
IGBT converter, as shown in Fig. 4.27, where stray inductance in each segment is 
adjusted thereby changing the overall stray inductance of positive and negative bus 
bars. Here we give five simulation waveforms, with the inductance of 5, 10, 20, 
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40 and 80 nH, respectively. Each simulation only changes stray parameters in one 
segment while keeping other segments by the default values calculated by PEEC. 
The simulation results are shown in Fig. 4.37. 

The inductance Lpar; of the first segment bus bar, connecting the rectifier output 
with the first array of the DC-bus capacitors, has nearly no effect on the switch turn- 
off voltage. Being closer to switches, other stray inductance Lpar2, Lbar3 and Lpar4 
are becoming more and more critical, as shown in Fig. 4.37b, c and d, respectively. 
The inductance of the segment closest to the switch terminals, Lypar4, plays the most 
important role on the turn-off process. 

Simulation results also show that filtering capacitors suppress the stray inductance 
of upper-level bus bars. The stray inductance between the last piece of bus bars 
and switch module terminals, as the most sensitive parameter of DC bus bars, 
affects the turn-off voltage most. Therefore, when designing multilayer bus bars, 
the optimization design should be carried out particularly at the area close to switch 
terminals. When placing power components of the converter, shortening the distance 
between switch terminals and filter capacitors should be put on the top priority to 
minimize the stray inductance in between. 
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Fig. 4.37 Simulated influence of the stray inductance on the IGBT turn-off process 
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In addition, the simulation shows that the impact of capacitors close to the rectifier 
output on the bus-bar performance is negligible. Therefore, the optimization of the 
related part is less important. Copper strips could be adopted between the rectifier 
output and filtering capacitors instead of multilayer bus bars, which saves the space 
and material consumption of the overall converter. 

We can define the evaluation index of stray parameters as 


Fij a 9Up/9 Lpari(i = i, Zs 3; 4) (4.5) 


Here Up is the IGBT turn-off voltage peak, which could be replaced with other 
variables if needed. Lari is the inductance of the ith-segment bus bar. It can be 
further expressed as the sensitivity of the IGBT turn-off voltage peak over the stray 
parameters. For the case in this section, we have 


Fia © 3.4V/nH) >> Fiz > Fiz > Fry (4.6) 


Based on such case analysis, different weights are given to bus-bar segments 
accordingly for the further optimization. Different from the IGCT converter, the 
optimization of the IGBT converter is not determined by the location, but the local 
details. 


4.5.2 Bus-Bar Optimization for an IGBT Module Based 
Converter 


Based on the stray-parameter evaluation index of the IGBT module based converter, 
let’s revisit bus-bar parameters of two different structures again. The overall induc- 
tance of the three-layer bus bar is reduced by 24% compared to the two-layer struc- 
ture, however, the fourth-segment inductance Lpar4, the largest indexed part, is 7% 
lower, which explains why the overall inductance drops without changing the turn-off 
voltage much. Therefore, following two basic rules need be complied with: 


(1) Improve the insulation technology based on the basic insulation requirement; 
(2) Focus on terminal connections of the IGBTs and bus bars and make such parts 
as compact as possible. 


Overall bus bars could be optimized with the integrative design. The top layer 
is the positive bus bar and part of the zero bus bar, and the bottom layer is made 
of the negative bus bar and part of the zero bus bar. Instead of using the insulation 
pad between different bus bars like the two-layer and three-layer structures, the 
integrative bus bar adopts the dielectrics to secure the insulation between positive and 
negative bus bars as well as providing the fixture. The prototype sample of such bus 
bars is shown in Fig. 4.38, where printed circuit boards are adopted. Corresponding 
to the previous analysis, four segments are divided as well to provide a head-to- 
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head comparison with conventional two-layer and three-layer bus bars, as shown in 
Table 4.5. 

These three structures have the same locations of the DC-bus capacitors and IGBT 
connectors. Compared to the two-layer structure, the integrative bus bar has 59% 
lower overall inductance and 87% lower Lpar4, the part with the largest evaluation 
index. Compared to the three-layer structure, those numbers are 46 and 86% lower, 
respectively. Hence in addition to the reduction of the overall inductance, the weight 
Of Lpar4 1n the overall inductance drops significantly as well. 

Experiments are carried out for the three types of bus bars on the test bench, 
where power supply, mechanical terminals, temperature controller, control boards 
and current/voltage measurement are included. During the test, DC-bus capacitors, 
IGBTs, control pulses, DC-bus voltage and load current are consistent. The control 
signals are double pulses, the DC-bus voltage is 600 V and the load current is 450 A. 
The IGBT turn-off voltage with and without the snubber is shown in Fig. 4.39, 
respectively. Given the system assembly is so compact that no room is provided for 
current probes, the load current instead of the IGBT current is measured. 

The IGBT turn-off voltage peaks are compared in Table 4.6. Without the snubber 
capacitor, the two-layer conventional design is used as the reference. The relative 
values of the overall stray parameters, the four-segment stray inductance and the 
voltage spike (peak minus the DC-bus voltage) are shown in Table 4.7. Even though 
both the three-layer and integrative designs are the improvement of the two-layer 
design, more advantages of the integrative bus bars are revealed once the evaluation 
index is applied. 

For the no-snubber scenario shown in Table 4.7, under the same test condition, the 
difference of the turn-off voltage spike (U peak — Uac) results from the variation of the 
stray inductance. Compared to the two-layer structure, the overall stray inductance 
of the three-layer design drops to 76%, which only results in 88% of the original 
voltage spike. This is because the most important part Lpara 1s only reduced to 93% 
of the original. For the integrative bus bar, the overall stray inductance drops to 41%, 


Fig. 4.38 The optimized 
IGBT DC bus bars 


Table 4.5 Comparison of the optimized stray parameters 
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Fig. 4.39 Experimental results of the IGBT turn-off process with the optimized bus bars 


Table 4.6 Experimental comparison among three design approaches 


Without snubber (V) With snubber (V) 


Three-layer 950 725 
Optimized 705 715 


Table 4.7 Stray inductance versus the turn-off voltage spike 
Overall stray Loara (%) U peak —Ude (%) 
inductance (%) 


yielding a 26% of the original voltage spike. This is mainly because Lpar4 is further 
reduced. Such optimization essentially is based upon the evaluation index. 

After the snubber circuit is equipped, the turn-off voltage peak value for both the 
two-layer and three-layer designs is 725 V, reduced significantly however still higher 
than the no-snubber integrative bus bar. For the integrative design, the IGBT voltage 
spike sees no change when equipped with the snubber circuit. On the contrary, the 
voltage oscillation is observed during the turn-off process. Therefore, the snubber 
circuit used for the conventional bus bars brings no benefits but negatives to the 
integrative bus bar. 

The integrative bus bar effectively utilizes the space around the bus bar and com- 
ponent terminals to provide enough overlaps, which minimizes the local inductance 
thereby exhibiting the superior performance. The snubber circuit does not help reduce 
the voltage spike but introduces the oscillation, which means the stray inductance 
of the integrative design is already minimal and even less than the snubber parasitic 
inductance. It can meet the requirement without adding the snubber circuit. Without 
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any voltage oscillation, the integrative design eliminates one potential EMI source 
and enhances the system EMC. 

The comparison of three bus-bar design approaches reveals the superiority of the 
integrative bus bar, which reduces the stray inductance to the minimum due to the 
overlap of the critical zones, i.e., interface between the bus bar and components. 
For the conventional design using the multilayer bus bar, fixtures of the bus bar 
make it difficult to offer any overlaps. For those bus bars unable to use the multilayer 
structure, laminated connectors are recommended as shown in Fig. 4.40. Even though 
such laminated connectors can’t compete with the integrative bus bar, the bus-bar 
performance can still be somewhat improved. 

In the static electric field, laminated bus bars are equivalent to a planar capacitor, 
the capacitance of which is related to the dielectric between the bus bars. The inte- 
grative bus bar adopts the dielectric with the permittivity of 4.0, which guarantees 
the insulation and enlarges the stray capacitance. Such capacitance helps choke the 
turn-off voltage spike. 

After meeting the insulation requirement, reducing the dielectric thickness will 
on one hand increase the mutual inductance of the positive and negative DC buses, 
and on the other hand enlarge the stray capacitance of the bus bar thereby enhancing 
the snubber performance. Selecting a high-permittivity dielectric also helps increase 
the stray capacitance. The problem is, the compact integrative bus bars are not good 
for the thermal dissipation. Tradeoffs must be made between the system performance 
and reliability to select the appropriate dielectric material and bus-bar distance. 

As a summary, the design criterions of the bus bars in VSCs are: 


(1) Duetothe suppression of the upper-level bus-bar stray inductance by the filtering 
capacitors, that inductance between the rectifier output and the filtering capacitor 
affects little on the switch turn-off process; 

(2) The stray inductance between the filtering capacitor and the switch terminals 
affects the most the switch turn-off voltage spike. Regardless of the bus-bar 
structure, the optimized design of this region is a must; 

(3) Ifthe component placement allows, shortening the distance between the filtering 
capacitor and the switch terminal needs be placed on the top priority, aiming at 
reducing the local inductance; 

(4) Under the premise of the insulation, reducing the bus-bar distance and selecting 
the high-permittivity dielectrics will enlarge the mutual inductance and stray 
capacitance, which enhance the overall system performance; 

(5) No turn-off snubber is needed for the integrative bus bars. 
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Fig. 4.40 The laminated connectors of the DC bus bar 
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4.5.3 Evaluation of the Stray Parameters in Clamping 
Pressed IGCT Based Converters 


This section is focused on the evaluation of stray parameters in an IGCT based con- 
verter and its associated design rules. The goal is to simultaneously secure the switch 
reliability and improve switching transients through adjusting snubber parameters. 

Figure 4.41 shows the amplified turn-off voltage of IGCTs Ty, Tu3, Tv; and 
Tv3, respectively. Here the DC-bus voltage is 600 V and the load current is 65 A. To 
facilitate the test both the current and voltage are derated. Compared to the ideal IGCT 
turn-off where a voltage spike Up» exists, an extra voltage spike Upsp occurs at the 
early stage of the turn-off process. In addition, Upy and the stable time are affected. 
Different stray inductances in different commutation loops result in different IGCT 
turn-off voltages, especially Upsp. 

The conventional analysis assumes the whole loop has only one stray inductance. 
In fact, the impact of inductance on each branch is different and even drastically 
different. Based on the TCT proposed in previous sections, commutation loops con- 
sidering the stray inductance is shown in Fig. 4.42, where the stray inductance in 
five branches of the IGCT and diode is included. To clearly reveal the impact of each 
inductance on the switch performance, each inductance value is varied from 0.1 to 
| pH. Based on that we picture the IGCT turn-off voltage Ur and the clamping diode 
current Ipc as Fig. 4.43. 

As shown above, stray inductance of each branch highly influences the turn-off 
voltage waveform, e.g., peak and stable time for the commutation process. In details, 
it includes: 


(1) At the first stage of the turn-off process, the IGCT current commutates to 
the FWD. A large current changing rate induces the first voltage spike Upsp 
through the stray inductance Lsicgct, Lspcy and Lscc_. Here the commutation 
loop is IGCT-Dey_-Cce_-FWD-IGCT. The larger the inductance the higher the 


voltage spike; 


Fig. 4.41 Experimental 800 
turn-off voltage of one IGCT 780 L Upsp 
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Fig. 4.42 The equivalent 
commutation loops with 
stray inductance 


Lsicct 


VIGCT 


(2) Atthe second stage, the second voltage spike occurs due to the stray inductance 
Lsrci; Lsccr and Lscpc in the loop of Cpc-Rci-Cci-Cpe; 

(3) Based on the current of the clamping diode, it can be seen that Lsjgcr does not 
affect the energy releasing time T, of the current limiting inductor. However, 
all other inductances do, among which Lspc and Lsrcy affect the most, as 
shown in Fig. 4.43b and c. 


To evaluate the impact of the stray inductance on the IGCT switching performance, 
the impact factor of the stray inductance is defined as below. 


k = AA/ALsg (4.7) 


Here ALs is the variation of the stray inductance, AA is the variation of IGCT 
turn-off parameters impacted by the stray inductance, e.g., Upsp, Upm and Ts. The 
related impact factors are kypsp, kypm and krs respectively. 

Impact of the stray inductance on the IGCT turn-off voltage spike Upsp, Upm 
and 7's is simulated as Fig. 4.44. To facilitate the comparison, the stray inductance 
of each branch is varied from 0.01 to 0.2 Lj, i.e., 0.107 to 2.14 wH. 

As shown in Fig. 4.44, the impact of the stray inductance in each branch on the 
IGCT turn-off performance is greatly diversified. Among all inductances, Lsjgcr and 
Lspcy affect Upsp the most, Lsrc and Lspcp affect Upm the most, and Lsprcy, and 
Lspc affect Ts the most. 

Using the first-order linear equation y = ax + by for the polynomials of above 
curves indicates the correlation coefficient is larger than 0.99. Therefore, when the 
stray inductance is 0.01—0.2 Li, the IGCT turn-off parameters have linear relation- 
ships with the stray inductance. Based on Eq. (4.7), impact factors of the inductance 
in each branch are shown in Table 4.8. In this table, the impact factor of the stray 
inductance in the loop of IGCT-Dcy_-Cc_-FWD-IGCT is kypmMmax = 140 V/H. 
Lspci and Lsrcy affect Ts the most with the maximum impact factor of kTsmax = 
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Fig. 4.43 Ur and Ipc under the influence of stray inductance 


8 us/H. Based on these impact factors, the correlation between the IGCT turn-off 
characteristics and stray inductance can be further evaluated. 
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Fig. 4.44 Impact of the stray inductance on the IGCT turn-off performance 


Table 4.8 Impact factors of stray inductance 


[seme 
e E E 
ew) o o a s 
wam | o e o j o 


4.5.4 Bus Bar Optimization for the IGCT Based Three-Level 
Converter 


For an IGCT based three-level high-power converter, bus bars undertake the high 
voltage and high current simultaneously, making the laminated bus bar an unquali- 
fied candidate for the requirements of voltage withstanding, insulation, mechanical 
and heat dissipation. In addition, the clamping structure of the IGCT gives high 
constraints on the assembly and thermal, further obstructing the application of lam- 
inated bus bars. Therefore, to connect the components in the IGCT based converter, 
the copper bus bars with the rectangular cross-section areas are the preference. 
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Abundant components plus the snubber circuit make such system more com- 
plex than the two-level converter. On the other hand, more bus bars applied further 
complicate the bus bar placement and design. 

Take the Phase-U as an example. The leg commutation loop is shown in Fig. 4.45, 
when the first turn-off voltage spike of each switch appears. Current directions of each 
circuit branch are labelled. Here Jo is the bus-bar current and Lo is the bus-bar stray 
inductance. It is indicated that all commutations of the three-level converter happen 
between positive and zero bus bars, or between zero and negative bus bars. Outer- 
switch commutations and inner-switch commutations are two basic commutation 
modes. 


(1) Outer-switch commutation, which is made of the IGCT and the clamping diode. 
Shown in Fig. 4.45a, c, e and g are the switching on/off commutation loops of 
outer switches Ty; and Ty4, respectively. Given such commutations involve 
outer switches, we call them outer-switch commutations. 

(2) Inner-switch commutation, which involves the IGCT and the anti-parallel diode 
of the IGCT, as shown in Fig. 4.45b, d, f and h. They are related to switching 
actions of Ty3 and Tu2, respectively, i.e., inner switches. Therefore, we name it 
as the inner-switch commutation. 


Based on the analysis above, at the first voltage spike, each branch has the fol- 
lowing features: 


(1) All snubber bus-bar current increases in the certain direction, i.e., forward bias 
direction of the snubber diode; 

(2) Atthe commutations of P<>O, when Zo flows into the neutral point O, the current 
amplitude reduces, otherwise, increases. Per commutations of ON, when Io 
flows into the neutral point O, the current amplitude increases, otherwise, drops. 

(3) At the commutations of P<O, when the positive bus current flows into P, the 
current amplitude increases, otherwise, decreases. Per commutations of 0N, 
when the negative-bus current flows into N, the current amplitude decreases, 
otherwise, increases. 


Take the connecting bus bars Bp and Bo as examples, which connect P with Ty; 
and O with Dy, respectively. Bus bars could be paralleled or overlapped. Here we 
define Fig. 4.46a as the bus-bar forward connection and Fig. 4.46b as the reverse 
connection. 

The placement of the bus bar is aimed to minimize the impact of the stray induc- 
tance on the turn-off voltage spike. During the commutations of P<>O, four com- 
mutation loops shown in Fig. 4.45a—d all involve Bp and Bo. The stray inductance 
of these two bus bars when forward and reverse connected is shown in Table 4.9. 

In Table 4.9, sign(M) represents the sign of the mutual inductance between two 
bus bars. When carrying the same-direction current, the sign is +, otherwise, —. 
Sign(d/p/dt-d/o/dt) represents the sign of the multiplication of two current changing 
rates. Only when both current changing rates are positive or negative, the sign is +, 
otherwise, —. “|” for Leff indicates the reduction of the stray inductance while “4” 
means increment. 
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Fig. 4.45 Commutation loops of one leg in an IGCT based three-level NPC inverter 
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Therefore, the impact of the bus-bar placement on the stray inductance is deter- 
mined by the current direction and changing rate, following the criterion as: when 
sign(M ) and sign(d/p/dt * d/o/dt) have different polarities, the equivalent inductance 
is decreased, otherwise, increased. 

As a summary, the proposed bus-bar design is shown as the flow chart of Fig. 4.47, 
where N represents the loop number involving two bus bars to be designed, K 
means commutation loops being analyzed, and L means the bus-bar layout method. 
L = 0 means no laminating design, | means the forward connection and 2 means the 
reverse connection. 

The essence of the bus bar design is to first analyze the transient commutation 
processes, locate the first turn-off voltage spike, and understand the current direction 
and current changing rate. Secondly based upon the current of the bus bar we need 
decide the sign of the mutual inductance, in order to reduce the stray inductance. 
This will decide whether the laminated bus bars are required, forward or reverse 
connection. 

It is worth pointing out that commutation processes of the three-level converter 
do not happen between positive and negative bus bars simultaneously, but between 
zero and positive or zero and negative bus bars. Therefore, the laminated design is 
only required between positive and zero bus bars, or negative and zero bus bars. No 
specific requirement is needed for positive and negative bus bars. 


Bp Bp 
Poo TH POT 
old Cy, Dil — Jlo 

Bo Bo 

(a) Forward connection (b) Reverse connection 


Fig. 4.46 Bus-bar placements 


Table 4.9 Stray inductance with different bus-bar placements 


Commutation | Connection | Current di/dt sign(M) Sign Lir 
loop direction (d/p/dt-d/o9/dr) 
(a) Forward P — Ty | d/p/dt>0 

O — Dy} | d/o/dt < 0 


— 


Reverse P —> Ty T 
Du} <O 
(b) and (c) Forward P — Ty, | d/p/dt <0 1 
O < Dy | d/o/dt < 0 
Reverse P > Ty t 
Du —>O 
(d) Forward P<Ty | d/p/dt>0 1 
O < Dy | dl/o/dt < 0 
t 


Reverse P + Ty 
Du —>O 
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Fig. 4.47 Flow chart of the bus bar placement 


Once the size and placement of bus bars are settled down, we need consider 
the connection between bus bars and components. Theoretically, any points on 
the bus bar could connectors. Usually we select connecting points based on the assem- 
bly convenience, distance and ease of the connector fabrication. Previous analysis 
indicates that stray inductance in different commutation loops has different impacts 
on transient characteristics. The connector of bus bars and components is exactly the 
electrical joint in the topology. It is possible for us to relocate the bus bars to differ- 
ent loops thereby changing their stray inductance, which is named as the relocation 
design of the bus bar. For example, on top of the bus bar Sọ located between the 
snubber capacitor Ccı and snubber diode Dc, we need place the snubber resistor 
Rc... Two different design approaches are shown in Fig. 4.48. 

The approach | assigns bus bar S» to the snubber diode branch, making Ls? 
become part of Lspc_. The approach 2 assigns bus bar S» to the snubber capacitor 
branch, making Ls2 become part of LsccL. According to the impact factors shown in 
Table 4.8, Lspcy plays afar more important role than LsccL. Therefore, relocating the 
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Fig. 4.48 Comparison of two design approaches 


bus-bar inductance is highly critical. An optimized bus-bar relocation could assign 
appropriate stray inductance in the loop thereby minimizing its impact on the switch 
transient performance. 

The relocation of bus bars based on the influence of the stray inductance roots in 
impact factors of stray inductance on the transient performance. Priorities of the stray 
inductance of all bus bars are studied first. During the optimization, the inductance 
is increased in low-priority bus bars and reduced in high-priority bus bars. 

According to Table 4.8, priorities of Lsigct, LspcL and Lscc are shown as below: 


(1) The top priority is LspcL, given Upsp and Ts have strong positive correlations 
with Lspcr; 

(2) The middle priority is Lsjgct, which only impacts Upsp without Ts; 

(3) The lowest priority is Lscc_, which affects all performance indexes the least. 


Therefore, when relocating bus bars, if needed we could increase Lscc and 
minimize Lspc i. 

The conventional three-layer bus bar design and placement are shown in Fig. 4.49. 
Based on the above analysis, such design has following defects. 


1. Large stray inductance in the commutation loop. 


The commutation loop of the outer switch, Loop1, has the stray inductance mainly 
contributed by Ty; and Ly 1, the connecting bus bars between positive bus bars. Three 
layers of positive, zero and negative bus bars enlarge Luy; with a relatively large area 
of Loop1. Such design meanwhile complicates the bus bar fabrication, assembly and 
maintenance. 

The commutation loops of inner switches, Loop2 and Loop4, have inductance 
induced by Luy; and phase bus bars between inner and outer switches, 1.e., Lpya, 
Lpus, Lpv4 and Lpyo. Due to the large distance between phase bus bars and Ly, 
loop areas are increased. 
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Fig. 4.49 The three-layer 
bus bar design and placement 
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2. Inappropriate relocation of the stray inductance. 


The lowest-priority inductance Lsccy is the minimal in each loop. For the Loop] 
and Loop3, the top-priority Lspcz is the largest. 

To verify the effectiveness of the proposed bus-bar relocation, we propose a novel 
two-layer laminated bus bar, with the placement and relocation shown in Fig. 4.50a. 
Different from the original three-layer bus bars, the newly proposed bus bars: 


(1) Adopt two double-layer laminated bus bars, i.e., positive-zero bus bars and zero- 
negative bus bars. Such design minimizes Luy; as well as the areas of Loop! 
and Loop3. It also simplifies the bus-bar structure and facilitates the bus-bar 
fabrication and assembly; 

(2) Overlap the phase bus bars on top of the connecting bus bars, further shrinking 
Loop2 and Loop4; 

(3) Optimize locations of the snubber resistor, inductor and capacitor on the bus bar, 
based upon the bus-bar prioritization and relocation methodology. The equiva- 
lent circuit of Phase-U and Phase-V double-layer laminated bus bars is shown 
in Fig. 4.50. 


All bus-bar inductance in the loops of three-layer and double-layer designs is 
calculated through the PEEC method and shown in Table 4.10. It can be seen that 
compared to the original three-layer bus bars, all high-impact-factor inductance is 
reduced, among which the inductance of Loop! and Loop3 is reduced to 54%, respec- 
tively. For all three bus-bar loops using the double-layer approach with the inductance 
relocation, the top-priority bus-bar inductance Lspcy is the minimal with the lowest- 
priority inductance Lsccy increased. Therefore, the impact of the stray inductance 
on the switching transients is minimized. 

To verify the effectiveness of the proposed double-layer laminated bus bars, 
switches Ty;, Ty3, Ty; and Ty4 are selected for the multiple-pulse test. Simulation 
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on the switching transients of such four switches with three-layer and double-layer 
bus bars is carried out as well. 

The relationship between the first turn-off voltage spike AUpgsp induced by the 
stray inductance and the load current is pictured as Fig. 4.51. Shown in Fig. 4.5la 
are test results with three-layer bus bars. Figure 4.51b and c are simulation results 
of the voltage spike AUpsp with the three-layer bus bars and two-layer bus bars, 
respectively. 

Results of Fig. 4.51a and b are coincident with each other. Some minor difference is 
caused by the accuracy of the bus-bar parameter extraction and component modelling, 


Fig. 4.50 The two-layer bus 
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Table 4.10 Equivalent inductance of three-layer and two-layer laminated bus bars (nH) 
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(b) Simulation results for three-layer bus bars (c) Simulation results for two-layer bus bars 


Fig. 4.51 The first turn-off voltage spikes under different bus bars 


especially the modelling of the IGCT and diode. The comparison of Fig. 4.51b and c 
indicates that with the optimized two-layer laminated bus bars the IGCT turn-off 


voltage peak drops, where the turn-off voltage spike of outer switches is reduced by 
50%. 
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Simulation and experimental results indicate that with the optimized bus bars 
the overall stray inductance reduces, the minimal of which drops to 54% of the 
original. Such effort further reduces the IGCT turn-off voltage spike, validating the 
effectiveness of the proposed bus-bar design in high-voltage high-power converters 
aiming at the high performance and high reliability. 

As a summary, the TCT of the power electronics system is rooted in the analysis of 
short-timescale transients involving stray parameters. The critical steps, such as the 
extraction of stray parameters, need settle down the mechanical structure and com- 
mutation loops of the converter using the effective method. The key is to reasonably 
simplify the complex mechanical structure and effectively extract parameters. The 
complexity of the stray-parameter model is determined by the ultimate application. 
In such process, we need optimize the mostly-concerned objectives, quantify each 
impact factor, obtain the influential index and process the model simplification. The 
goal of minimizing the impact of the stray parameters, instead of minimizing all stray 
parameters, should be the criteria of the converter design and optimization. 


Chapter 5 
System Safe Operation Area Based 
on Switching Characteristics 


The concept of the system safe operation area (SSOA) came from transients of power 
electronic converters. Such aconcept is beneficial for the system reliability evaluation 
and optimization design. It is related to the device safe operation area (DSOA) with 
however obvious difference. The SSOA involves interactions between switches and 
other peripherals. From the aspect of the system analysis, the SSOA contains the 
power semiconductor devices, power conversion circuit and pulse control. It is based 
on the DSOA, emphasizes the interactions of DSOA, conversion circuit and pulse 
controls, and resolves the conflict between the reliability and maximum usage of 
power electronic converters from the aspect of the energy conversion and multi- 
timescale transients. 


5.1 Definition of SSOA 


In power electronics converters, semiconductor devices (switches) are the funda- 
mental of the energy conversion. The switch reliability determines the system con- 
trollability. Traditional system designs refer to device datasheets, leaving enough 
allowance based on the empirical equations to avoid the switch damage. All expe- 
rience roots from large amounts of faults, which is subject to change once a new 
device or new application emerges. Such empirical design prolongs the development 
period and is unable to accurately predict the device capability. Neither can it guar- 
antee the system reliability if the allowance is misused. The industrial application 
of power electronic systems require the long-term operation, minimum amount of 
faults and high continuous power capability, which causes the conflict between the 
system power capability, requiring the long-run operation without frequent faults, 
and system reliability to avoid any device damage. To maximize the potential of 
semiconductors and secure the high reliability with continuous maximum power 
capability, an accurate analysis and design is a must. 
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Fig. 5.1 Category of SSOAs and their relationships 


5.1.1 Basics of SSOA 


From the application point of view, SSOA is a tool for the quantitative analysis and 
design of power electronic converters. In theory, SSOA is a comprehensive analysis 
based on the all-timescale transients of power electronic converters. 

The definition of SSOA is the region where power electronic systems can be safely 
operated under the influence of all major factors. Such region is usually represented 
by working points. Inside SSOA, we could assign the operation area (OA) for the 
converter, which usually is very straight forward and concise and can be directly 
used for the converter design, analysis and control. 

Due to the significant behavioral difference between electric and thermal pro- 
cesses, two SSOAs can be independently considered, one of which is based on the 
electric stress and the other on the thermal effect. The ultimate SSOA is the overlap 
of these two. 


(1) SSOA based on the electric stress 


The DSOA contains the reverse-bias SOA (RBSOA) and short-circuit SOA 
(SCSOA). Similar approaches could be applied to the SSOA, e.g., RBSSOA and 
SCSSOA. 


(2) SSOA based on the thermal effect 


During the operation of the power converter, the temperature will rise gradually 
as well as the junction temperature. Over-temperature will deteriorate the switch 
performance and even cause the device failure. Therefore a temperature based SSOA 
is rewarding for the sake of the continuous operation and high reliability. 

Different SSOAs are illustrated in Fig. 5.1. 

SSOA describes the relationship between the semiconductor characteristics and 
other components in power electronic systems, reveals the impact of all system ele- 
ments on the main-circuit performance, and evolves from the converter transient 
model considering actual system parameters and load conditions. The relationship 
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between switch characteristics and peripheral elements needs be mathematically 
derived based upon the main-power circuit under various load conditions. Sev- 
eral major elements influencing the system safety should be included, e.g., power 
switches, gate-drive circuits, control units and main-loop parasitics. 


5.1.2 DSOA Versus SSOA 


For a DSOA, e.g. IGBT, the frequently used representative parameters are Ucr, Ic 
and 7. The ultimate goal of an SSOA is to secure the device reliability, which is 
aligned with DSOA. Therefore the SSOA still uses voltage, current and temperature 
as variables. The difference is that, variables adopted by the SSOA are the DC- 
bus voltage, AC output current, heatsink temperature, etc., which are accessible 
during the operation of the converter and related to the DSOA as well. Therefore, all 
SSOA variables indirectly reveal the status of power switches thereby further helping 
implementation of protections. 

For an IGBT, its RBSOA, SCSOA and the reverse recovery SOA (RRSOA) of the 
anti-parallel diode need be emphasized. For the RBSOA analysis, the IGBT turn-off 
behavior is the focus, including the follows. 


(1) At the repetitive switching mode, the maximum turn-off current of the IGBT 
is twice of the rated current. When beyond such threshold, the IGBT failure is 
anticipated thereby deteriorating the reliable operation. 

(2) At any conditions, the voltage drop across the switch, both in the steady state 
and in the transient process, should not exceed the ratings. 

(3) Interms of the device package, leads and terminals, the stray inductance induces 
the voltage spike, leading to the IGBT actual turn-off voltage higher than its 
terminal voltage. When taking the switching-loss limitation into account, the 
DSOA based on the switch terminal voltage is not a regular rectangular. 


Manufacturers provide different RBSOAs, even for the same rated 3.3 kV/1200 A 
IGBT, as shown in Fig. 5.2. 

The SCSOA describes the short-circuit behavior of the IGBT. The SCSOA of one 
3.3 kV/1200 A IGBT is shown in Fig. 5.3, where several main bullet points are to be 
considered. 


(1) If the short-circuit fault happens when the IGBT turns on, the IGBT current 
will go from zero to the short-circuit current rapidly, where the IGBT turn-on 
behavior affects the whole process. 

(2) Ifthe short-circuit fault happens after the IGBT turns on, the IGBT current will 
go from some value to the short-circuit current rapidly. Such scenario has more 
impact on the IGBT gate than (1). 

(3) Due to the rapidly increasing short-circuit current, the SCSOA is only true for 
very narrow gate pulses, e.g., 10 ws. 
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Fig. 5.2 IGBT RBSOAs 


Fig. 5.3 The SCSOA of one 16 
IGBT 
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(4) The SCSOA has no repetitiveness. Only limited number of short-circuit faults 
are allowed. 


The RRSOA is used to describe the switching behavior of the anti-paralleled 
diode, especially the reverse recovery performance. The RRSOA of a 3.3 kV/1200 A 
IGBT is shown in Fig. 5.4. 

The comparison between the DSOA and SSOA indicates that the DSOA does not 
change after the switch manufacturing and might only be subject to a minor variation 
due to the switch diversity, while the SSOA varies with the mechanical structure, 
heatsinks and control systems. Though their boundaries are both subject to change, 
the variation of DSOA boundaries is random while the SSOA boundaries have certain 
relations with the circuit topology, mechanical structure and main-power circuit. 

In addition, the converter SSOA considers various operational conditions and 
potential faults, which provides the reference for the protection and control during 
the online operation, while the DSOA only provides the reference for the protection 
at the early design stage. Compared to the DSOA, the SSOA is more valuable in 
practice. 
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Fig. 5.5 Illustration of the converter SSOA 


Figure 5.5 illustrates the relationship between the converter SSOA and DSOA, 
based upon the RBSOA of one 55 k W/380 V inverter. The outermost boundary shows 
the device RBSOA. The light-color area is the converter SSOA and the dark area is 
the converter OA, which based on the definition is a subset of the SSOA. Hence the 
system OA is a typical application of SSOA. 

The boundary of the switch DSOA is set based upon its maximum collector cur- 
rent and maximum reverse blocking voltage. The SSOA boundary is decided by 
the system DC-bus voltage and the output current. Therefore the converter SSOA is 
much smaller than the DSOA and becomes even narrower with the collector current 
increasing. The OA should not exceed the SSOA. Its boundary is determined by the 
over-voltage and over-current protections. If the DC-bus voltage needs provide the 
auxiliary power supply for the converter, the left-side boundary of the OA is deter- 
mined by the under-voltage-protection threshold. The rated operation point could be 
set anywhere inside the OA. 

Three boundary lines of the OA are included in Fig. 5.5, 1.e., DC-bus over-voltage 
threshold, output over-current threshold and DC-bus under-voltage threshold, which 
altogether set the reference for the converter control and protections. Note the thresh- 
old refers to the actual sampled values, not the actual value at the protection moment, 
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given these two values might not happen at the same moment thereby exhibiting quite 
a difference. In real applications, it is not wise to equal the threshold value to the 
actual protection value. 


1. DC-bus over-voltage boundary 


The DC-bus over-voltage is when the voltage sensor detects the DC-bus voltage 
exceeds the threshold. Such scenario will endanger the DC-bus capacitors and 
increase the failure rate of switches, given the switch turn-off voltage peak value 
(DC-bus voltage plus the voltage spike induced by the stray inductance) rises as 
well. 

The DC-bus over-voltage usually happens when the large-inertia load changes 
abruptly, e.g., the motor regenerates the energy back to the DC-bus capacitor, or the 
input voltage has an abnormal variation. The over-voltage boundary is the reference 
for the control strategy and acts as the threshold value for the converter over-voltage 
protection. 


2. Output over-current boundary 


The output over-current occurs when the detected output current exceeds the OA 
current boundary. An over-current, exceeding the maximum repetitive current of the 
switch, might make the switch unable to turn off thereby causing the damage. On 
the other hand, such a large current will induce a voltage spike through the stray 
inductance thereby causing the switch breakdown. 

Such scenario usually happens due to the abrupt load change, over-load operations 
and other abnormal operations, e.g., the leg shoot-through or output short-circuit. 
The output over-current boundary of the converter can be used as the over-current 
threshold as well as the limit of its power capability. 


3. DC-bus under-voltage boundary 


DC-bus under-voltage protection happens when the detected DC-bus voltage is lower 
than the OA under-voltage boundary value. A too low voltage will provide insufficient 
power to the load or other auxiliary circuits. For VSCs, the control system is powered 
by switched-mode power supplies, which for the safety purpose will receive part 
of the power from the DC-bus voltage. The under-voltage of the DC-bus will put 
its reliability in a vulnerable position and further cause the converter to lose the 
controllability. 

When the converter output power has no particular requirements and the control 
system is solely powered by the external circuit, the under-voltage boundary could 
be set as zero. When the converter input voltage falls, the under-voltage happens and 
the DC-bus voltage will fall quickly if no further protections are implemented. 

In theory, the OA could be anywhere inside SSOA. As long as the converter 
detected values are within SSOA, the component failure rate will be very low. In 
the real application, to avoid the complexity of the control strategy and protections, 
a regular boundary like Fig. 5.5 is assigned to the OA. For some special-purpose 
converter, to fully maximize its potentials we could use SSOA as the OA. 
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Fig. 5.6 A dual-PWM-inverter fed motor drive system 


5.2 Mathematical Models of the SSOA 


5.2.1 Key Components, Topology and Control Parameters 


To derive the converter SSOA, a dual-PW M-inverter fed motor drive system is taken 
as an example, as shown in Fig. 5.6. The system contains the PWM rectifier, DC bus 
and the PWM inverter. 

In Fig. 5.6, R, S and T are the grid-side input terminals, connected with the 
grid through three-phase inductors to reduce the current harmonics. U, V and W 
are the AC output terminals, directly connected with the three-phase motor. Voltage 
and current sensors are used to sample the DC-bus voltage, grid-side voltages and 
currents and the motor currents. All sampled values are fed to the control system 
where DSP generates PWM signals to trigger 12 IGBTs. At the same time fault signals 
are received for the protection implementation. The power of the control circuit is 
provided by the external switched-mode power supply, which directly obtains the 
power through the DC-bus in case the grid blackout. All parameters used for the 
SSOA model are defined as Table 5.1. 
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Table 5.1 Symbols for the SSOA model 


Symbol 
Lsce 

tf 

Cres 

At 
TRBlim 

I sclim 
Ulim 


Lpc 


Hg 

UcEo 

FCE 
Ring- oQ 
Rince — n)Q 
PQmax 


T; maxQ 
Th 


Definition 

Lead inductance inside the IGBT module 

Time interval for Ic to drop from 90 to 10% in the turn-off process 
IGBT reverse capacitance 

Time interval from when fault is detected to when the turn-off is implemented 
Current limit for the IGBT RBSOA 

Current limit for the IGBT SCSOA 

Voltage limit for the IGBT 

Stray inductance between the DC-bus capacitor and the IGBT terminals 
Equivalent inductance of the output terminal during the short circuit 
Leakage inductance of the motor stator 

Switching frequency 

One pulse IGBT turn-on energy at the rated operation 

One pulse IGBT turn-off energy at the rated operation 

Grid-side inductance 

Grid-side voltage 

IGBT on-state threshold voltage 

IGBT on-state resistance 

Thermal resistance of each IGBT from the junction to the case 

Thermal resistance of each IGBT from the case to the heatsink 


Maximum value of Pg on (on-state average loss) + PQ sw (transient average loss) 
per IGBT 


Maximum junction temperature of IGBT at the switching mode 

Heatsink surface temperature 

Diode forward-biased threshold voltage 

Diode forward resistance 

Diode one-time reverse recovery energy consumption at the rated operation 


Modulation index, defined as the amplitude of the phase output over the DC-bus 
voltage 


Power factor angle 


For the equivalent circuit shown in Fig. 5.6, the DC-bus current ig. and the three- 
phase AC output current have the following relationship 


LAs = Sprig + Ssis + STIT (5 1) 
La: — Sulu + Syiy L Swiw l 


Here SRr—Sr and Sy—Sw are all switching functions, which are | when the top 
switch of the corresponding leg is on and 0 when the bottom switch is on. Therefore 
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the candidates of ig. are iy, iy, iw, ip, is, ir and O. To consider the extreme case, we 
have 


iae = max] |irl lis| lirl léul livl lew! } (5.2) 


In later sections, ig. is equivalent to the AC current of the faulty phase or the 
collector current ic of the faulty IGBT. 


5.2.2 Mathematical Model of SSOA 


All the faults especially those extreme ones should be considered when construct- 
ing the SSOA boundaries. The electric stress based SSOA is similar to the DSOA, 
including the RBSSOA and SCSSOA. Such SSOAs target the grid-side or motor-side 
soft short circuit (when the short circuit happens at the large inductive load such as 
the AC inductors or motors) and the phase-phase short circuit. Given the motor-side 
module has a time constant longer than the grid-side module, we can use the ultra- 
low-frequency output at the motor side as an extreme case to derive the thermal based 
SSOA. 

The critical step of modeling the SSOA is to locate its boundary. To do this, we 
partition the inverter as Fig. 5.6 finely into Fig. 5.7. 

Once the electric stress undertaken at the protection moment is right on the bound- 
ary of the SSOA, the related voltage and current values can represent the boundaries. 
We in the follows use a one-time protection to analyze the relationship between the 
SSOA and other system elements. 


—Lac 


2 


Fig. 5.7 The inverter partition 
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Assume the sensors sample the DC-bus voltage uac and current iqac and detect the 
fault at the moment of t. After a time delay Af, the switch turns off at the moment 
of t + At. The inverter operation points at these two moments are [uac(t), idc(t)] and 
[Udc(t + At), idc(t + At)], respectively. Here 


dia-(t d t+ At 
aie ee a (5.3) 
di di 
du gc(t) 
ualt + At) = ualt) + —S— - At (5.4) 


The current ig¢(t + At) is made of igc(f), current increment during Afr and the 
charging current through the junction capacitance when the switch turns off. The 
voltage Uge(t + At) consists of uac(t) and the voltage increment during Af. Given all 
electric stress should not exceed the limit, we have 


io(t + At) < him(j) & ucel + At) < Uim(lj) (5.5) 


After substituting Eqs. (5.3) and (5.4) to Eq. (5.5), we have 


igol) + Ste . At + MettAD . Ces < Tim (T) , 
ae (9.0) 
ualt) + Mg -Ar — BAD . (Lae + 2Ls) < Uim (T) 


Here ie(t + At) = iac(t + At) shown in Eq. (5.3). Uce(t + At) iS Uge(t + At) plus the 
voltage induced by the loop stray inductance. 

Now consider two most challenging scenarios for the inverter output, 1.e., soft 
short circuit and hard short circuit. The former one happens when the inverter load 
is inductive while the latter one occurs when output terminals of the inverter are 
shorted through conductors. 


1. Soft short circuit at the inverter output 


When the converter output is shorted through an inductive load, the current rising 
rate is much higher than that of normal situation. For example, when T2, T3 and Ts 
in Fig. 5.7 are on, load inductors will be charged. Based on the Kirchhoff current 
law (KCL), 

3 dige(t) _ 


3 
Í Ai F +=- L, + — Lis > 
Uac(t) — (Lac 5 > Is) ET 


0 (5.7) 


which can be further derived as 


diac(t) uac(t) 
dt Lae + 3L5 + 3 Lig 


(5.8) 
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With the linearization of the voltage and current increment in the IGBT turn-off 
process, we have 


duce(t + At) = 0.8ugc(t + At) 


(5.9) 
dt tf 
di(t + At 0.8ige(t + At 
ee Vee! (5.10) 
dt lf 


Since the DC-bus voltage rises slowly while Af is as tiny as ~us, the item 
At - dugc(t)/dt is negligible compared to uac(t), 1.e., 


Uac(t + At) X uge(t) (5.11) 


Substituting Eqs. (5.8)-(5.11) into Eq. (5.6) with some necessary linearization 
yields 


At 0.8C 
idot) + Uae Ta ar, + | S im RBC) 


0. Saget ) 0.8At(Ldc+2Ls) 


Hack!) Lati Lst fone 


+ Uge(t [1 + 


0.64(Ldc+2Ls)C 
a a < Ujim (Tj) 


Here Eq. (5.12) is the mathematical model of the SSOA based upon actual system 
parameters. All the analysis above is for the continuous operation of the converter. 
Hence /jjm(7) and Ujim(7j) are determined by the device RBSOA. 


2. Hard short circuit at the inverter output 


Due to the existence of the dead time and interlocked gate drive circuits, the occur- 
rence of the leg shoot-through fault has very low possibility. Therefore such a fault is 
not under the consideration. However, due to the degradation of the insulation, mis- 
assembly and mis-operation, short-circuits of the inverter output terminals might 
occur, under which the rising rate of the DC-bus current is much higher. Assume T2 
and T3 are on in Fig. 5.7 when the output short-circuit happens. With the short-circuit 
inductance of Lc, we have 


diac(t) = 


Udc(t) — (Lac + 2Ls + Lec) - dt 


(5.13) 


Furthermore the mathematical model of the converter SSOA is 


At 0.8C 
tact) + UdcOL ELis +) < lim scj) 


0. Mg ) 0.8At(Ldc+2Ls) 
lact) —— 5 


+ Uge(t)[ 1 + ip(Lqct2LstLcc) (5.14) 


pinks +2Ls )Cres 
a: 
f 


] < Ujim(j) 
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Under such circumstance, the safe operation of the converter still needs be secured 
by a timely protection. /}jm(7j) and Ujim(7;) in Eq. (5.14) are determined by the device 
SCSOA. The converter operation must comply with constraints of both Eqs. (5.12) 
and (5.14). Mathematically the SSOA now is the intersection of these two equations. 

The SSOA reflected to the motor side is expressed as Eq. (5.15), corresponding 
to RBSSOA and SCSSOA. 


ic(t) LRBIim 
App 
= f < ( Uiim 
ic(t) Isciim 
ase frd = ( Ulim ) 


The right side of the inequality is the boundary of the DSOA. The coefficient 
matrixes Arg and Asc are shown in Eqs. (5.15) and (5.16), respectively. 


(5.15) 


1 At 0.8Cres 
F Ldc+3LsCE+3 Lis tf 5.16 
RB — | 0.8(Lgct+2L CE) | p 28At (Lac+2Lscg) , 0.64(Lact+2LscE) Cres 10) 
tf tp(Ldc+3L sCEt5 Lis) t 
l At 0.8Cres 
Ldct2LscEt+Lsc tf 
Asc = FAVI 


0.8(Ldc+2LsCE) 14 0.8At(Lqct2LscR) 0.64(Ldc+2LsCE ) Cres 
aaa Se i Fd c - en 
tf te(Lact2L cR+Lsc ) te 


In dual PWM converters, building the SSOA for the grid-side converter is similar 
to the motor-side converter, with the SCSSOA nearly the same except that Lsc is the 
equivalent inductance when the grid is shorted. Due to the asymmetry of the grid- 
side and motor-side circuits, when deriving the RBSSOA, we need consider the grid 
impact, given the grid is a pure power supply and equipped with filtering inductors. 
Other than that, all derivations are similar. When the soft short-circuit happens, the 
equivalent circuit is shown in Fig. 5.8. 

Assume the fault is detected at the moment t, when S4, S4 and Ss are all on. At 
this moment, the DC-bus voltage ug, and current ig. follow 


diac(t) 
d 


2Udc(t) + 3Ug;(t) = 7 


(2Lac +3Lsce + 3Lg) (5.18) 


Through which the changing rate of idc is shown below 


diac(t) = Uacht) P Ugs(t) 


—— ee (5.19) 
dt Lac + 5 LsCE + 5 Leg $ Lac + LCE + Le 


With the linearization of Ucg and /c during the IGBT turn-off, we have 
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Rer 
B d d 


Fig. 5.8 Equivalent circuit for deriving the grid-side RBSSOA 


ducg(t + At t+ At 
EEE 26 47a en asa 
dt te 
dic(t + At pat 
sl OO Bical (5.21) 
dt te 
Substituting Eqs. (5.19)-(5.21) to Eq. (5.6) yields 
At 0.8C 
At . . 
tua) a Ba) DS 
ua (t) [1 + 28% EdtLscE)_ 4, 9-64(Lde+2bscp)Cres (5.22) 
aii tp(Lact 3 LsCE+3Lg) tF 
s 0.8( Ldc+2L 0.8At( Ldc+2L 
PE aa i sCE) + ugs (t) ep edece) < Ujim(7;) 


The most severe fault happens when u,,(t + At) is the grid peak voltage Uam. By 
replacing iac with ic, the RBSOA is expressed as below. 


UgmAt 


| (a! 
ic(t) RBlim “3 LgctLsce+le 
RB _¢g < (5.23) 
Uacht) U; __ 0.8UgmAt(Lac+2LscE) 
Zo go SI dct- CE) 
i te( 3 LactLsCE+Lg) 


where Arp ¢ could be obtained based on Arg, through neglecting the grid inductance 
and replacing Lis with Lg, i.e., 


l At 0.8Cres 
Lact 3 Lscet+5 Leg tf 


0.8(Ldc+2LsCE) 14 0.8At (Ldc+2LsCE) 4 0.64(Ldc+2LsCEẸ )Cres 
— 77> a ey 7 re TS ere Fe ——- - ioe so 
if (Lact 3 LsCE+3Lg) ‘i 


ARB o = (5.24) 
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For dual PWM converters, the electric stress based SSOA is the intersection of 
grid-side SSOA and motor-side SSOA. With different IGBT modules on each side, 
related SSOAs need be calibrated separately. Since what the datasheet presents is 
the DSOA at the maximum junction temperature, for simplicity of the analysis it is 
assumed that the SSOA boundary does not change with the temperature. 

With the long-term operation of the converter, the IGBT module accumulates the 
power loss to increase the junction temperature. Over-temperature might disable and 
even fail the power module. Hence setting the over-temperature protection helps pro- 
long the lifespan of the power module and enhance the system reliability. Generally 
it is difficult to directly measure the junction temperature, except the heatsink tem- 
perature. Therefore we could set the SSOA based upon the IGBT maximum junction 
temperature during actual operations, which is defined as the thermal related SSOA. 
It is highly related to the module power loss determined by the PWM strategy and 
switching frequency, and the heatsink design. In dual PWM converters, the output of 
the grid-side converter has the same frequency as the grid, e.g., 50 Hz. The output of 
the motor-side converter follows the fundamental frequency of the motor. The lower 
the motor speed, the lower the fundamental frequency. The inverter thermal limit is 
often hit at the low-speed-high-torque scenario. The time constant of the IGBT mod- 
ule is usually hundreds of milliseconds, much longer than the switching period and 
similar to the motor fundamental period. Generally, the IGBT junction temperature 
does not change within one fundamental period. Only the average power loss within 
one fundamental period needs be calculated when considering the thermal effect. In 
this process, we assume that: 


(1) The output current is a clean sinusoidal without ripples. 

(2) The IGBT junction temperature is kept at the maximum point. 
(3) The conduction and switching loss are both linear to the current. 
(4) The sampling frequency is infinite without the discrete error. 


The IGBT loss contains three items, i.e., turn-on loss, turn-off loss and conduction 
loss, the first two of which are named as the switching loss. Given two IGBTs in one 
leg are interlocked, each IGBT only conducts half of the time during one fundamental 
period. Therefore we only need calculate the conduction loss within half of the period, 
as shown in Eq. (5.25) when using SPWM. 


1 M oe) 


Pe on = Uceolco (- + 


1 2M ae) (5.25) 


+ reele( 3 + 3a 


The IGBT switching loss is related to the DC-bus voltage, collector current, 
switching frequency, gate-drive voltage and the stray inductance. For a certain con- 
verter, its gate-drive voltage and stray inductance are known, yielding the switching 
loss only varied by the first three factors. For simplicity, the IGBT switching loss is 
assumed to be linear with Uac and Jc, which after the normalization is 


Uac Aca (5.26) 


2 
PQ sw = z (Eon T Eoi) : Jew j 


Unom I nom 
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Fig. 5.9 Equivalent thermal R 


loop of the IGBT 


Tig 


thG-9Q T.  Rinc—nyQ 


Here Unom and J yom are the nominal voltage and current. 
To calculate the power-loss limit, the saturation voltage drops of the IGBT and 
its body diode are selected as maximum values under the harsh condition, i.e., 


Ucro max = Ucro + Uce_max — UCE typ (5.27) 
Upo max = Upo + Up_ max — UD typ | 


Here U* typ and U* max are the typical and maximum values of the on-state 
voltage drop, respectively, which can be obtained through the device datasheet. 
The overall loss of one IGBT is 


Po = PQ on + PQ sw (5.28) 


For the study of the reliability, we need calculate the maximum power loss within 
the tolerance of the junction temperature. Shown in Fig. 5.9 is the equivalent thermal 
loop of the IGBT, based on which the maximum power loss is defined as 


TimaxQ — Th 


Po =. P Qmax = (5.29) 


Ring- oQ + Rince -nQ 


Substituting Eqs. (5.25)—(5.28) into Eq. (5.29) will generate the thermal based 


SSOA of the IGBT as 
/ Bo +4AQCo — Bo 


I <f ax = 5.30 
co < Ico max OAs (5.30) 
Here 
AQ = ree( 4 + es | 
2G 6. fal Bn E Bie 
Bo = Uceo_max( 4 + Vers | + Teef (Eon + Eor) (5.31) 
nom4nom 


Co = TimaxQ— Th 
~ RthgG@ —cQtRth(c -hQ 
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For the anti-paralleled diode, its power loss includes the reverse recovery loss and 
the conduction loss. The average conduction loss within one fundamental period is 


] l M cosg mn]? 1 2M coso (5.32) 
O — C —= — ———————_——_ r —= — LS . 
Pp on = Upo Lea A Dica g 3 


The average reverse recovery loss within one fundamental period is 


l Ua la 
Pp tt = — Exec i Sow . —s— (5.33) 
T Unom nom 
Therefore the thermal based SSOA of the anti-paralleled diode is 
V Bp? +4ApCp — Bp 
ka < Lea_max = — > (5.34) 
2Ap 
Here 
Ap — ro(4 = ates j 
2U ae fsw Erec | 
— (4 _ Moose cee ) pon Sa 5.35 
D Upo_max x 4 x Unon one ( ) 


__ TimaxD— Th 
Cb = Rth(j —c)D*+Rth(c — h)D 

Overall the thermal based SSOA is the intersection of inequalities Eqs. (5.30) and 
(5.34). In Sect. 5.4.2, the SSOA incorporating the electric stress and thermal effect 
will be illustrated. 


5.2.3 Design Examples Based on SSOA 


The previous analysis indicates that the converter will be safe as long as working 
inside the SSOA, 1.e., any [uac(t), iac(t)] inside the SSOA could be set as the operation 
point. 

For the motor drive system, with the rated power P and rated voltage Uy under 
other necessary restraints, the device ratings could be determined based upon the 
SSOA. Here the rated current of the motor is 


P 


lL = ——— 
N J/3UN cos g -n 


(5.36) 


Here cosg is the motor rated power factor and 7 is the motor rated efficiency. 
Referring to the motor maximum current, we have 
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J 2k ko P 


iac(t) = JV 2(ki ko - In) = Zu 
N7 COS Q 


(5.37) 


Here kı is the harmonics coefficient and k3 is the starting-current coefficient, both 
of which are control settings. Considering the variation of the input power supply, 
we have 


Uadc(t) = /2k3UN (5.38) 


Substituting Eqs. (5.37) and (5.38) into the SSOA model generates the required 
IGBT device voltage and current ratings, as shown below. 


V2kıkı P 
frag SA Tat eae 


(5.39) 


| | V2kıkz P 
Nim _sc(;) "m /3UNn cosg 
Uiim(T;) /2k3UN 


The right side of the inequality Eq. (5.39) is fully determined by motor parameters, 
control parameters, device datasheets and the mechanical design, etc. Such a design 
methodology maximizes the device utilization thereby avoiding the over redundancy 
caused by the conventional empirical design. 

Take one 160 kW/380 V general-purpose VSI as an example. The calculated 
device ratings using the SSOA model are shown in Table 5.2, including both motor 
and inverter parameters. 

The power loss Pss of the semiconductor switch can be calculated based on device 
parameters and the control strategy. With the temperature threshold given, we can 
reversely design the heatsink of the whole inverter. A low heatsink temperature 
tends to enhance the device current capability, however, increase the system cost. A 
low-cost heatsink will increase the system temperature thereby lowering the device 
current capability. A tradeoff is required between the performance and the cost, which 
is particularly determined by upper and lower limits of the heatsink temperature. 

For the high-power converters, /}jm(7j) and Ujim(7;) calculated by Eq. (5.39) might 
not exactly match the actual switch, leading to the possible switch series/parallel 
connection required. When using the voltage or current balancing techniques to 
approach Jjjm(7;) and Ujim(7j), the discount of the electrical capability caused by 
the voltage/current imbalance needs be taken into account. The diode and capacitor 
selection could be based on the conventional calculation, which will not be discussed 
in this chapter. 
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Table 5.2 Design parameters 
of the 160 kW/380 V inverter 


Parameter 


Loc 


Lis 


Value 
160 kW 
380 V 
0.9 

0.9 

1.2 

1.7 

1.23 

10 nH 
10 nH 
0.19 mH 
2.0 pH 
3.10 nF 
4.1 us 
110 ns 


Based on parameters in Table 5.2, two coefficient matrixes for the SSOA are 


Therefore the IGBT selection should comply with 
im _rB(;) 
= 
Uiim(T;) 


lim _sc(j) 7 2230 A 
Uiim(T;) ~ 


1 0.0257 
ARB = 
0.2182 1.0056 


] 2.0310 
Asc = 
face 1.4431 


(5.40) 


(5.41) 


| 
| 


(5.42) 


Two IGBTs in parallel provide a feasible choice. Given the IGBT current limit of 
the RBSOA is more than double of the inverter rated value, two options are put on the 
table. One is to parallel two 1200 V/300 A IGBTs with high-performance heatsinks 
and strict current balancing techniques, the other is to parallel two 1200 V/450 A 
IGBTs with relatively low requirement on heatsinks and the current balancing. The 
ultimate device selection is up to the product requirements and working environment. 

With the right device selection, the further performance evaluation and the pro- 
tection settings are to be completed, aiming at the enhancement of the converter 
continuous running capability. 
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5.3 Impact Factors of the SSOA 


The establishment of the SSOA in Sect. 5.2 involves the circuit, mechanical design, 
thermal dissipation and etc. Investigating impact factors of the SSOA allows the 
further system optimization. 

From the equations above, influential factors of the SSOA boundaries include 
the control delay Af, the DC-bus stray inductance Lg. and the AC filtering 
inductance L,. The stray inductance inside the module Lscg is determined by the 
package technology, which is 10-20 nH and can be treated as a constant. Eqs. (5.30) 
and (5.34) indicate impact factors of the thermal based SSOA are mainly the switch- 
ing frequency fsw, IGBT thermal resistance and switching loss. Generally IGBT 
modules with the same package could be assumed having the same thermal resis- 
tance. While the switching loss has complex correlations with other factors, here we 
focus on the impact of the switching frequency on the SSOA boundaries. 


5.3.1 Impact of the DC-Bus Stray Inductance 


For the load-side SSOA, we can reorganize Eq. (5.23) into the form of i, < f (üac) 
and then obtain the partial derivative over Lac, 1.e., 


dielt) At 
a E 
ð Lac (Lac + 3 LscE T > Lis) 
dielt) — fr e la a 
o Lac o 0.8(Lac T 2L scr)” (La. T 5 LscE + ota) 
lf 
a fe 
0.64(Lac + 2L sce)” = 
ði (t At 
dic(t) < =l) 
OLdc ~ (Lac +2Lsce + Lsc) 
dielt) | fr A At | a) (544) 
< | ——— + Ama 5 eel Bm ony 
nE 0.8(Lac + OL any (Lä: + ZL SCE + Ls) i 
t 
— —— Uim 
0.64(Lac T 2Lsce) 


As shown in (5.43), the changing rate of the RBSSOA two boundaries has the 
positive correlation with Lac. However, since the motor inductance is ~mH, the 
first-boundary changing rate is less obvious than the second boundary. Meanwhile 
the crossing point between the second boundary and the current axis drops with 
Lac increasing, which further shrinks the area of the SSOA. Similarly, according to 
Eq. (5.44), two boundaries of the SCSSOA have the similar trend as the RBSSOA, 
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l.e., its area shrinks with Lac increasing. So does the intersection of the above two 
electric-stress based SSOAs. 

SSOAs under different DC-bus stray inductance are illustrated in Fig. 5.10, the 
taller one of which is the IGBT SCSSOA and the bold lines of which are the SSOA 
limit when Lg. = 0. Due to the existence of the module internal inductance, the final 
SSOA will somewhat shrink compared to the DSOA. At the maximum inductance 
of 100 nH, the SSOA area nearly shrinks 50%, which reveals the high impact of the 
stray inductance. Therefore during the design of the converter, a compact design of 
the bus bar such as the multilayer planar structure is beneficial, which minimizes 
the bus bar connected to the IGBT terminals and reduces the commutation-loop area 
thereby reducing the loop inductance and enlarging the SSOA area. 


5.3.2 Impact of Control Parameters 


1. Control delay 
For the motor-side SSOA, partial derivatives over the time delay Af are 


dicH < l 
dAt — — Lact sLgcEts Lis 


Uacht) 


TE (5.45) 
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(5.46) 


As shown in Eq. (5.45), slopes of two RBSSOA boundary lines become more 
negative with Af increasing, though crossing points with the current axis maintain the 
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Fig. 5.11 SSOAs under 
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same. Therefore the area those boundary lines enclose has a negative correlation with 
At. A similar conclusion applies to the SCSSOA. Due to a larger motor inductance 
than the phase-phase short-circuit inductance, the area reduction of the RBSSOA is 
not significant. 

SSOAs with different Af are given in Fig. 5.11. The bold lines are for At = 0, 
where the right-side boundaries of the RBSSOA and SCSSOA are nearly overlapped. 
With Af increasing, the RBSSOA boundary is barely altered while the SCSSOA 
varies significantly, which ultimately shrinks the area of the electric stress based 
SSOA. When At = 2.5 ws, an obvious area reduction is seen for the SSOA with 
a much lower DC-bus voltage limit. Any further increment of Af will result in a 
lower DC-bus voltage. Since the DC-bus voltage in dual PWM inverters is higher 
than that in the diode rectifier, a stricter requirement is a must for At. Such a delay 
includes the fault-detection delay and the IGBT turn-off delay, which is related to the 
turn-off gate resistance and voltage value. It is possible to shorten the IGBT turn-off 
delay through imposing a more negative gate turn-off voltage or lowering the gate 
resistance, though it might bring the EMI challenges. Thus a tradeoff is required 
to further design the gate-drive circuit thereby widening the operational range and 
enhancing the system reliability. 


2. Impact of the switching frequency on the SSOA 


The major player of the thermal based SSOA is the switching frequency fsw. The 
partial derivative of the current over f sw 1S 


Ol 5 Bo — ./Bo* +4A0oCo 2Uac(Eon + Eo 
Jleg mar _ Bo — y Bo tF4AQCQ  2UaclEon + Lott) (5.47) 


Of sw 2AQV/ BQ? + 4AQCQ T Unom!nom 


This equation reveals that with f ¿w increasing the inverter maximum output current 
drops sharply. Such current reduction is even more obvious with the DC-bus voltage 
rising. Shown in Fig. 5.12 is athermal based SSOA under a fixed DC-bus voltage and 
variable f sw. The bold line is when f sy is ultra-low. With the heatsink temperature (Th) 
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Fig. 5.12 SSOAs under different switching frequencies 


rising, the inverter maximum output current reduces, which slides slowly before Th = 
75 °C. After that the inverter power capability drops quickly. As shown in Fig. 5.12a, 
when the DC-bus voltage is a constant 900 V, the SSOA area reduces with fsw 
increasing. At 10 kHz, the SSOA area is halved. Figure 5.12b shows the SSOA 
under a 500 V DC-bus voltage, indicating at a lower DC-bus voltage, the reduction 
of the power capability with fsw increasing is less obvious than at a higher voltage. 
In practice, to maximize the system power capability, a lower switching frequency 
or DC-bus voltage is always favorable as long as the performance requirement is 
met. In addition, the heatsink temperature also limits the maximum output current 
significantly. Therefore in the process of designing the heatsink, a high thermal- 
conductivity material, an enhanced air flow and even a liquid cooling will lower the 
heatsink temperature during a continuous running, which enlarges the SSOA area. 


5.3.3 Impact of External Parameters 


The AC inductance alters the grid-side SSOA boundaries. The partial derivatives of 
the switch current over Lg can clearly reveal its impact on the RBSSOA. 


dic (t) 3At 2 = >.. a 

3Lg 2(Lact3Lscpt+2 Lg) (3 LactLscE+Lg) (5.48) 
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Similarly, we can derive the trend of the SCSSOA versus Ly. 
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Fig. 5.13 SSOAs under different grid inductances 
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(5.49) 


As shown in Eq. (5.48), with Le increasing, the slew rates of the two RBSSOA 
boundary lines have similar trends, with their crossing points with the current axis 
increasing as well. Since the filtering inductance is ~mH, the slope increment is not 
obvious. However, the increment of the crossing points between the current-axis 
and RBSSOA boundaries enlarges the area of the RBSSOA, which is different from 
impact of the control delay and switching frequency. As shown in Eq. (5.49), the 
SCSSOA boundary is not altered with Leg, i.e., not sensitive to Lẹ. As a conclusion, 
the electric stress based SSOA will be widened with Le increasing. 

Shown in Fig. 5.13 are the SSOAs under different AC filtering inductances. When 
L, = 0.001 mH, close to zero, RBSSOA shrinks significantly, shown as the bold line 
in Fig. 5.13a. When Lẹ = 0.1—10 mH, the RBSSOA is slightly enlarged. Regardless 
of Le, the SCSSOA in Fig. 5.13b does not change, aligned with the previous analysis. 
Therefore L, is not the most critical parameter of the SSOA. Even though a change is 
expected for the SSOA with Lẹ changing, such change is negligible with appropriately 
selected Lo. Hence in real applications, the impact of La not on the SSOA but on the 
grid-current harmonics is considered. 


5.3.4 Impact of the Temperature 


The switch current limit /1im(T j) and the voltage limit Ujj(7j) are both functions of 
the junction temperature, especially /iim(T;) will drop sharply with Tj increasing. So 
is the SSOA. To facilitate the construction of SSOA, the heatsink temperature instead 
of the junction temperature is employed as one system characteristic parameter. 
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Fig. 5.15 Temperature impact on the SSOC deployment 


To differentiate from previous SSOA, the SSOA with the temperature information 
is named as systematic safe operating cube (SSOC), as shown in Fig. 5.14. It fully 
reveals the impact of the temperature on the converter SSOA. The areas enclosed by 
the grids are the SSOAs at different temperatures. The dark colored cube is the OA 
set upon the SSOA. 

With the temperature rising, the switch-current limits shrink as well as the SSOA 
boundaries, which explains why the SSOA setting needs refer to the temperature. 
As shown in Fig. 5.15, the SSOA setting at the low temperature might not be appli- 
cable at the high temperature, given the current and voltage capability of the switch 
at the lower temperature is higher. The OA might overflow the SSOA at a higher 
temperature. In another word, without giving the full consideration to the tempera- 
ture, the protection strategies based upon SSOA set at the low temperature might be 
invalid at the high-temperature operation, thereby not able to guarantee the system 
safe operation any more, as shown in Fig. 5.15b. 
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5.3.5 Impact of Paralleled Switches on SSOA 


This section is mainly focused on the impact of paralleled switches on the SSOA 
deployment. In practice, we could parallel two and above small-current IGBTs to 
output high power, as shown in Fig. 5.16. Due to the potential current imbalance, 
current de-rating is usually a must to protect the paralleled switches, for instance, 10% 
of the current deduction for two in parallel and over 20% of the current deduction for 
3 and more in parallel. The more switches in parallel, the more the current de-rating. 

Such a current de-rating has a direct impact on the converter output capability, as 
shown in Fig. 5.17. Here 1200 V/500 A IGBTs are employed. 

The two paralleled and four paralleled switches have been utilized in the actual 
160 and 315 kW inverters, respectively. The de-rating of the switch current squeezes 
the SSOA thereby limiting the continuous power capability of the inverter. The well 
balanced switch current will widen the SSOA thereby lifting the system power capa- 
bility. Therefore, the current balancing techniques are critical for the converter power 
capability and reliability. Since majority of the power electronic converters use the 
forced air cooling system, the imbalanced temperature distribution on the heatsink 
exists due to asymmetric cooling loops, which further causes the thermal imbalance 
among paralleled switches thereby putting the conventional current balancing tech- 
niques on a vulnerable position. Details have been discussed in Sect. 5.3.4, which 
will not be repeated here. 


5.4 System Evaluation and Optimization Based 
on the SSOA 


5.4.1 Procedure of the Evaluation and Optimization 


For a typical AC-DC—AC power electronics converter, its structural blocks are shown 
in Fig. 5.18. 
Descriptions of each block are shown as follows: 
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Fig. 5.17 Impact of current de-rating for the paralleled switches on the SSOA 
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Fig. 5.18 A typical AC-DC-—AC converter 


(1) The power supply is either single-phase or three-phase. Its main characteristic 
parameters are phase numbers, rated voltage and frequency. 

(2) The input filter/transformer is between the AC power supply and the rectifier, 
which is optional. It can be the direct connection, single filter, single transformer 
or filter + transformer. 

(3) The rectifier could be single-phase or three-phase, two-level or multi-level, diode 
rectifier or PWM rectifier. 

(4) The DC bus is usually a voltage type, made of DC capacitors. The voltage and 
current before and after the DC bus are main variables of the SSOA. 

(5) The inverter partis a PWM inverter, either single-phase or three-phase, two-level 
or multi-level. 
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(6) The output filter/transformer is between the inverter and the load, which is 
optional. It could be direct connection, single filter, single transformer or filter 
plus transformer. 

(7) The load is three-phase or single-phase, synchronous or asynchronous motors. 
It could be also the inductive or capacitive load. 


The purpose of the converter evaluation and design based on SSOA is as follows. 


(1) Establishing the SSOA and OA. The well-defined SSOA and OA provide accu- 
rate reference for the system protection. 

(2) Reasonably selecting key components and evaluating the SSOA utilization. At 
this step we need comprehensively consider the circuit parameters, stray param- 
eters induced by the mechanical assembly, control parameters and interactions 
among components. A comparison between SSOA and OA reveals the actual 
utilization of components. 

(3) Further optimizing system parameters. Based on the relationship between OA 
and SSOA, parameters of the circuit, mechanical assembly and control need be 
adjusted to optimize the overall system. 


The evaluation and optimization flow chart is shown in Fig. 5.19, which could 
be divided into two parts, i.e., internal evaluation and external optimization. For the 
evaluation part, with the system specs and device selections, two separate routes 
are laid out independently. One is related to power switches. Based on the switch 
performance and related parasitics such as parasitic inductance, capacitance and 
switching time, the DSOA could be determined. The other route considers the system 
topology, control strategy, mechanical assembly and their derivatives, such as the 
critical control parameters, circuit parameters and OA. By merging these two routes, 
the SSOA could be quantitatively determined. The system evaluation could be carried 
out by referring to relative positions of OA and SSOA. The evaluation part is the inner 
loop of the optimization part. Design and evaluation results under various conditions 
are substituted into a multi-objective optimization to obtain the optimal design. 

Steps of applying the SSOA to the converter design are summarized as follows. 


1) Based on the load and converter specs and the SSOA mathematical models, 
determine the ratings of the critical components and further select the appropriate 
components. 

2) Based on component ratings and system specs, calculate the SSOA and test if the 
SSOA meets the load requirement and system performance. If so, move forward 
to design the prototype. If not, revisit component parameters based on the SSOA. 

3) Based on the parameters fulfilling the SSOA, prototype the converter. Recalculate 
system parameters and furthermore the SSOA based on the final prototype. Settle 
down the ultimate OA, based on which the protection and control strategies are 
implemented. 


The SSOA could secure the system reliability under all load conditions. Some 
converters, due to mis-allocated parameters, limit the output power and remain distant 
from the target SSOA. Thus, under the same component selection, enhancing the 
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Fig. 5.19 The flow chart of the evaluation and optimization 


system output capability is of importance. Based on the SSOA analysis, several 
factors impact the system output performance, as shown below. 


(1) 


(2) 


(3) 


(4) 


Switch application performance. The power switch is the building block of the 
power converter. Study of the switch application performance is the fundamental 
of the SSOA, which is influenced by the temperature, gate-drive circuits and 
etc., especially the techniques of series or paralleling power switches. 

Stray inductance of the DC bus bars, which along with the switch internal 
inductance limits the DC-bus voltage setting, according to the mathematical 
expression of the SSOA. Planar bus bars and snubber circuits will effectively 
mitigate the negativity of the stray inductance on the SSOA. 

Control delay, which is another major impact factor. The large current during 
the short-circuit fault is mainly caused by the control delay. Due to the delay of 
the control and pulse propagation, the switch cannot turn off the fault current 
in a timely manner, which causes the short-circuit current to rise rapidly during 
the delay time interval. 

System temperature. An appropriate design of the cooling system benefits the 
system output capability and reliability. As discussed in previous sections, the 
system temperature affects the converter performance. A high system tempera- 
ture will reduce the current limit of the RBSSOA thereby shrinking the RBSSOA 
and weakening the system output power capability. Hence an appropriate design 
of the thermal system with the over-temperature protection is critical to the sys- 
tem reliability. 
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Fig. 5.20 The main-circuit topology of the two-level VSIs 


5.4.2 SSOA Applications in Converter Seriations 


To validate the effectiveness of the SSOA, here we apply the SSOA to three IGBT 
based two-level VSIs with different power ratings. The converters have the same 
topology, as shown in Fig. 5.20. Three major parts are included in the main circuit, 
i.e., rectifier, DC link and inverter. In addition, auxiliary circuits are needed such 
as the power supply, input filter and protection, sampling and protection circuits, 
cooling systems, etc. 

Here the converter design using SSOA, including the component selection, pro- 
tection strategy and system optimization, are to be demonstrated. With the target 
power ratings of 55, 160 and 315 kW, respectively, this section focuses on the com- 
ponent selection, SSOA and OA design and the experimental validation. Applying 
the SSOA to three different prototypes is not simply repeating the same procedure, 
given the SSOA of each prototype has its own emphasis. For the 55 kW system, the 
power switch in the main circuit is single IGBT module, different from the three- 
phase integrated power module (IPM). Therefore it requires the in-depth study of 
the single-module characteristics. For the 160 kW prototype, paralleled modules are 
employed. Under the forced air cooling, the thermal imbalance among modules is 
the focus. For the 315 kW system, more modules are to be paralleled, which requires 
even stricter on the SSOA design. 


1. The 55 kW/380 V inverter 


The component selection based on the SSOA is mathematically determined by 
Eq. (5.39). Based on such calculations of the IGBT ratings, the prototype parameters 
are settled as Table 5.3. 

The calculated IGBT ratings are 
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Table 5.3 The design parameters of the 55 kW/380 V inverter prototype 


Parameter Value 
P 55 kW 
Un 380 V 
COS Q 0.85 

n 0.9 

kı i2 

k2 2.0 

k3 1.25 

L 25 nH 
f pen 20 nH 
Lis 0.6 mH 
Lsc 2.6 pH 
Cres 1 nF 
At 4 us 

lf 90 ns 


Table 5.4 The main components of the 55 kW/380 V inverter 


Component type Assembly manners 
IGBT modules 

Aluminum caps 2 in series, 2 in parallel 
Rectifier diodes 

Pre-charge resistors Parallel 

DC-bus balancing resistors Series 

Contactors 

Cooling fans 


iim _RBCj) = 379.7 A 

Ulm) J} ~ \891.1V 

him _sc(j) = 1385A 

U lim( j) ~ \ 1472 V 
Based on the calculation above, a 1200 V/300 A IGBT half-bridge module could 
meet the current requirement, though not the voltage requirement due to the DC-bus 
inductance Lpc and the control delay At. Further optimization of DC bus bars and 
gate-drive circuits is a must for the voltage rating. Actual component parameters of 

this inverter are shown in Table 5.4. 

Given the selected IGBT modules cannot meet the system specs in Table 5.3, 


improvements of the DC-bus-bar structure and the gate-drive circuits are needed. 
Through such enhancement, the DC-bus equivalent stray inductance Lg. drops to 


Parallel 


(5.50) 
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5 nH and the gate-drive delay is reduced to 3.7 us, which makes the 1200 V/300 A 
IGBT module an applicable candidate. 

A 55 kW/380 V inverter was prototyped based upon the above specs, with the 
actual SSOA shown in Fig. 5.21. 

Inside such SSOA, the OA is the dark-colored zone with its three boundaries as the 
over-voltage threshold of 700 V, the under-voltage threshold of 300 V and the over- 
current protection threshold of 400 A. The experimental test is shown in Fig. 5.22 
and 5.23. The three boundaries were used for the protection. As stated previously, 
all these thresholds are the detected value for the protection, not the actual values 
when the protection happens. 
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Table 5.5 160 kW/380 V 
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Parameter Value 
inverter parameters 
P 160 kW 
Un 380 V 
COS Q 0.9 
n 0.9 
kı 1.2 
k2 2.0 
k3 1.25 
Lac 10 nH 
L,(2 IGBTs in parallel) 10 nH 
Lis 0.19 mH 
Lsc 2.0 pH 
Cres(2 IGBTs in parallel) 3.10 nF 
At 3.8 us 
tf 110 ns 


For the experiments above, an inverter drove a 55 kW three-phase induction motor 
coupled with a 55 kW wind turbine, running at the open-loop mode. The starting 
current is shown in Fig. 5.22 and the steady current under 150% rated power is shown 
in Fig. 5.23. The conventional design sets the over-current protection threshold no 
higher than 300 A. With the enhancement of the DC-bus-bar structure and the control 
delay, such threshold could be increased to 400 A, widening the operation area. For 
the over-load operation shown in Fig. 5.23, the heatsink temperature is 75 °C, which 
further validated the effectiveness of applying the SSOA to the converter design, 
analysis and optimization. 


2. 160 kW/380 V inverter 


Based on the component-selection formula, we could calculate the ratings of the 
IGBT used in the 160 kW/380 V inverter. The system design parameters are shown 
in Table 5.5. 

The IGBT power ratings are calculated below. 


lim _RBCj) E 1042.7 A 

Uiim(Tj) E 899.3 V 

lim _sc(1j) : 2291.2 A 

Ulm) J} ~ \ 1171.7 V 
Based on the calculation considering the potential current imbalance among the 
paralleled devices and the capability of the forced air cooling system, two paralleled 


1200 V/450 A IGBT modules could meet the requirement. The component selections 
of the 160 kW/380 V inverter are shown in Table 5.6. 


(5.51) 
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Table 5.6 The main components of the 160 kW/380 V inverter 


Assembly manners 
1200 V⁄450A |6 | 2 in parallel 
5600u/400V |8 | 4 in parallel, 2 in series 


Component type 

IGBT modules 

Aluminum caps 

Rectifier diodes 
Pre-charge resistors 
DC-bus balancing resistors 


Contactors 
Cooling fans 


Fig. 5.24 The SSOA of the 
160 kW inverter prototype 


Fig. 5.25 The experimental 
starting current of the 
160 kW inverter 
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According to the specs and component selection above, a 160 kW/380 V inverter 
was prototyped, with the actual SSOA shown in Fig. 5.24. 

Its three boundaries are the over-voltage threshold of 720 V, the under-voltage 
threshold of 300 V and the over-current threshold of 1150 A, respectively. The 
related load tests are shown in Fig. 5.25 and 5.26. 

The inverter drove a 160 kW three-phase induction motor coupled with a DC 
generator as the load, which is further connected to a grid-tied four-quadrant DC/AC 
inverter. The speed/torque controller is employed for the DC machine to adjust the 
load. Figure 5.25 shows the experimental starting current of the 160 kW inverter. 
Figure 5.26 shows the experimental steady-state current of the induction motor under 


150% rated load. 
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Fig. 5.26 The experimental 800 
current of the 160 kW 
inverter under 150% rated 


400 
power 


Compared to the 55 kW inverter design, in addition to lifting the power capability 
based upon the SSOA, the 160 kW design widens the SSOA region based on the study 
of paralleled switches to further increase the power capability. The conventional 
design requires the current de-rating of paralleled switches, e.g., 10% of the current 
de-rating for two paralleled 1200 V/450 A IGBTs, limiting the inverter output below 
810 A. With the study of the current imbalance under the uneven thermal distribution, 
the inverter output-current limit is increased to 1150 A, which is a 40% increment 
compared to the conventional design. 


3. 315 kW/380 V inverter 


The system parameters of the 315 kW/380 V inverter are shown in Table 5.7, based 
on which the IGBT ratings could be calculated with the SSOA model, as shown in 
Ea: O32): 


Table 5.7 Parameters of the 


315 kW/380 V inverter a a 
P 315 kW 
Un 380 V 
COS Q 0.9 
n 0.9 
kı 1.2 
k2 2.0 
k3 1.25 
Lac 10 nH 
L,(4 IGBTs in parallel) 5 nH 
Lis 0.10 mH 
Lsc 1.5 pH 
Cres(4 IGBTs in parallel) 6.20 nF 
At 3.8 us 


tf 


110 ns 
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Kim _rBC;) . 2052.7 A 
Ulin) } ~~ \ 970.3 V 
him _sc(j) z 3715.1 A 
Uüm(1i)/ ~~ \ 1212.1 V 
After taking the current imbalance among paralleled switches and the ther- 
mal capability of the forced air cooling system into account, we employed four 
1200 V/450 A IGBT modules in parallel. The actual component selection of this 
315 kW/380 V inverter is shown in Table 5.8. 
The 315 kW/380 V inverter was prototyped based on the specs and design param- 
eters above, with the actual SSOA shown in Fig. 5.27. 
Its three boundaries as the over-voltage threshold of 700 V, under-voltage thresh- 
old of 300 V and the over-current threshold of 2100 A, respectively. Experimental 
results with the load are shown in Fig. 5.28 and 5.29, where Fig. 5.28 is the exper- 


imental waveform of the starting current and Fig. 5.29 is the steady-state current 
under 150% rated power. 


(5.52) 


Table 5.8 The main components of the 315 kW/380 V inverter 


Component type Assembly manners 
IGBT modules 4 in parallel 
Aluminum caps 5600u/400V |18 | 9 in parallel, 2 in series 
Rectifier diodes 1200 V/300A |6 | 2 in parallel 

Pre-charge resistors 3 in parallel 


DC-bus balancing resistors 10 kQ/60 W 2 in parallel, 2 in series 
Contactors 260 A x 3 


Cooling fans 25 W/220 V Parallel 


4._(taclO us Tim sc(Th) 
a Uacht) iig Uim Th) 


6000 
= Aes igc(t) > Tim RBC h) 
-F 4000 uacht) |5| Uri Th) 
2000 
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Fig. 5.27 The actual SSOA of the 315 kW inverter 
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Fig. 5.28 The starting current of the 315 kW inverter with the load 
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Fig. 5.29 The steady-state current of the 315 kW inverter under 150% rated power 


Table 5.9 Performance comparison of three inverters 


Rated power(kW) | Over-current capability(%) Output-power enhancement(%) 
a 258.9 33.5 


160 271.0 42.0 
315 pd) 45.8 


The major difference of such design is the temperature highly impacts the current 
distribution among paralleled switches, even though the cooling channel has been 
improved in terms of such thermal imbalance. When the inverter is running at the 
full load, differences remain among the case temperature of paralleled switches. 
When four modules are paralleled to form a 315 kW inverter, the uneven current 
distribution due to the thermal imbalance should not be overlooked. Based on the 
analysis in Chap. 3 for the paralleled switches, the compensation was made for the 
current imbalance thereby increasing the current capability of paralleled switches. 
Such effort benefits the inverter long-term output capability. 

A comparison of the three inverter prototypes is shown in Table 5.9. Here the over- 
current capability is a ratio of the short-term peak current over the rated current. The 
enhancement of the output power capability is the power increment using SSOA 
compared to the conventional design method. 
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5.4.3 Converter Evaluation and Protection Based 
on the SSOA 


The SSOA can be employed for the system design and evaluation. It helps to max- 
imize the device utilization, design the protection strategy for the off-the-shelf con- 
verters, and enforce the system reliability by locating the OA inside the SSOA. 


1. Evaluation of system parameters based on the SSOA 


The parameter evaluation is selecting appropriate components at the converter design 
stage through quantifying the system SSOA. For the dual PWM inverters with the 
rated power of 55 kW, the rated output current is 105 A and the rated voltage is 
380 V. The IGBT options include 1200 V/300 A and 1700/300 A, considering the 
starting inrush current twice of the rated value. For the same type of IGBTs, different 
manufacturers and ID numbers are given. Here we use the volume of the SSOA 
as the evaluation matric, which is defined as the maximum power capability of a 
power electronic system under the given power devices. Such matric can be obtained 
through double integrals shown as follows. 


Cssoa = J| icduxan (3.93) 


Once the main-circuit structure is settled down, the component selection complies 
with following procedures. Firstly, substitute device and main-circuit parameters into 
the SSOA mathematical model, calculate its boundaries, and conclude if such device 
could meet basic requirements of the SSOA, i.e., all possible running points are 
within the SSOA without overflowing. Secondly, for the components meeting the 
requirements, calculate the volume of the SSOA. For the same rated devices, select 
the one with the largest volume to maximize the SSOA region. For different rated 
devices, select the one with the minimum volume to maximize the device utilization. 

Four types of 1200 and 1700 V dual-switch IGBT modules are compared in 
Table 5.10, all of which have similar packages and meet the SSOA boundaries. 
According to the principle of selecting the minimal SSOA volume for different 
rated switches, #II and IV are erased off. For the left two types, #1 IGBT provides 
the largest SSOA volume, i.e., under the same system specs it provides the widest 
operating region thereby largest electrical allowance. Such IGBT needs be put on 
the top priority. 

Therefore, in addition to evaluations of converters using different types of IGBTs, 
a further optimization on converter parameters can be carried out through employing 
the concept of SSOA volume. 


2. Design of the protection strategy based on the SSOA 


For the off-the-shelf converter, employing the SSOA will determine the safe operation 
regions thereby setting the applicable OA and protections. A reliable protection 
strategy secures the system reliability, though the conventional protection strategy 
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Table 5.10 SSOA comparison of different IGBTs 


IGBT Ring—oaqlPC:W-!) | Cssoa/(MVA-°C) 
No. 


Isciim/A | Eoff/mJ 
U lim/ V Erec/mJ 


Ring — yp/CC-W") 
Rin AER n/CC-W~ l) 


1200 

II 600 |4 150 0.066 54.513 

Ill 600 ë |2 J15 0.094 35.866 
0.083 

013 

0.009 


IV 600 |100 |150 RAR 
1400 0.13 
1700 0.009 
Fig. 5.30 SSOA of Thermal PE EN 
55 kW/380 V dual PWM based SSOA based SSOA 7 600 
converters t as : r 
d ‘i 500 
400 
300 
200 
100 
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is solely based on the over-voltage, over-current and over-temperature without a 
comprehensive consideration of all related physical parameters. 

Still take the 55 kW/380 V dual PWM inverters as an example. Some critical 
parameters in such a system are shown in Table 5.11. Here the DC-bus induc- 
tance is extracted using the PEEC method, the motor leakage inductance is the rated 
value, the short-circuit inductance is the experimental value through the phase-phase 
short-circuit test, and the IGBT thermal resistance and loss are obtained through the 
datasheet though not listed in the table. Based on the derivations above, its SSOA is 
shown in Fig. 5.30. 

Based on the SSOA the system OA could be further derived, as shown in Fig. 5.31. 
In Fig. 5.3la, the OA overflows SSOA boundaries, unable to secure the system 
reliability thereby an irrational design. Figure 5.31b shows an applicable design. 


5.4 System Evaluation and Optimization Based on the SSOA 237 


Table 5.11 Key parameters Ponne Value 

of 55 kW dual PWM 

converters Ulim/V 1200 
ĪRBlim/A 600 
I sctim/A 1200 
Cres/nF l 
te/us 0.13 
Lsce/nH 10 
At/us l 
Lac/nH 57 
Ug/V 380 
L,/mH l 
fswikHz 6.4 
L\;/mH 0.6 
Lsc/wH 1.8 


When the operating point exceeds the OA boundaries, protections will be triggered 
to avoid any potential damage of IGBTs thereby securing the system reliability. 
Given its irregular shape does not facilitate the setting of the protections, in the actual 
applications we usually trim it into a regular shape. For instance, in this system, the 
DC-bus under-voltage threshold is 400 V, and the over-voltage threshold is 800 V 
with the rated value of 700 V. The OA for the current limitations is divided into two 
parts, one is 300 A when the heatsink temperature is 25-35 °C, double of the motor 
rated current of 105 A rms thereby securing the inverter full-load start, the other is 
200 A for the steady-state operation when the heatsink temperature rises to 35—70 °C. 
Such settings prohibit the junction temperature from exceeding the maximum value 
and can be used as threshold values for the protection. The OA design is relatively 
flexible in different applications in order to maximize the utilization of the SSOA 
and power switches. 


3. Experimental validation of SSOAs 
(1) Electric stress based SSOA 


IGBTs in the actual operations have similar switching behaviors, though the switch- 
ing time has differences. To emulate actual operations, one IGBT in the 55 kW dual 
PWM converters is employed as the sample. As shown in Fig. 5.32, the test circuit 
is a Buck converter with the inductive load to emulate the motor leakage inductance. 
The over-current protection is to be enabled and tested. To vary the grid voltage, an 
adjustable transformer is located between the grid and the rectifier input. 

Table 5.12 shows the actual turn-off current under the over-current protection 
when the DC-bus voltage varies. The over-current setting is 300 A. Once the current 
beyond the threshold is detected, the system immediately shuts down the switch. 
Due to the existence of the time delay, the actual turn-off current is always higher 
than the protection threshold, which further rises with the DC-bus voltage increasing. 


238 5 System Safe Operation Area Based on Switching Characteristics 


600 600 
500 | | 3 . 
SSOA -i OA i 
400 600f A SON 3 400 
300 < nfi aa aau 
d 4007: i... 1. A 
$ F y A | Be 
a Pe a" an 
2004: H | | ai 
t” 1000 
100 of dik 500 ve 
; 150 100 50 0 UaV 
T,/°C j 
(a) An irrational design (b) An applicable design 


Fig. 5.31 SSOA and OA of 55 kW dual PWM converters 


Transformer 


Fig. 5.32 Test circuit of the electric stress based SSOA 


The experimental inductance is relatively large, yielding a slow current rising rate. 
Therefore the actual turn-off current has not much difference from the threshold 
value, 300 A. The measured turn-off current under different DC-bus voltages is 
shown in Fig. 5.33. 

For the same IGBT above, we can further increase the over-current threshold 
to 700 A, replace the load inductor with a short-circuit inductor and implement the 
short-circuit test. With the DC-bus voltage varying from 100 to 600 V, the actual turn- 
off current with the short-circuit fault is shown in Fig. 5.34. It indicates that with 
smaller load inductance the actual turn-off current is far beyond the threshold value 
and becomes even worse with a higher DC-bus voltage. At the DC-bus voltage of 
600 V, the actual turn-off current under the short-circuit fault approaches to 1200 A, 
the limit of the IGBT short-circuit current. Since the control delay At highly affects 
the actual turn-off current, a minimized time delay is rewarding to avoid the turn-off 
current higher than the SSOA boundary. 
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Table 5.12 Actual turn-off current under different DC-bus voltages 
DC-bus voltage/V 
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ucg/ V 
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(d) When DC-bus voltage is 700V 


Fig. 5.33 The measured actual turn-off current under different DC-bus voltages 


(2) Thermal based SSOA 


239 


Testing the thermal based SSOA design requires a long-term running. For the dual 
PWM inverters above, the cooling systems for the grid-side and motor-side mod- 
ules are independent. To emulate the over temperature protection, a minor change is 
made on the cooling loop, 1.e., plugging the inhaling port of thermal loop at the grid 
side while leaving the motor-side heatsink alone. A temperature sensor is employed 
to monitor the system temperature especially at the full load. After some running 
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Fig. 5.34 The actual 
turn-off current under the 
short-circuit fault with 
different DC-bus voltages 
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period, the grid-side inverter was heated up quickly to 93 °C when the damage of 
IGBT modules occurred. Even though the motor-side inverter undertook the reactive 
current thereby an overall current larger than the grid side, no module damage hap- 
pened. Figure 5.35 shows the inverter running process tracked in OA. The DC-bus 
voltage was fixed at 700 V. Only the grid-side inverter current and the temperature 
are pictured. At t = fo the motor started with the full load and reached the steady 
state by t = t2, during which the temperature gradually increased. A plugged cooling 
loop resulted in the system running to the point t5, overflowing the SSOA thereby 
damaging the IGBT module. Shown in Fig. 5.36a is the IGBT module damaged due 
to the over temperature. Figure 5.36b shows the surrounding silicone gel around the 
module, which was squeezed out due to overheating. Even the full-load operation 
of the grid-side inverter at the DC-bus voltage of 700 V and current of 140 A did 
not exceed the electric-stress based SSOA with normal temperature, the heatsink 
over-temperature reduced the IGBT current capability sharply and further led to the 
running point overflowing the thermal based SSOA thereby causing the switch dam- 
age. Hence the temperature must be carefully considered when setting the protection 
strategy. 

In addition, the IGBT module in Fig. 5.36a were damaged more in the middle 
than the right. It is because that the middle module was heated by the left and 
right module, yielding more heat cluster than its generated heat thereby a higher 
operational temperature and harsher ambient. The thermal distribution is given in 
Fig. 5.37, validating that the middle module bears the highest temperature. When 
setting the threshold value for the thermal protection, the middle-module temperature 
should be referred to. 

As a destructive experiment, such test should be avoided in actual operations. An 
appropriate design of the cooling system and an unimpeded cooling loop facilitate 
the heat dissipation, lower the IGBT ambient temperature and prolong its lifespan. 

As a summary, the SSOA is based on the DSOA, employs the DC-bus voltage, 
AC output current and heatsink temperature as the variables, takes the key factors 
such as parasitics, control delay and temperature into account, and bridges multi- 
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(a) Internal view of the damaged IGBT modules (b) Silicone grease of the IGBT module 


Fig. 5.36 The IGBT modules damaged by the over-temperature 


(a) Thermal distribution of modules (b) Thermal distribution of air outlet 


Fig. 5.37 The thermal distribution in a converter 


timescale transients together. Based on time constants of different transients, the 
SSOA could be further divided. The stray inductance of DC bus bars, control time 
delays, switching frequency and etc. highly affects the SSOA boundary settings, 
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which should be carefully deployed to widen the SSOA and maximize the device 
utilization. Compared to the DSOA, the SSOA comprehensively involves various 
influential factors thereby much closer to real applications. We could use the SSOA 
as the reference to quantify the component selection and system protection design, 
which secures the system reliability, maximizes the device utilization and enforces 
the long-term running capability simultaneously. 


Chapter 6 
Measurement and Observation 
of Electromagnetic Transients 


Power electronic systems consist of interactions between the information and energy. 
To implement the effective energy propagation through the control system, the related 
energy-flow information needs be fed back to the control unit, i.e., measurement and 
analysis. From the control theory point of view, measurements and observations 
form the feedback loop of the closed-loop control, acting as the interface between 
the energy flow and information flow. Since majority of power electronic systems 
use the digital control algorithm with the discrete control system and information 
flow, while the main-power circuit carries the continuous energy flow, the observation 
system is the interface between the continuous and discrete parts of power electronics 
mixture systems. 

The digitized power electronics control has its core strategy implemented in dig- 
ital signal processors. The output of the observation system is the digital signal to 
manipulate the energy flow, the carrier of which is the control-unit firmware, i.e., 
weak-electricity parts in power electronic systems. At the same time, the input of 
the observation system is the energy flow, the carrier of which is the main-power cir- 
cuit, i.e., strong-electricity part in power electronic systems. Therefore, in addition 
to providing the timely and accurate feedback information, the observation system 
needs meet requirements of the insulation, EMC and isolation between the strong 
and weak electricity circuits. 

As shown above, the observation system integrates the energy with information, 
discrete with continuous signals, and software with hardware. Particularly in high- 
power electronic systems, the main circuit has high voltage and current, yielding 
more obvious transients. Meanwhile, the high-power semiconductor devices have 
limited switching frequency and control bandwidth. Variables in the observation 
system such as sampling frequency, control bandwidth, sampling points, delay, error, 
insulation, isolation and EMC will impact not only the system performance but also 
the reliability. 

Based on the processing, transformation and transfer methods of physical vari- 
ables in the power electronic converters, the observation system consists of the digital 
type and the analogue type. The former one aims at digital signals, feeding logic sig- 
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Fig. 6.1 A typical sampling system of power electronic converters 


nals back to the control system, which however is not part of the core control strategy 
thereby not directly influencing the system control performance during normal oper- 
ation. The latter one is also named as the sampling system, used to sample power 
signals, transform and process them into analogue signals acceptable to the control 
unit, and transfer and feedback them to the core control strategy. Such feedback 
signals are not only indispensable state variables for the closed-loop control but also 
important references for the system protection. Hence the performance of the sam- 
pling system highly impacts the power electronics control and reliability. With the 
progressing of power electronics technology, the demand for timely, accurate and 
reliable sampling systems is surging. 

This chapter is focused on the structure and function of the sampling system, 
describes the difference between power signals and information signals, analyzes 
the impact of the sampling delay and error on the control performance, and improves 
the design of the sampling system. 


6.1 Structure and Function of Sampling System 


A typical sampling system of the power electronic converters is made of sensors, ana- 
logue processing circuit, analogue-to-digital conversion (ADC) ICs, digital control 
ICs, communication circuits, etc., as shown in Fig. 6.1. 

Based on the characteristics of each element, the sampling system can be divided 
into the carrier and interface. The carrier is used to transfer and process physical 
variables without changing their properties. The interface, however, will transform 
the signal based on features and requirements of carriers, e.g., transforming power 
into information, analogue into digital, continuous into discrete and parallel into 
serial. Each part of the sampling system is detailed as follows. 


1. Sensors 


The International Electro-technical Committee (IEC) defines the sensor as “a front- 
end component to convert the input variable to measurable signals”. Based on the 
application of sensors in power electronic systems, sensors in sampling systems can 
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be defined as “devices or equipment to convert measured signals into related feasible 
electric signals”. As the interface between the main circuit and the control system, 
sensors convert power analogue variables into information analogue signals with 
certain amplitude and accuracy, an indispensable element in the closed-loop control. 
The main specs of the sensors include measurable ranges, output range, accuracy, 
bandwidth, response time, insulating voltage, power loss, etc. 


2. Analogue processing circuits 


The output of the sensor will be converted into the digital signal through the ADC. 
However, it is usually impossible to perfectly match the sensor output with the ADC 
input. If the sensor output has a too wide range thereby exceeding the effective input 
range of the ADC, the saturation is expected. If the sensor output range is too narrow, 
it will result in a large error during the signal conversion. The ADC relative error is 
expressed as 


-ADin max 
- u (u d ADin_max) 
-A Dn min 
a —— i (u < ADin min) (6.1) 
ADi w Ai min 
| u(2 bit — ]) - (ADin_min <ucs ADin max) 


Here u is the input analogue signal of the ADC chip. ADin min and ADin max are the 
minimum and maximum input of the ADC, respectively. ADg,; is the relative error of 
the ADC. One function of the ADC processing circuit is to adjust the amplitude and 
offset of the sensor output, covering the whole range of the ADC without overflow, 
1.e., Minimizing the ADC relative error without sampling saturations. Besides, filters 
could be added to processing circuits to eliminate the noise and increase the precision. 


3. ADC ICs 


The digital control unit has been widely used in power electronic converters. The 
core control strategy and protection are all implemented in the digital control sys- 
tem, which requires the analogue states to be converted into digital signals and fed 
to the control unit. Majority of the actual state variables in power electronic systems 
are propagating in the form of power analogue signals. After sensors and analogue 
processing circuits, these signals are converted into information-level analogue sig- 
nals, which later will be transformed by the ADC into discrete signals used in digital 
control processors. 

The ADC process contains sampling, holding, quantifying and encoding. Sam- 
pling is to digitize continuous analogue signals and output pulse sequences, the 
amplitude of which is determined by the input analogue, as shown in Fig. 6.2. Usu- 
ally, the sampling pulse width is very narrow. The holding circuit is to keep the 
present sample for the ADC before the next sampling pulse arrives, as shown in 
Fig. 6.3. The input analogue, after sampling and holding, is still a continuous trape- 
zoidal analogue, which needs be quantified to a closest discrete number, given in 
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Fig. 6.2 ADC processing 
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Fig. 6.3 The sampling and holding of the ADC 


the digital system an n-bit signal can only represent 2” numbers. This step is called 
quantifying. Using digital signals to represent discrete signals is named as encoding. 


Therefore in order to adapt digital control systems, the ADC digitizes the time and 
amplitude of analogue signals. Assume the ADC sampling rate is f sample. Based on 
the sampling theory, converted digital signals all have the frequency lower than 1/2 
f sampie. Therefore the signal bandwidth is narrowed, equivalent to adding a low-pass 
filter to the measured signal. The quantifying digitizes the signal amplitude. The 
signal amplitude before and after the quantifying is different due to the quantifying 
error, which lowers the conversion accuracy. Define the bit number of an ADC IC as 
ADpit and the analogue input range as ADin min—Adin max. The maximum quantifying 
error of the ADC is 


AD in max = AD in min 


ae (6.2) 


Emax — 
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which indicates that the sampling frequency and bit count determines the ADC 
bandwidth and accuracy. In addition, the input range and the channel count are also 
important indexes of the ADC. 


4. Digital Control Units 


For the power electronic system with the digital control unit, all the core control strat- 
egy is realized inside the digital control unit. Due to the data type and the unification, 
digital signals after the ADC cannot be directly fed to the digital control processor. 
All such data conversion, unification and amplitude transformation could be named 
as the digital signal processing. Meanwhile to further meet the requirement of the 
control unit on the feedback signals and improve the control performance, software 
filters and data diagnosis could be added. 


5. Communication 


The electromagnetic energy transfer and transformation is large in high-power elec- 
tronic systems, which require large physical dimensions and cause strong EMI. To 
mitigate the impact of the EMI on the control system, we usually distant the control 
unit from the main-power circuit, which yields the long propagation distance of digi- 
tal signals thereby bringing disturbance in the communication. To secure the reliable, 
accurate and timely sampling, high EMC and effective data diagnosis and retrans- 
mission are the must, with the certain communication rate. To lower the firmware 
cost, the serial communication is often recommended, which requires the highly effi- 
cient and reliable modem before and after the communication carrier. The data-bus 
resources need be allocated wisely based on data characteristics and usage to meet 
the communication requirement in different systems. 


6.2 Difference of Power and Signals in Sampling System 


A voltage-source three-level PWM rectifier is a perfect candidate to illustrate non- 
ideal characteristics of the feedback loop in power electronic systems. Compared 
to the diode rectifier, the PWM rectifier has features of relatively low input current 
harmonics, high power factor, controllable DC-bus voltage and bidirectional power 
flow, etc., which explains why it has been widely used in the motor control, DC-power 
transmission, reactive power compensation, active power filter, electric traction, grid- 
tied renewable power systems, and etc. As shown in previous chapters, compared to 
the two-level rectifier, the three-level PWM rectifier has lower voltage stress across 
the switch and lower switching frequency with the same amount of harmonics, which 
makes it well positioned for high-voltage applications. Shown in Fig. 6.4 is an NPC 
three-level PWM rectifier. 

In Fig. 6.4, L; and R, are the equivalent inductance and resistance of the grid-tied 
inductor, respectively. Cac; and Cac2 are two DC-bus capacitors. €a, €» and eec are the 
three-phase voltage. ua, Up and ue are three-phase inverter voltage. lac is the current 
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Fig. 6.4 NPC three-level PWM rectifier topology 
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Fig. 6.5 The sampling system of the three-level PWM rectifier 


flowing through the positive DC bus. i, is the neutral-point current. Uge; and Uge2 
are the voltage across Caci and Cac2, respectively. /,, is the load current. 

Shown in Fig. 6.5 is the actual sampling circuit in the three-level PWM rectifier. 
Since the sampling circuit is very close to the control processor, no communication 
circuits or related modems are needed. The sensor and ADC module are the front 
and end carrier interfaces of the sampling system shown in Fig. 6.1, respectively. 
The analogue circuit in between is the carrier of the analogue signal processing. 

During the hardware design, the sensor output current passes through the sampling 
resistor and gets converted to a voltage signal between — 12 V and +12 V. Two OPAMs 
are used, with the first-stage as the inverting proportional circuit and the second-stage 
as the subtraction circuit, respectively. The voltage signal across the sampling resistor 
is converted to a voltage signal of 0-3 V, matching the ADC input range. The ADC 
is then executed by the ADC module of the DSP. 

The software design needs set the appropriate ADC clock frequency and the sam- 
pling window. The ADC sampling is in the cascade sequencing mode and completes 
sampling of all channels, 1.e., two DC-voltage channels, two grid-voltage channels 
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Fig. 6.6 The actual and sampled grid current 


and two grid-current channels. The AD conversion is triggered upon the initiation of 
the sampling period, using the query mode. Once the related register is set to 0, the 
conversion is complete and ready for the data reading. 

As shown in Fig. 6.1, the sampling system of power electronic converters usually 
adopts the serial structure. Delay and distortion of physical variables in their own 
carriers and interfaces are expected. Such non-linear delay and distortion are accu- 
mulated and overlapped in the serial system thereby forming the delay and error of 
the overall sampling system. 

Experimental results show the obvious difference between the measured volt- 
age/current and sampled feedback digital signals. As shown in Fig. 6.6, the actual 
phase-A current of the grid (measured value) and the sampled value (feedback sig- 
nal) are compared. Here the sampled waveform is generated by the DAC module 
of the DSP after the ADC. The existence of the inductor between the grid and con- 
verter results in the variable current changing rate at different switching modes. With 
the rectifier sampling frequency and switching frequency much higher than the grid 
line frequency, it is assumed the voltage change between two switching actions is 
negligible thereby linearizing the current in between. It is clear that even after com- 
pensating the maximum transformation time of the DAC module the sampled current 
still shows a delay of about 100 us from the actual value. When the measured value 
and the sampled current do not cross the zero at the same time, the sampling circuit 
has the DC offset. In addition, some high-frequency components of the actual current 
were filtered off, which generates the sampling error. 
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6.3 Impact of Sampling Delay and Error on Control 
Performance 


As shown above, the measured analog signal through the sampling system is con- 
verted to the feedback digital signal, imposed with the delay and error. Namely, the 
information carried by the feedback signal has the distortion and hysteresis. This 
will directly impact the observation and control implementation of the control unit 
in power electronic systems and deteriorate the control performance. In this section, 
for the commonly used voltage vector oriented control (VOC) and the direct power 
control (DPC), the impact of the sampling delay and error on the control performance 
is quantified in the frequency and time domains, respectively. 

This analysis is based on the mathematical model of the NPC three-level PWM 
rectifier. Define the transfer function of three-phase abc static coordinates to the 
two-phase af static coordinates as 


x 2 (= 3 i 
a 2 2 

— ,|— 6.3 
x 3 0 J3 J3 = ( ) 


Here the œ-axis in œ f coordinates is aligned with the a-axis in the abc coordinates. 
The coefficient ./2/3 guarantees the identical power before and after the transfor- 
mation. The transfer function of af coordinates to the rotatory dq coordinates is 


x i x 
daj _ oo 0 sin a (6.4) 
Xq — sin cos Xg 


Here 0 is the angle between the d-axis in the dq coordinates and the a-axis in the 
af coordinates. 
Define the three-phase switching functions as follows (i = a, b, c): 
(1) Sı; and Sz; on, S3; and S4; off, i.e., Sip = 1, Sin = 0; 
(2) S3; and S4; on, Sı; and S9; off, i.e., Sip = Q, Sin = 1; 
(3) So; and $3; on, Sı; and S4; off, i.e., Sip = Q, Sin = O. 


1. In three-phase abc static coordinates 


ZX = AX+Be (6.5) 
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B =diag| 1 | 1—1 -1 | 


e = [ea 6 ec l h] 


2. In two-phase «f static coordinates 


Applying Eq. (6.3) to the mathematical model under abc coordinates, we derive 
the mathematical model of the three-phase PWM rectifier under wf coordinates as 
follows. 


dig ; 
Mi ae = — Rig — Ug + Cy 
dig | 
sar = — R;ig — Ug + @p 
| 6.7 
dae ; š i l 
Caci EP = Sapla + SB plp = Ir 
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Here 
S 
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2 2 Sen 
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3. In dq rotatory coordinates 


Assume the d-axis of the dq coordinates is aligned with the grid voltage vector. Its 
initial phase angle is 0 and the angular velocity is w. Therefore 


a) aa ON (6.9) 
Here fe is the grid-voltage frequency. This forms synchronous dq coordinates. 


Applying Eq. (6.4) to the mathematical model under wf coordinates, we could derive 
the mathematical model under dq coordinates as follows. 


L;— = —R;ia + OL sig — ua + V3E 
T = Reig — @Lsia — Ug 


dU, 
ee a? (6.10) 


2 ; i 


Here E is the RMS value of the grid phase voltage. Relationships among other 


variables are 
Sdp | | cos® sin Sap 
Sap | | —sin@ cos@ || Sgp 
Sdn | | cos 0 sin San 
San} | —sin@ cos || Sgn (6.11) 


T 
Ug = SdpU acı — Sdn Vac = | cos smo || ra ug | 


T 
Ug = SgpUaci — SqnUdc2 = |- sind cos 6 || ua up | 


6.3.1 Frequency-Domain Analysis 


VOC is one of the most exemplary and commonly used control strategies of the PWM 
rectifier. It has excellent stability, fixed switching frequency and ease of decoupling 
control, etc. Shown in Fig. 6.7 is the block diagram of the VOC, which is made 
of three control loops. The external loop controls the DC-bus voltage, while the 
internal two loops control the d-axis current and g-axis current, respectively. Three- 
level SVPWM is adopted as the fundamental modulation method. In addition, the PI 
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Fig. 6.7 A typical three-level VOC 
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Fig. 6.8 The frequency-domain model of the current loop in VOC considering the sampling delay 


controllers have very certain transfer functions in the frequency domain, facilitating 
its frequency-domain analysis. 

It can be seen that the three-level PWM rectifier needs sample the grid voltage, 
grid current and DC-bus voltage then forward them to the control algorithm. For 
the three-phase three-wire grid, at least two grid voltages, two grid currents and two 
DC-bus voltages need be sampled, which add up to 6 sampling channels. Here the 
grid voltages and currents are all in AC forms while the bus voltages are the DC 
ones. 


1. Impact of the sampling delay on the control performance 


Consider the sampling delay of the grid current, i.e., the sampled value falls behind 
the actual value. The frequency-domain model of the VOC used in the three-level 
PWM rectifier is shown as Fig. 6.8. 

In this model, two delays are to be considered. One is the PWM delay, the other 
is the current sampling delay. Here T, is the SVPWM control period and 74; is the 
sampling delay of the grid current. The reloading mechanism of the microprocessor 
causes the delay of one control period for the PWM generation. When using the 
center-aligned PWM generation, it is assumed that the present sampling current will 
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be used at the center moment of the next control period. Therefore the overall control 
delay caused by the PWM generation is 1.5T,. When designing control parameters, 
we could refer to Fig. 6.8 for the current PI controller, i.e., adjusting the control loop 
as a typical I-type system without considering the sampling delay, which yields the 
optimum second-order dynamic response. 

The open-loop transfer function of the current loop based on the frequency-domain 
model shown in Fig. 6.8 is 


Go(s) = -exp (—1.57, - s) - exp(—Tqj - $) (6.12) 


213° 
which can be further changed into the form of the logarithm, 1.e., 
L(@) = —201g(2T; - œw) (6.13) 


and its phase-frequency characteristics are 


M N Aak + Tq))@ 
P(w) = —90° — 180° x ——— (6.14) 


Furthermore the phase-angle margin is 


5 1.5 + Tai/ Ts 
y = 90°(1 - ——=) (6.15) 


A large sampling delay Tai will reduce the angle allowance, thereby weakening 
the system stability. Here the precondition for the system stability is 


PER Gee TOS Y H (6.16) 


The bode plot of the current open loop when T, = 0.2 ms is shown in Fig. 6.9. 
The impact of the sampling delay is illustrated. 

As shown in Fig. 6.10, with the sampling delay increasing, the d-axis, g-axis 
and phase-a current of the three-level PWM rectifier are simulated. An increment 
of the sampling delay results in the decrease of the stability margin, e.g., increased 
oscillation of the d-axis and g-axis current, lower oscillation frequency and higher 
current harmonics. When Tai > 0.33 ms, Eq. (6.16) indicates the instability of the 
system. 

The analysis above shows the impact of the sampling delay on the system steady- 
state performance based on the frequency-domain modelling of the three-level PWM 
rectifier. To facilitate the analysis of the dynamic performance, a linearization of the 
frequency-domain model is needed. Two non-linear delays are included in the model 
shown in Fig. 6.8, i.e., PWM block and the current sampling block. Since the time 
constant of the high-power PWM rectifier, L/R, is much larger than the delay of the 
sampling and the PWM link, we could use the first-order inertia to represent two 
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Fig. 6.9 The bode plot of the current open-loop control with variable sampling delays 


time-delay blocks. The ultimate linear frequency model of the VOC current-loop is 
shown in Fig. 6.11. 
Furthermore, its open-loop transfer function is 


l 
D= ri (6.17) 
2T2 Ta + s(s +s + =) 
with its closed-loop transfer function as 
Tas + | 
G(s) = (6.18) 


2T Tas + 2 lali, T Ta;)s? = 2x +1 


Based on Eq. (6.18), the root locus of the closed-loop transfer function considering 
the time delay is shown in Fig. 6.12. Three poles are exhibited, two of which are 
conjugate poles dominant over the system dynamic performance. 

The variation of the system overshoot, modulation time and the unit step response 
versus the sampling delay is shown in Figs. 6.13, 6.14 and 6.15, respectively. It can 
be seen that the larger the sampling delay, the larger the overshoot and the longer 
modulation time thereby the more deteriorated dynamic performance. Simulation 
results of the current in Fig. 6.10 also verified the above analysis. 


2. Impact of the sampling error on the control performance 


In addition to the sampling delay, the sampling error has the impact on the control 
performance as well. Through comprehensively considering the sampling error of the 
voltage control loop and two current control loops in the VOC control, the frequency- 
domain model of the three-level PWM converter is shown in Fig. 6.16. Here id ep and 
ig err are the sampling errors of the d-axis current and q-axis current, respectively. 
U gc_err is the sampling error of the DC-bus voltage. ky and T, are the proportional 
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Fig. 6.10 d-axis current, g-axis current and phase-a current with different current sampling delays 


coefficient and integral time of the voltage-loop PI controller, respectively. m and 
gy are the modulation index and initial phase angle of the AC fundamental voltage 
at the rectifier grid side, respectively. In the modeling process, the PWM harmonics 
are ignored with only the low-order harmonics considered. From such a model, the 
d-axis current in the frequency domain can be expressed as 


la(S) = iai(S) + ide(S) (6.19) 
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Fig. 6.11 The linear frequency model of the VOC current loop considering the current sampling 
delay 
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Fig. 6.12 The root locus of the VOC current loop considering the time delay 
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Fig. 6.13 Overshoot versus the sampling delay 
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Fig. 6.14 Modulation time versus the sampling delay 
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Fig. 6.15 The system step response versus the sampling delay 
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Fig. 6.16 The frequency-domain model of the three-level PWM converter with the sampling error 
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Here ig, is the actual d-axis current controlled by the reference value. ige is the 
error current caused by the sampling error, 1.e., 
-i3(S) (6.20) 


| 
tals) = F772 4 OTs +1 


l 


mees ten) en 


lae(S) = 


In the steady state, based on the Laplace final value theorem, we have 


i de ase 5 ii 38 
m am m 2T?s5242Ts+1 5 À = 


Therefore in the steady state, 
iq(t) = ij + İde(t) (6.23) 


Here ige(t) is the static error of the d-axis current. 
With the DC offset involved in the sampled grid AC current, under the abc coor- 
dinates the sampled current in the time domain can be expressed as 


i (t) =i,(t) +i 
al ) al ) — (6.24) 
L(t) =Ip(t) + lb err 
Here 7, and ip are actual current values of Phase a and b, respectively. ia err and 
lp err are the DC offset of the sampled current. According to Eqs. (6.3) and (6.4), the 
sampling error of the d-axis current is 


ia em(t) = Vig em Sin(wt + =) + Vir en Sin wt (6.25) 


with its frequency-domain expression as 


3% w r: : 
. (žia en ET Wa (ia err + 2ib_err) 
ld err(S) = n a (6.26) 
S“ +@W 


The substitution of Eq. (6.26) into Eq. (6.21) yields control errors of the d-axis 
current in the frequency domain and time domain, as shown below. 


ie ae ; 
of Bien -S + (la err + 2ib err) +b +d 
PE EEA eE A eR le SOT E y 
(2T28s2 + 2T,s + 1)(s? + œ?) 2T?s*+2T,s+1  s*+a° 


b cjst+d 
ae(t) = Lo" [ig(s) — i," — pop pS FA) (698 
lde(t) [ia(s) — ia ($)] (S729 FIT s+ ad (3 To ) (6.28) 


Applying the Laplace FVT, we have 
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= ays + by s(ajs + bi) 
lim L — = —— - 0) (6.29) 
t—>00 2T?s? +2Ts+1 s>02T?s? +2T;s +1 


Hence the static error of the d-axis current caused by the DC offset error is 


C15S +d 


ialt) — ij = £7 (5) = Imal sin(ot + gai) (6.30) 
Here 

Indi = 4/0? +d?/o 
ga) = arctan(c)@/d}) 

(VETZ? + JIo — V3) + in em + W2T - ip er 631) 
= AT4a4 + 1 
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Similarly the static error of the g-axis current caused by the DC-offset error is 
ig(t) — ig = Imgi Sin(wt + Pqi) (6.32) 


Based on Eqs. (6.30) and (6.32), we can further derive the control error of the 
phase current caused by the DC offset error, as shown below. 
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I 
-- —— 
V6 


Here j,*, ip* and 7,* are reference values of the phase currents, respectively, which 
in the steady state are symmetric sinusoidal values. 

The analysis above reveals the existence of the DC component and second-order 
harmonics in the actual current, caused by the sampling error of the DC offset. 
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Fig. 6.17 Simulated voltage and current when the sampled grid current has the DC-offset error 


Their amplitude could be quantified based on the equations above. Note the d-axis 
current loop is part of the DC-bus voltage loop, while Eq. (6.30) shows the DC- 
offset sampling error of the phase current could introduce another harmonics to the 
d-axis current, with the frequency of w/(21™) = fe, which in return generates the 
same-frequency component to the DC-bus voltage. Simulation results are shown in 
Fig. 6.17, where 0.5 A DC-offset error is added to the phase current sampling. 

The grid current spectrum indicates the existence of the DC offset and the second- 
order harmonics. Meanwhile an oscillation of 50 Hz is shown in the DC-bus voltage. 

The main component of the grid current is still at the fundamental frequency. With 
the amplitude error, the sampled current can be formulated in the time domain as 


i(t) = (1 + ka erria(t) = ig(t) + V2Ika err COS œf 


(6.34) 
iC (t) = (1 + kp er)ib(t) = ib (t) + V2I kp err cos(æt — 27 /3) 
Here Ka er and kp err are coefficients of the amplitude error for Phase a and b, 
respectively. / is the rms value of the grid fundamental current. The sampling errors 
of the d-axis current in the time domain and frequency domain are 


3 3 
id em(t) = Ika en[Sin(2ot + =) + c + [ky enl—sin(2ot + =) + E (6.35) 
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. YE EER J3 Sa 1 
ia en(S) = TF Heol pg + =) + Thy erl- ae +2) (6.36) 


Substituting the above to Eq. (6.21) with the FVT, we could derive the static 
control error of the d-axis current caused by the amplitude sampling error as follows. 


CoS + d> 


; f =l 
Oa T 


) + kaz? = Imaz sin(2wt + Paz) + leaz (6.37) 


Here 


Imd2 = 4/4? + d2 /2% 


Qa2 = arctan(2c2w/d2) 


V3 V3 


lego = -zy ka er aa > EK b_ere 
(6.38) 
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Similarly, the control error of the q-axis current caused by the amplitude difference 
IS 


ig(t) — i = Imp Sin(2ot + pq) + Teg? (6.39) 


Furthermore the error of the phase current can be translated into the abc coordi- 
nates, as shown below. 


2 2 
i,(t) — iž(t) = [21 leg? COS wt — fate sin wt 


l À 
+ — [Zma sin(wt + gar) — Imq2 cos(wt + Pq2)] 


/6 


l 
+ —=[/ma2 sin(3wt + pa2) + Imq2 CoS(3@t + Pq2)| (6.40) 


V6 


Obviously the sampling error of the phase-current amplitude could introduce 
errors of the fundamental and third-order harmonics to the actual grid current, quan- 
tified as equations above. As shown in Eq. (6.37), the amplitude error introduces an 
error component with the frequency 2w/(21) = 2f e to the d-axis current, which fur- 
ther causes the same-frequency oscillation of the DC-bus voltage. Shown in Fig. 6.18 
are the simulation waveform when the sampled grid current has 5% amplitude error. 
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Fig. 6.18 Simulation waveforms when the grid sampled current has the amplitude error 


The current spectrum indicates errors of the fundamental and 3rd-order harmonics. 
Meanwhile the DC-bus voltage has 100 Hz voltage ripple. 

In the three-level PWM rectifier, the purpose of sampling the grid voltage is mainly 
to get the phase angle, which will be later used for the rotatory transformation. When 
the grid voltage sampling contains the DC-offset error, 1.e., 


| e’ (t) = ealt) + ea err (6.41) 


e (t) = ep(t) + @b err 


after the abc — dgO transformation, an error of the d-axis current caused by the 
grid-angle error is shown as below, in the time and frequency domains, respectively. 


21 PA | 
- E 3 E ~ 
Vite oe (eee t a 
7 plaer J E \a_err b_err 


la err(S) = 52 i w2 


(6.43) 


When the grid-voltage amplitude has the sampling error, shown as follows, 
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e.(t) =(1+mMa errea(t) = ea(t) + V2Em, er COS ot 


(6.44) 
e (t) = (1 + Mbp er)€(t) = e(t) + J2Emp err cos(wt — 27/3) 


the resulted sampling error of the d-axis current in the time and frequency domains 
IS 


3 3 
ia em(t) = Ima en[sin(2wt + =) + c + Im erl- sin(2ot + =) + = (6.45) 


2 2 
. 3 S+ RO 1 J3 S+ BL 1 
ld enr(S) = fms en GT + r + S al A + Pi (6.46) 


Equations (6.43) and (6.26) have similar forms. So do Eqs. (6.46) and (6.36). 
Using the same analyzing methodology as the grid-current sampling errors, we can 
conclude with the existence of the DC-offset error in the grid-voltage sampling, an 
extra DC offset and 2nd-order harmonics will appear in the actual grid current, with 
an oscillation at frequency w/(21) = fe exhibiting in the DC-bus voltage. When the 
grid-voltage has the sampling error of the amplitude, the actual grid current will 
have error components of the fundamental and 3rd-order harmonics. Meanwhile an 
oscillation of the frequency 2w/(21™) = 2fe can be observed in the DC-bus voltage. 

Assume the DC-bus voltage sampling has the DC-offset error. Together with 
the DC-bus voltage loop, part of which is the current loop, we can formulate the 
frequency-domain DC-bus voltage as 


imk, COS PTs T DIUX (S) = Uae err(S)] 


U acels) = ————\c“ 
T,Cs?(2T?s? + 2T,s + 1) + J 3mk, cos g(T,s + 1) 


(6.47) 


Applying Laplace FVT, we could derive the static value of the DC-bus voltage 
with the influence of the DC-offset sampling error as follows. 


Uac(t) = UG Vac _err (6.48) 


= 
When the DC-bus voltage sampling contains the amplitude error, we have 


3k, cos p(Tys + 1) - U5(s) 


U,(s) = —— ee A O Aa 
T,Cs?(2T2s? + 2T,8 +1) + (1+ kc en): J 3mk, O E 
After applying the FVT, in the steady state we have 
Uac(t) == UJ + Kac err) (6.50) 


Therefore for the grid-voltage sampling, both the DC-offset error and the ampli- 
tude sampling error will introduce the DC error on the actual bus voltage, as deter- 
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Fig. 6.19 The scheme of the three-level DPC 


mined by Eqs. (6.48) and (6.50). It is worth pointing out that in the three-level NPC 
PWM converter, such sampling errors could potentially cause the imbalance of the 
natural point voltage. 


6.3.2 Time-Domain Analysis 


In addition to the VOC, DPC is another commonly used control method for PWM 
rectifiers. Based on the instantaneous power theory, the DPC makes rectifier exchange 
the instantaneous power with the grid, which is simpler and has better dynamic 
response compared to conventional PWM rectifier controls. The block diagram of 
such control is shown in Fig. 6.19, where three control loops are included, i.e., one 
external loop for the DC-bus voltage regulation using the PI controller to provide 
the reference for the active-power loop, and two inner loops for the active power 
and reactive power control, which adopt the Bang-bang control and the three-level 
vector tables. These two loops will compare the reference active and reactive power 
with actual values, select the appropriate voltage vectors based on their sectors, and 
regulate the active and reactive power. 

Under the static wf coordinates and the synchronous dq coordinates, the instan- 
taneous power flow from the three-phase grid to the rectifier is calculated as 


= lyla + egi 
aa alias (6.51) 
q = egla — Cglp 

p = edla 


: (6.52) 
q = —€dlgq 
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Fig. 6.20 Experimental waveforms of the reactive-power actual and reference values with the 
sampling delay 


To avoid the trigonometric functions during the coordinate transformation thereby 
lowering the computation load, the active and reactive power of the DPC is finished 
under the static wf coordinates. Meanwhile given the Bang-bang control and the 
vector table looking-up are too nonlinear to be linearized, the previous frequency- 
domain analysis is unlikely feasible, unless the time-domain analysis is applied. 


1. Impact of the sampling delay on the control performance 


As shown in Fig. 6.6, the time delay exists between the actual grid voltage/current 
and the sampled values, which results in the delay of the calculated active and reactive 
power, 1.€., Psample aNd sample, respectively shown in Eq. (6.51). Such delayed power 
values when compared to the reference value will influence control pulses. Take the 
reactive power as an example. As shown in Fig. 6.20, at t = tı, the actual reactive 
power is crossing zero towards negative. Theoretically control pulses need increase 
q. However, due to existence of the sampling delay, sample still remains positive, 
which with the hysteresis and the three-level vector table generates the pulse to keep 
reducing g. Such effort further enlarges the error between actual and reference values 
until sample Crosses Zero at t = fp. In the steady state, the sampling delay introduces 
the oscillation for the actual power value and increases the current harmonics. 

The time sequence in Fig. 6.20 indicates that the oscillation frequency of the active 
and reactive power caused by the sampling delay is 


l 


fh = fa” —n (6.53) 
j : (4Tsample ki Taelay| T Taelay2) x 2 


Here T'sample 1s the sampling period. Assume in the steady state the average value 
of the voltage vector is [vg, vg]. Based on Eqs. (6.10) and (6.52), the power oscillation 
amplitude is 


6.3 Impact of Sampling Delay and Error on Control Performance 267 


q/var 
= 


bal 


—200 


—400 
0.100 0.102 0.104 0.106 0.108 0.110 


t/s t/s 


4000 THD=5.63% 
Š 3000 x 
3 3 
5 5 
= 2000 = 
> 3 
< 1000 < 
0 


0 2000 4000 6000 8000 10000 9 0 2000 4000 6000 8000 10000 
Frequency/Hz Frequency/Hz 


(a) Reactive power and the spectrum (b) Grid current and the spectrum 


Fig. 6.21 Simulation results of the three-level DPC when Tsampie = 0.01 ms and Tgelay = 0.05 ms 


V3E = 
Ap PS = Ua)(4T sample + Taelay| + Taelay2) 
Ls 
(6.54) 
J3EUg 
Aq fo —— (4T ample F Talay! T Taelay2) 


Ls 


Through the coordinate transformation, the frequency of the current harmonics 
caused by the sampling delay is 


ee eee (6.55) 


With Tsampie = 9.01 ms, T delay) = T 'delay2 = 9.05 or 0.1 ms, the simulated reactive 
power and the grid currents with the three-level DPC are shown in Figs. 6.21 and 
6.22, respectively. The spectrum is aligned with the analysis above, i.e., the larger 
the sampling delay, the lower the oscillation frequency and the higher the oscillation 
amplitude of the power and the current harmonics. 

Meanwhile, the sampling delay will cause the delay of the grid phase detection, 
as shown in Fig. 6.23. 

When the actual grid voltage vector is aligned with the d-axis shown in Fig. 6.23, 
due to the sampling delay, the control system locates the sampled grid voltage vector 
at the d’-axis. The angle between d-axis and d’-axis is 


Ode = 27 fe Taelay (6.56) 


In the steady state, the actual d-axis current is determined by the load of the 
rectifier, 1.e. 
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Fig. 6.22 Simulation results of the three-level DPC when Tsampie = 0.01 ms and Tgelay = 0.1 ms 
Fig. 6.23 Delay of the 


grid-voltage phase detection 
caused by the sampling delay 


iq = lLUac/ea (6.57) 


Thus the control strategy secures the phase alignment between the sampled grid 
voltage and current, i.e. 


i =0 (6.58) 


Since the actual imposed current vector is at d’-axis, based on the geometrical 
relationships, we have 


i; = ia/ COS Ode (6.59) 
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Fig. 6.24 Simulated grid voltage, current and power factor of the three-level DPC rectifier with 
the sampling delay increasing 


ig = —ig sin Ode = —(lLUac/ea) tan(27 fe Taetay) (6.60) 


As shown in Eqs. (6.57) and (6.60), the sampling delay lowers the actual power 
factor of the rectifier, i.e. 


COS QM < COS de = COS(271 fe Tdelay) (6.61) 


Shown in Fig. 6.24 is the simulated grid voltage, current and power factor of the 
three-level DPC rectifier with the sampling delay increasing. The larger the sampling 
delay, the larger the angle error between the grid voltage and current thereby the lower 
the power factor error. Besides in the dynamic process the sampling delay causes 
control pulses to fall behind, which slows down the implementation of the reference 
power, 1.e., deteriorating the dynamic response. 


2. Impact of the sampling error on the control performance 


Assume in the steady state the phase-a sampled current has the DC-offset error, 1.e., 


i= A +h ae (6.62) 
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Fig. 6.25 Simulated DPC 
waveform when the current 
sampling contains the 
DC-offset error 
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i = ia ta 2/321 
| i i / a_err (6.63) 
Assuming the grid voltage are symmetric sinusoidal waveforms, we have 
E cS VBE cos ot 
(6.64) 
eg = eg = V3E sin ot 
Substituting Eqs. (6.63) and (6.64) into Eq. (6.51), we have 
Psample = P + V2E cos æt - li ne 
(6.65) 
dsample — q + J2E sin wt - la err 


The sampled power overlaps one error on the actual value, which is oscillating 
with the fundamental frequency. The control pulses generated to regulate the power 
also vary periodically, which yields the actual power oscillating at the fundamental 
frequency as well. So does the DC-bus voltage. When the sampled current of one 
phase contains a 5% DC-offset error, the simulated active power, reactive power and 
the DC-bus voltage are shown in Fig. 6.25. The load change of the rectifier happens 
att = 0.3 s. 

It can be seen that the sampling error does not impact much on the system dynamic 
performance. In addition, the oscillation of the power and the DC-bus voltage has 
nothing to do with the load and input power while only depends on the DC-offset 
sampling error and the grid voltage. Assume the instantaneous power flow from the 
grid to the rectifier in the steady state is 
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Fig. 6.26 Simulated grid 10 
current and its spectrum 
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p = Pot pı COS(wt + Gp) 


(6.66) 
q = qo + qı COS(wt + pqı) 
Here po and go are DC components of the active and reactive power, respectively. 


pı and q; are oscillating components of the power. @p; and qı are initial angles of 
the oscillating power. 


From Eqs. (6.51) and (6.64), 


fa PTR GC Clas Prep: 


i e2 + eg E 3 E? 
(6.67) 
TER dA a e e a a | 
i e2 + e3 3E? 
Substituting Eqs. (6.51) and (6.66) into Eq. (6.67), we have 
2 re J2 ae, 
ia = — ( Po COS wl sin w — COS — qı sin 
a 3E Po qo GE pı Ppl — q1 Pal 
V2 
+ gp P! cos(2wt + p1) + qı Sin(2wt + Pqi)] (6.68) 


It can be seen that the DC-offset sampling error introduces to the grid current 
not only a DC component but also a 2nd-order harmonics, both of which have the 


positive correlation with the sampling error. Simulation results shown in Fig. 6.26 
verified the effectiveness of the theory above. 


Assume in the steady state phase-a current sampling has the amplitude error, 


i(t) =(1+ Ka err) - 1a(t) (6.69) 
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Fig. 6.27 The three-level 
DPC simulation waveform 
when the sampled current 
contains the amplitude error 
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When transformed into the wf coordinates, 


i) = iy +./2/3k 
a i /3 a _err * (6.70) 
lg = IB 
After substituted into Eq. (6.51), 
| Psample = P + /2Eka en COS wt - ia 671) 
sample = q + V2Eka err Sin ot - ia 


Considering the fundamental current component aligned with the grid voltage, 
we have 


(6.72) 
dsample = 4 + Elka err Sin 2wt 


| Psample = P + Elka err(cos 2ot + 1) 
With the existence of the sampled amplitude error, the calculated active and reac- 
tive power will overlap one 2nd-order harmonics on actual power values. So does the 
DC-bus voltage. When one-phase sampled current contains a 5% amplitude error, 

the simulated power and DC-bus voltage are shown in Fig. 6.27. 
Assume in the steady state the power flow from the grid to the rectifier is 

= Po + p cos(2mt + 
P = Po + p2 cos( Pp2) (6.73) 
q = qo + q2 cOs(2wt + Pq2) 


Here p2 and q2 are the 2nd-order oscillating power. p2 and q2 are the initial 
angle of the oscillating power. With a derivation similar to the above, we have 
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Fig. 6.28 Grid current and spectrum with the sampling amplitude error 


2 
= zp Po cos wt + qo sin wf) 


2 ; 
6E [p2 cos(wt + p2) + q2 Sin(wt + Yq2) | 
J2 | 
+ 6p LP? cos(3wt + Yp2) + q2 Sin(3wt + Yq2)] (6.74) 


As can be seen, the sampling amplitude error results in the error at the funda- 
mental frequency and 3rd-order frequency in the grid current. The related simulation 
waveform is shown in Fig. 6.28. 

A similar analysis could be extended to the scenario when the grid-current sam- 
pling error occurs on nth-order harmonics, where n+1th-order oscillation will appear 
on the active power, reactive power and DC-bus voltage. Ultimately nth-order and 
(n+2)th-order harmonics will appear in the grid current. With the superposition, it 
can be concluded that when the grid voltage/current sampling has both the DC-offset 
and amplitude error, the grid current will have the DC offset, error at the fundamental 
frequency, with the 2nd-order and 3rd-order oscillation. 

For the DC-bus voltage, a relatively slowly changing variable, the sampling errors 
of the DC-offset and the amplitude will cause the DC-bus voltage error and the 


neutral-point imbalance in the steady state, with the minor impact on the DPC 
dynamic performance. 
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6.4 Reduction of Sampling Delay and Errors 


As shown above, the sampling system of the power electronics converter has the 
cascade structure. The final sampling delay and error are caused and accumulated by 
nonlinear characteristics of each link. Therefore to eliminate the sampling delay and 
errors, improvements of each part are necessary, especially to suppress or compensate 
their ideal characteristics. Based on the analysis of the sampling delay and errors with 
their impacts in Sect. 6.3, characteristic analysis of each link in Sect. 6.1 and their 
non-ideal characteristics described in Sect. 6.2, the improvement of suppressing 
sampling delays and errors will be introduced in this section. 


6.4.1 Hardware Development 


The purpose of the hardware improvement is to reduce the delay and error of the signal 
transformation and transfer at the sensor interface and AD modulation circuit, before 
the signal goes into the ADC interface. This helps widen the hardware bandwidth 
and increase the accuracy. 


1. Sensor selection 


Based on the analogue signal to select the sensor with appropriate bandwidth and 
range is the key. Take the current sensor as an example. To reach the satisfactory 
control performance, not only the fundamental component but also high-frequency 
components are to be extracted. Therefore the selected sensor needs have the appro- 
priate range, precision and sufficient bandwidth, which should be higher than the 
highest frequency of those useful signals. 

The grid current of the PWM rectifier is controlled by voltage vectors of the 
strategy, regardless of the VOC or DPC. The highest control frequency is the sampling 
frequency. Therefore the bandwidth of the current sensor should not be lower than 
the sampling frequency f sample- For example, when the sampling frequency of a VOC 
based PWM rectifier is 5 kHz while that of the DPC is 60 kHz, a current sensor with 
the bandwidth of 0-150 kHz is recommended. 

For the grid voltage of the PWM rectifier, the control system needs detect the 
phase of its fundamental component. Therefore the requirement for the voltage sensor 
bandwidth is not high, i.e., no lower than the grid frequency fe. In the real practice, 
we can select a voltage sensor with the bandwidth of 0-25 kHz. 

The voltage sensor of the DC bus is determined by the requirement of the DC- 
bus dynamic response. In the real practice, a voltage sensor with the bandwidth of 
0-25 kHz is recommended. 


2. Improvement of the analogue modulation circuits 


With the circuit analysis and tests, we can optimize parameters of the analogue 
conditioning circuits. Such circuits are mainly to transform the sensor output to the 
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Fig. 6.29 Improvement of the analogue conditioning circuits in a three-level PWM rectifier 


analogues matching the ADC input. Equipped with the low-pass filter, the circuit 
will eliminate noises and enhance the immunity to the disturbance. Theoretically 
the lower the cutoff frequency of the low-pass filter, the more noises eliminated. 
However a too low cutoff frequency attenuates and delays useful high-frequency 
signals. Similar to the bandwidth selection of the sensors, the cutoff frequency of 
each low-pass filter should be above the highest frequency of the useful signals. 
The parameters associated with filters in the analogue conditioning circuits need be 
determined through experiments. The final design a tradeoff between filtering the 
noise and keeping the useful signals. 

Shown in Fig. 6.5 is one analogue conditioning circuit for a three-level PWM 
rectifier, which contains two first-order active low-pass filters and one first-order 
passive low-pass filter. Their cutoff frequency is 1.59 kHz, 15.9 kHz and 3.12 MHz, 
respectively. All three filters are cascaded in the circuit. To keep high-frequency 
useful signals, we need increase the cutoff frequency of those two narrow-band 
filters. Given the resistors determine both the cutoff frequency and the transfer coef- 
ficient, improvements of the analogue conditioning circuit is mainly focused on 
filtering capacitors. Based on experimental results, the final flow chart of the system 
improvement is shown in Fig. 6.29. With such modification, the cutoff frequency of 
two corresponding filters are lifted to 66.3 and 69.6 kHz, respectively, higher than 
the highest-frequency (60 kHz) component of the grid current using DPC. 

The conditioning circuit has the higher bandwidth and shorter sampling delay. 
However, between the analogue signal and digital signal converted by the ADC 
module exists a time delay larger than one sampling period, which needs the further 
compensation through the software development. 
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6.4.2 Software Design 


The software design includes the ADC setting, improvement of the ADC procedure, 
digital signal conditioning and selection of the sampling moment. 


1. Settings of the ADC module 


In theory, the lower the ADC clock frequency, the wider the sampling window, 
enhancing the ADC immunity to the disturbance as well as the precision. However, 
for the high-sampling-frequency DPC, each sampling period is relatively limited. A 
low clock frequency or a wide sampling window tends to prolong the ADC period. 
If the sum of the ADC time and control execution time is larger than the whole 
sampling period, it will affect the execution of the whole control strategy thereby 
deteriorating the control performance. Such scenario means the control strategy has 
not been fully executed upon the completion of the sampling period. When the next 
sampling interrupt is triggered, the software initiates the sampling without updating 
control parameters such as the duty cycle. Therefore we need appropriately assign 
the ADC settings, 1.e., securing the overall time of the ADC and control execution 
shorter than the sampling period and widening the ADC sampling window. 

For the cases above, the sampling frequency of the DPC is 60 kHz, i.e., the 
sampling period is 16.7 ws. Experimental results indicate the execution time of 
the DPC is ~15 us. Considering the variation of the software execution, we need 
limit the ADC time within | ws. Therefore the ADC clock is set to 37.5 MHz, the 
sampling window is set to 5 ADC clocks, and the time to finish 6-channel ADC 
is 0.96 us. Such effort maximizes the ADC sampling window while securing the 
real-time programming. 


2. Improvement of the ADC flow 


Experimental results show that some ADC modules misjudged the conversion com- 
pletion moment. The ADC program might read conversion results prior to the con- 
version completion, while the data stored in the ADC register is still inherited from 
the previous sampling period, which creates the delay of one sampling period. To 
avoid such an ADC delay, we need improve the ADC module and its conversion 
flow, as shown in Fig. 6.30. 


3. Software correctness of the sampling error 


This part is finished within the digital-signal conditioning program, which is the last 
section of the ADC sampling. Such conditioning aims to correct and compensate 
the accumulated distortion, and in addition minimize the sampling error of feedback 
signals before sending them to the control unit. 

Ideally the measured analogue x, after the sensor, conditioning circuit and ADC 
transformation, has the relationship with the digital signal y as follows. 


y=ax+b (6.75) 
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Fig. 6.30 The improved 
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Here a is the multiplication of the sensor gain, conditioning-circuit gain and the 
ADC gain. For the sampling system in this chapter, a = Ksensor X Kcircuit X 4095/3. 
For the DC sampling, b = 0. For the AC sampling, b = 2048. Due to non-ideal and 
non-linear characteristics of ADC sampling circuits, Eq. (6.75) is not always true. 
The actual relationship between x and y should be 


y =a'x +b' +err (6.76) 


Here the difference between a’, b’ and a, b is mainly caused by the DC-offset error 
and the amplitude error, which are inherent sampling errors of the system. Hence a’ 
and b’ of each ADC channel can be assumed as constant. The variable, err, is the 
random error of the sampling system, which is unpredictable and inerasable. The 
best way to get rid of err is filtering. Since most of useful information in sampled 
parameters is at the low-frequency range, digital lower-pass filters could be adopted 
to suppress the high-frequency random error. Such filter design has been mature in 
the domain of the digital signal processing, which is not detailed here. The critical 
step of the filter design is to set the cutoff frequency, which complies with same 
rules of the analogue filter design, i.e., the cutoff frequency needs be higher than the 
frequency of all useful signal information. 

To eliminate the DC-offset error and the amplitude error, the least square method 
(LSM) is utilized to identify a’ and b’ in Eq. (6.76). At the front end of the sampling, 
1.e., sensor inputs, some analogue signals for the sampling correction can be applied, 
which can be measured by the high-precision voltage meters, current meters or 
oscilloscopes. Such characteristic parameters can be recorded as x; (i = 1, 2, ... 
N). The corresponding digital values can be recorded at the ADC output as y; (i= 1, 
2, ...N). For AC channels, analogue signals for ADC corrections should be widely 
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distributed within the actual operating range. For the DC channel, the analogue 
signals need focus on the rated operating point. Based on the LSM, a’ and b’ can be 
derived as 


ec. N DXi — DXi DY 

= NER- xi? 
i= we eM KD Mi 
- NERO ar 


Such coefficients calculated offline can further be used for the online correcting 
the DC-offset and amplitude errors, 1.e. 


(6.77) 


yo 
i — 


- (6.78) 
a 


4. Selection of sampling moments 


While meeting the execution time of the control program, the sampling moment needs 
be distant away from switching moments to avoid potential noises. For the DPC the 
sampling period needs be as short as possible to enhance the control performance, 
while longer than the execution time of the control strategy to guarantee the comple- 
tion of the control within one sampling period. Since the switching action happens at 
the completion of the control algorithm and the sampling period, to avoid switching 
actions, DPC based PWM rectifiers are recommended to sample and process the 
ADC in the middle of the sampling period. 


6.4.3 Effectiveness of the Sampling-System Improvement 


A 30 kW three-level PWM rectifier is used to verify the effectiveness of the presented 
improvement on the suppression of non-ideal characteristics of the feedback loop. 
Such rectifier has parameters shown in Table 6.1. 

With the improved design shown in Sect. 6.4.2, the actual and sampled grid current 
are shown in Fig. 6.31, which indicates ~13 us time delay between sampled and actual 
values. Such delay includes the DA transformation time. Thus the sampling delay is 


Table 6.1 The main-circuit parameters of the 30 kW three-level rectifier 


Grid inductance Inductor ESR 0.3 Q 


DC-bus upper/lower 680 uF Load resistance adjustable 

capacitor 

Input phase-voltage rms 170 VAC DC-bus rated 500 V 
voltage 
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Fig. 6.31 The actual and sampled values of the grid current after the improvement 


restrained within one sampling period (16.7 us) firmly. The actual current and the 
sample current cross the zero nearly at the same time, namely the DC-offset sampling 
error is negligible. Calculated through the experimental waveforms, the improved 
DC-offset error and the amplitude error are below 1.5 and 1%, respectively. Compared 
to Fig. 6.6 before the improvement, the fidelity of the sampled waveform with the 
improvement is highly enhanced. The high-frequency useful information after the 
sampling does not fade, i.e., the control bandwidth meets the basic requirement 
of the control strategy. Meanwhile the delay and error between sampled values and 
actual values are reduced sharply, which enhance the dynamic response of the current 
control, given the high-frequency oscillation of the grid current diminishes while the 
oscillation frequency increases. 

A head-to-head comparison of the grid current and its spectrum before/after the 
improvement is shown in Fig. 6.32. With the effective suppression of the sampling 
delay, DC-offset sampling error and amplitude sampling error, the grid current quality 
is significantly enhanced without changing any main-control parameters. The 2nd- 
and 3rd-order harmonics caused by sampling errors are reduced from 4.5 to 1.8% 
and from 2.9 to 0.4%, respectively. With other harmonics being reduced as well, 
the current THD after the improvement is 2.91%, less than half of 6.21% before the 
improvement. Meanwhile measurements through the digital power analyzer reveals 
the power factor is also increased from 0.993 to 0.998. 

The same comparison is made for a VOC based three-level PWM rectifier, as 
shown in Fig. 6.33. Similar effects of reducing the grid-current THD and increasing 
the PF are achieved as well. 
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Fig. 6.32 The experimental comparison of the grid current before and after the improvement of 
the sampling system in a DPC based three-level PWM rectifier 
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Fig. 6.33 The experimental comparison of the grid current before and after the improvement of 
the sampling system in a VOC controlled three-level PWM rectifier 


More experimental results of the DPC and VOC controlled three-level PWM 
rectifiers are shown in Figs. 6.34 and 6.35, respectively, with the improved sampling 
system. Regardless of control strategies, each rectifier has highly sinusoidal current, 
which is tightly aligned with the grid voltage after the sampling system is improved. 
Meanwhile, neither the DC-bus voltage has any oscillation nor the neutral point 
imbalance occurs due to the sampling error. 

As a summary, the measurement and observation in power electronic systems is 
of importance for the transient analysis. The distortion and delay in such system 
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Fig. 6.34 Experimental 
results of the three-level 
DPC rectifier using the 
improved sampling system 
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Fig. 6.35 Experimental 
results of the three-level 
VOC rectifier using the 
improved sampling system 
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will greatly impact the performance and reliability of the power electronic system, 
which however could be suppressed and compensated through improvement of the 
sampling system. 


Chapter 7 
Electromagnetic Pulses and Sequences 
in Main Circuit 


Electromagnetic pulses and pulse sequences are the outcome of control and main 
circuits, which are also the carrier of energy conversion. From information to energy 
flow, the pulse and pulse sequence propagation includes signal generation, transfer, 
shaping, coordination, and transformation. 


7.1 Mathematical Descriptions of Pulse and Pulse 
Sequences in Power Electronics Systems 


Carriers of pulses in power electronic systems show great diversities. So do their 
shapes, time sequences, and energy characteristics. In order to accurately enhance 
control performance and to secure system reliability, we need firstly differentiate 
pulses in terms of their shape, time sequence, and behaviors, based upon which we 
can precisely describe such pulses. 


7.1.1 Pulse Categories and Variations 


Control signals generated by control strategies are all discrete at time and amplitude. 
The time discretization is determined by the control frequency while its amplitude 
discretization is up to the bits and accuracy of the microcontroller. Based on control 
signals, the microcontroller uses PWM methods to generate information pulses with 
the control circuit as the carrier. Such signals are time continuous but amplitude 
discrete, which means that they only have high-level and low-level values. Therefore, 
control pulses can be treated as ideal pulses, with the transition between high and 
low levels being finished instantaneously. No transients are considered. 
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After being shaped by the dead-band and minimum pulse width, which only adjust 
pulse edges and width, control pulses are then forwarded to the gate-drive circuit. 
Such pulses are still ideal pulses. However, compared to information pulses before 
shaping, the edges might be delayed with the width being varied. Note the signals 
in the control system can all be treated as ideal. Since majority of state-of-the-art 
power electronics systems use digital control, the control circuit is mainly to adjust 
and shape pulses at the macroscopic level, 1.e., at the same level of the control period. 

Pulses shaped after the gate-drive circuit and power switches form energy pulses 
in the main circuit, which are time and amplitude continuous. Electromagnetic tran- 
sients are exhibited, e.g., neither the high-level nor low-level amplitude is flat, with 
the oscillations displayed. The pulse edges are non-ideal due to the rising process, 
falling process, overshoot and oscillations. Thus, energy pulses are significantly dif- 
ferent from control pulses in terms of time sequence and shapes. All the non-ideal 
characteristics of energy pulses result from nonlinearity of gate-drive circuits and 
switches. Specifically, non-ideal electromagnetic transients of energy pulses are cre- 
ated by the gate-drive circuit, power switches, and main circuits, which adjust and 
shape energy pulses at the microscopic level with the time constant determined by 
gate-drive performance, power switch characteristics, and main circuit parasitics. 

Formation of main circuit pulses is determined by information and energy, soft- 
ware and hardware, discrete systems and continuous systems, and macroscopic and 
microscopic timescales. Such pulses are also influenced by various non-linear factors 
in the system, and consequently contain strong nonlinearity and transients, which are 
even more dominant in high-power converters. Without proper control and design, 
their control performance and even reliability will deteriorate. 


7.1.2 Mathematical Descriptions of Energy Pulses 


The actual energy pulse in power electronic converters is shown in Fig. 7.1, where 
characteristic parameters are defined as below. 


High-level (H): The amplitude of the energy pulse 
when reaching the high steady 
state; 

Low-level (L): The amplitude of the energy pulse 
when reaching the low steady 
state; 

Rising moment (tpo): The moment when the energy 
pulse begins to rise from the low 
level; 

Falling moment (tgo): The moment when the energy 
pulse begins to fall from the high 
level; 
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Fig. 7.1 The shape of one typical energy pulse 


Rising time (Tp): 


Falling time (T1): 


No-damped high-level overshoot (Ay): 


No-damped low-level overshoot (AL): 


High-level oscillation damping coefficient (oy): 
Low-level oscillation damping coefficient (ø L): 
High-level oscillation frequency (wy): 


Low-level oscillation frequency (@,): 


The time interval for the pulse to 
rise from the low level to the high 
level at the first time; 

The time interval for the pulse to 
fall from the high level to the low 
level at the first time; 

The maximum overshoot at the 
pulse rising edge before reaching 
the steady state, without damp- 
ing; 

The maximum overshoot at the 
pulse falling edge before reaching 
the steady state, without damp- 
ing; 

The fading velocity of the oscil- 
lation at the rising edge; 

The fading velocity of the oscil- 
lation at the falling edge; 

The oscillation frequency at the 
rising edge; 

The oscillation frequency at the 
falling edge 


With characteristic parameters defined above, energy pulses of power electronic 
converter can be mathematically formulated. For example, when from the low to 


high level, 
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It is worthwhile pointing out that Ay is not the overshoot from low to high lev- 
els, but the overshoot when no damping exists. To obtain the actual overshoot, we 
can differentiate Aye~?#!"—™—® sin[wy(t — tpo — ty)| + H to get the peak-value 
moment, i.e., 


arctan(@,, /o 
tH = arene (Cx) + ty + tHo (7.2) 


On 


Furthermore we can get the actual overshoot at the rising edge, i.e., 


arctan(wy [oy ) | S, 


Ay = Age OH : (7.3) 


l 7 7 
Jo, +6, 


and the peak value of the pulse, 


i: EE F T es ee (7.4) 


W +047 
Similarly we can get the minimum-value moment of the energy pulse as below. 


arctan(w, /o, ) 
= = —— +4, + tio (7.5) 
L 


The actual overshoot at the falling edge is 


= E [oy dy wo 
Ay=Ate © % >. ———s (7.6) 
a 2 


and the minimum value of the pulse is 
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ag [= /o J w, 
bacha l a eE (79) 


7.1.3 Mathematical Description of Information Pulses 


The shape of information signals in power electronic converters is shown as Fig. 7.2. 
The information pulses are ideal, with the mathematical description as one special 
case of energy pulses, i.e., Ty = 0, th = 0, Ay = 0, AL = 0, o9 = œ and og = C&W. 


H (t ES 
je (fuo < t < tio) (1.8) 
L (tio < t < tH) 


In the process of converting the information pulse to the energy pulse, all other 
pulses can be treated as special cases of the energy pulses as well, which can be 
described with characteristic parameters above. For example, the gate-drive signal 
of power switches can be simplified as 


L+* C=) (tHo < t < ty + tpo) 


(ty + tno < t < to) 


u(t) = aie 
H — - (£ — to) (Lo < £ < tL + tio) 
L 


(7.9) 


tL 


(tL < to < t < +tm) 


Fig. 7.2 Shape of the 
information pulses 
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7.1.4 Mathematical Expression of the Energy Pulse 
Sequence 


Based on the energy-pulse mathematical expression, we can define characteristic 
parameters of the energy pulse sequences as below. 

Single-period interval: the time interval between two adjacent rising edges of the 
energy pulses; 

Single-period duty cycle: ratio of the time interval between the adjacent rising 
and falling edges over the present period; 

Length of the pulse sequence: amount of periods included in the pulse sequence. 

Here the single-period interval and duty cycle are two one-dimension arrays, the 
amount of elements of which is equal to the length of the pulse sequence. Meanwhile 
the order of elements in these two arrays is aligned with the periods inside the energy 
pulse sequence. 

With such characteristic parameters above, the energy pulse sequence can be 
uniquely represented. Such method applies to other pulses during the conversion of 
information pulses to energy pulses. 


7.1.5 Mathematical Expression of Information Pulse 
Sequences 


As mentioned above, the information pulse is a special case of the energy pulse. 
Since such pulse is the very initial output of control algorithm, to differentiate it 
from other pulses, we will define characteristic parameters of the information pulse 
sequence separately, as shown below. 

Ideal single period: the time interval between two adjacent rising edges of the 
information pulses; 

Ideal single-period duty cycle: the ratio of the time interval between the present 
rising edge and the following falling edge over the present time period; 

Length of the sequence: number of the pulse periods within the whole sequence; 

Lastly, we need pay attention that the characteristic parameters of pulses and 
pulse sequences above might not be constant, which could be the function of other 
variables such as current and switch temperature. To accurately describe pulse and 
pulse sequences, we need introduce related state variables with their time information 
to mathematically formulate the pulse and pulse sequence. 
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7.2 Impact of the Pulse Shape Variation with Related 
Solutions 


After information pulses are generated by the microcontroller, each section of the 
control system tends to reshape pulses due to its nonlinearity. For example, in the 
SVPWM control, pulse shaping due to the nonlinearity exists in voltage vectors and 
transitions among vectors: 


(1) Variations of pulse rising and falling edges result in the time variation of voltage 
vectors. 

(2) ‘Transitions between vectors are not finished instantaneously due to non-ideal 
pulse edges, but follow continuous trajectories between vectors. 

(3) The overshoot and oscillation at pulse edges make the vector switching not 
unidirectional but moving back and forth. 

(4) The steady-state high and low voltage levels are subject to change as well, thus 
varying locations of voltage vectors. 


Such non-ideal characteristics of the space vector and space vector switching will 
further affect synthesized vectors, which directly relates to the control algorithm and 
control performance, and consequently causes error between actual energy pulses of 
the main circuit and initial information pulses. 


7.2.1 Impact of Dead Band and Minimum Pulse Width 
Design 


Dead band and minimum pulse width, among various non-linear parameters in power 
electronic systems, are the most commonly used factors. However, these two factors 
are not independent. Their impact on the pulse shaping is overlapped and coupled with 
each other. Therefore, when designing and analyzing power electronic systems, we 
need consider them together. In this section, we will use the snubber circuit shared 
by three phases together in a three-level VSI as an example to comprehensively 
analyze the impact of dead band and minimum pulse width. Related solutions will 
be discussed as well. 


1. Dead band and current commutation 


Actual turn-on and turn-off actions of the switch have the time delay fdon and taoff, 
respectively, both of which need some time intervals to finish as well. If the comple- 
mentary switches are triggered simultaneously, 1.e., one turns on while the other turns 
off, in the switching process it is possible that two switches are both on for a short 
period. The dead band is set to prevent such shoot-through caused by the non-ideal 
characteristics of switches. The most common solution is to delay the turn-on edge 
of the gate signal for a dead-band interval, i.e., dead time, securing a time period for 
both switches to be off before one switch turns on. 
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Table 7.1 Phase-A switching states and their output 


Switching logic Sal Sa S33 aa Output voltage U ao | Switching state 
function Sa 
l 


Fig. 7.3 Impact of the dead band on the phase output voltage 


Table 7.2 Impact of the current polarity on the phase voltage within the dead band 


Current polarity U ao during the dead band Dı | U Ao during the dead band D2 


The dead-band setting needs consider actual characteristics of the power switch, 
particularly the turn-off time delay and tailing time. Here we use Ta to represent the 
dead time. 

The transition of vectors is caused by switching actions, which must accompany 
the dead band. In return the dead band will affect space vectors. Take the three-level 
VSI as an example. The dead band introduces two extra switching states, as shown in 
Table 7.1. The switching states of one leg can only transition between two adjacent 
ones. The leg output voltage is still three-level, though the output within the dead 
band is determined by the leg output current. 

The impact of the dead band on the output waveform is shown in Fig. 7.3, where 
G,1—Ga4 are gate signals of four switches from top to bottom, respectively. Based 
on the analysis of the current commutation process, the relationship between the leg 
output voltage and current within the dead band is shown in Table 7.2. 

The leg output is the phase output. Therefore, Fig. 7.3 also indicates the impact of 
the dead band on the phase output voltage. Assume the current within the dead band 
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does not change the polarity. For the vector p it generates EF as the phase voltage. 
Even though one vector contains three phases, the vector transition only varies one 
phase while keeping the other two phases unchanged. Therefore, here we can use 
the variable phase to represent the whole vector. Based upon the current direction, 
the impact of the dead band on the actual vector is shown as below: 


(1) tf ,-t3, when the vector does not change. Thus, the dead band has no impact on 
this vector. The output voltage is aligned with the original expectation; 

(2) t2-t3, when the vector is deducted by one dead band, so is the phase output 
voltage; 

(3) t,;-t4, when the vector is increased by a dead band at the end, which expands 
the output voltage for one extra dead band as well; 

(4) ft .—t4, when the duration time of the vector does not change, however, the vector 
gets delayed for one dead band. Thus, the output voltage does not change the 
width but gets shifted for one dead band. 


Here (1) & (4) occur when the current polarity varies during the time of vector 
p, which is quite rare. Various dead-band compensation algorithms also assume 
that the current polarity does not change within one vector. For (2) & (3), we could 
preprogram the width of vector p based on the current direction. Similarly, the impact 
of the dead band on the vector n can be analyzed, i.e., the phase output voltage is —E. 

Once the current crosses zero within the dead band, it is possible that such cur- 
rent crosses zero for multiple times, due to the non-ideal sinusoidal waveform and 
existence of the harmonics. This yields oscillation of the output voltage, as shown 
in Fig. 7.4. Therefore, when the phase current is small and close to zero, the current 
polarity cannot be assumed unchanged for the dead-band compensation. 

Within the vector transition, the current commutation could happen at either the 
front edge or the end edge of the dead band. Therefore, the dead band influences the 
moment of the current commutation. The relationship between vector transitions and 
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Fig. 7.4 The impact of the variable current polarity on the output voltage within the dead band 
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Fig. 7.5 Four commutation processes of Phase-A leg 


current polarity can be categorized into four cases, shown as Fig. 7.5. The current 
commutation moment within the dead band is labelled as solid arrows. 

Overall, the relationship between the dead band and the current commutation can 
be summarized as follows: when the phase output current is positive, the current 
commutation happens at the dead-band front edge, i.e., transitions between the high- 
voltage level and the dead band. Consequently, the output within the dead band is a 
low voltage. Otherwise, the commutation happens at the end edge of the dead band, 
i.e., between the dead band and the low voltage level. 


2. Single-switch minimum pulse width 


Due to the non-ideal characteristics of power switches, the pulse width of PWM out- 
put cannot be infinitely narrow. With different operating theories, different switches 
exhibit different switching performance as well. 
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(1) Voltage controlled device 


Take one MOSFET, SKM 453A020 as an example. It has the turn-on delay less than 
0.1 us, turn-off delay less than 0.7 ps, the rising time less than 0.1 ws, and the falling 
time less than 0.25 us. 

For one IGBT, SKM 400GB 123D, it has the turn-on delay less than 0.3 us, turn- 
off delay less than 0.9 us, the rising time less than 0.22 us, and the falling time less 
than 0.1 us. 


(2) Current controlled device 


Take one GTO, DG 858DW45 as an example. It has the turn-on delay of 50 ps, 
turn-off delay of 100 us, the rising time of 2 us, and the falling time of 2.5 us. The 
turn-off time of the gate-drive signal is 28.5 ws and the charge restoration time is 
20 iis. 

For one IGCT, 5SHX 08F4502, it has the turn-on delay fdon < 3 ws, turn-off delay 
fdoff < 6 ws, the rising time f, around | ws and the falling time tf around | ws. Its 
minimum on time is fon min = 10 ps, minimum off time is fof min = 10 ps, and the 
minimum repetitive turn-off time as 60 ws. 

Parameters above were given by switch datasheets based on standard test proce- 
dures, which indicate that voltage controlled switches do not specify the minimum 
on/off time. It is sufficient to only consider gate-voltage delay and rising/falling 
edges, both of which are very short. For instance, the minimum pulse width of MOS- 
FET and IGBT gate drive signals is 1—2 us, which make them seldom restrained 
by the requirement of minimum pulse width. The requirement of current-controlled 
devices is totally different, each type of which has the minimum on and off time, for 
instance, 10 us on and off for 5SSHX O8F4502. 

The minimum pulse width is an important index for the PWM control strategy. 
Since actual gate signals imposed on the switch are subject to change due to the 
dead band, we also need take the impact of the dead band on the voltage vector into 
account. The minimum pulse width mentioned above originates from the non-ideal 
characteristics of the switches, particularly for the single switch to limit the time 
interval between adjacent turn-on and turn-off actions. Therefore, it is also defined 
as the single-switch minimum pulse width. 

From the analysis above, the minimum pulse width M min need be 


Minin = Max ER EEA (7.10) 


Based on principles of vector transitions, the gate-drive signal of any single switch 
is one dead time short of the control pulse width. Therefore, the minimum control 
pulse width should be 


E > tat + M min (7.11) 


A closer investigation into switching states shown in Fig. 7.6 reveals that the 
pulse with one dead time deduction must be the turn-on pulse, while the turn-off 
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Fig. 7.6 Scheme of the 
minimum pulse width 


pulse is added with one dead time. Therefore, the correction of Eq. (7.11) is shown 
as Eq. (7.12) 


i = fon min + fat 
T = loff_min — lat Ar 


3. Vector minimum pulse width 


We need investigate two vectors adjacent to the present vector before concluding if 
the vector time represents the turn-on/off pulse width of a single switch. It is possible 
to link the vector sequencing with the potential minimum pulse width, which further 
allows us to adjust the vector sequence, thereby avoiding narrow pulses. 

Only considering the minimum pulse width of a single switch is not enough. Given 
that the vector minimum pulse width is not only affecting the switch minimum pulse 
width, the vector sequence cannot essentially avoid the narrow pulse. For M> in 
Fig. 7.6, if the time interval is shorter than one dead band, the existence of the dead 
band will fully eliminate M32’. Therefore, each vector time should be guaranteed 
longer than Ta. Considering two aspects above, the ultimate vector time Mn need be 


Ma n M inin + lat (7.13) 


Here fg is the dead time and M min is the single-switch minimum pulse width 
determined by the switch characteristics. In the above scenario, narrow pulses could 
be avoided regardless of the current commutation before or after the vector. 

Switches in high-power converters are relatively slow, namely M min is usually 
large, around tens of ws. So is the dead time. Ultimately, the setting of the minimum 
pulse width could reach tens of or even hundreds of us. The control error caused by 
the deduction or increment of the vector time is not negligible. Furthermore, while 
setting the vector minimum time, we should take into account the physical meaning 
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behind and the dynamic process of two adjacent current commutations, especially 
the combination of the device characteristics, gate-drive performance, dead time, and 
snubber circuits. Application of a universal value for the minimum pulse width will 
inevitably deteriorate the control performance. However, if the value for the minimum 
pulse width is set too small or is not set at all, the vector pulse will overflow the SSOA, 
thereby damaging switches. 

The vector minimum pulse width can be categorized into two scenarios: in one 
scenario, two current commutations happen within the same leg, i.e., commutation 
internal the phase; in the other scenario, two commutations happen between two 
different legs, i.e., phase-to-phase commutation. 


(1) Current commutation internal the phase 


The minimum pulse width of a single switch targets the commutation within the 
phase (the vectors before and after the minimum pulse width are exactly the same, 
making two switching actions happen at the same phase and yielding the phase 
internal commutation), we can name such corresponding vectors as phase internal 
type-I vectors. Now take a look at another scenario of p —> o ~ n and n > o > p, 
where the middle vector o is defined as phase internal type-II vectors. Back to M2 
in Fig. 7.6, if the related time is shorter than the dead time, such vector could totally 
be erased by the dead band. To detail its impact on the phase output voltage, we 
can refer to Fig. 7.7. Assume M < 0.5 Tq, vector o generated by the original PWM 
channel S, is shorter than fg, with the related gate-drive signal and phase output 
voltage as G, and U 4, respectively. When the current is flowing out of the leg, Dj = 
0 and D = —E as shown in Table 7.2. Therefore Do(0000) = —E. When the current 
flows into the leg, Dı = E and Dz = 0. Therefore Do(O000) = —E. Regardless of 
the current direction, no voltage leaping between E and —E is expected, but there 
is Zero output with the pulsed width of M between E and —E, unless the current 
polarity changes during Do(O000). Such leaping could reverse bias anti-paralleled 
diodes of Sa; and Sa2 and forward bias anti-paralleled diodes of Sa3 and Sa4, causing 
the potential dynamic voltage imbalance and even damages to switches. 

In consequence, a constraint should be placed upon the pulse width of the phase 
internal type-II vector, as principles of the multi-level converter are involved, 1.e., if 
the current polarity changes, voltage leaping within fg, — M (as shown in Fig. 7.7) 
could occur even though the possibility is low. Such a rare occurrence could even 
cause dynamic voltage across switches to overflow the SOA, thereby damaging 
switches. 

When M > Ta, no Do will appear between D; and D3. Instead, there will be 
(0110), securing no voltage leaping even when the phase current changes the polarity. 
Therefore, each phase internal type-II vector should be guaranteed to meet 


The corresponding simulation results are shown in Fig. 7.8. Here the vector chang- 
ing in phase A is p > o — n. In subplot (a) the current is positive and in subplot 
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Fig. 7.7 When phase M 
internal pulse is shorter than 
the dead band during 
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(b) the current is negative. As shown in Fig. 7.8(a), the phase output voltage —E has 
been overlapped with — Auc. In Fig. 7.8(b), the phase-A output voltage 0 has been 
extended for another 71, the on-time of the bottom switch S,4. A similar waveform 
applies ton > o > p. 


(2) Phase-to-phase commutation 


Such scenario contains two cases, one is p < o, the other is o < n. The corresponding 
vector is named as phase-phase type-I vector. Though the VSI in this chapter has 
three phases co-using the same snubber circuit, the transients of snubber circuits 
could be ignored given the investigated switching actions are related to the upper 
and lower snubbers, respectively. On the other hand, the dead-band impact on the 
commutation still needs be considered. 

Furthermore, we are introducing the concept of phase-phase commutation dead 
band. Assume the investigated vector time is fy. The first switching moment is f; and 
the second switching is t2. If t2 — ti = ty, no dead band is imposed. If f2 — ti = fy 
+ Ta, we define it as the positive dead band. If t2 — tı = ty — Tat, we define it as a 
negative dead band. From another aspect, if the first commutation is triggered by the 
turn-off of one fully-controlled device and the second commutation is triggered by 
the turn-on of the other fully-controlled device, the turn-on action will be delayed for 
one dead band. Thus, the time interval between two commutations will be prolonged 
for one extra dead band, i.e., a positive dead band. Otherwise, if the first commutation 
is the turn-on of one device and the second commutation the turn-off of the other 
fully-controlled device, the time between two commutations will be deducted by 
one dead band, i.e., negative dead-band effect. If both switching actions are due to 
the turn-on or turn-off, the commutation time does not change, i.e., zero dead-band 
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Fig. 7.8 Simulation waveform when the vector time is shorter than one dead band (p —> o > n) 


effect. In another word, the dead-band effect can be determined by the commutation 
of two legs, which further instructs the setting of the minimum pulse width between 
phases. 
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Table 7.3 Minimum pulse width of the phase-phase type-I vectors 


Phase-phase Minimum Phase-phase Minimum 
commutation dead phase-phase pulse commutation dead phase-phase pulse 
band width band width 


On-state zero dead Positive dead band 0 
band 
Off-state zero dead a Negative dead band T a 


band 

We can conclude that the type-I phase-phase vector requires pulse width larger 
than a dead band when a negative dead band appears. Otherwise, abnormal pulses 
will appear on the line-line voltage. However, such pulses have no impact on the 
switch itself since two commutations employ different snubber circuits, respectively. 
Furthermore, the design rules of minimum pulse width of the phase-phase type-I 
vector are shown below in Table 7.3. 

Another commutation between phases is when these two phases are both p + o or 
o <n. The related vector is named as the phase-phase type-II vector. p <> o involves 
the #1 and #3 switches, employing the top snubber circuit. o <> n involves the #2 
and #4 switches, employing the bottom snubber circuit. The minimum pulse width 
of such vector needs take into account both the dead band and the dynamic process 
of the shared snubber circuits. 

Assume Phase A and B are both transitioning p —> o. The dead time is 30 ws. 
The dead-band effect could be simulated with different current polarities, shown as 
below. 

p — o, ia > Q, ig > 0, with S,; in Phase A off, Sp; in Phase B off and both 
phases experiencing the current commutation. As it is a zero dead band, we set the 
phase-phase pulse width as 1 ws. The simulation results are shown in Fig. 7.9, with 
the waveform from top to bottom as current of Sg; and Sp;, snubber diode current, 
snubber capacitor voltage, and voltage of S,; and Sp), respectively. The turn-off 
current of both phases is accumulating the charge into the snubber capacitor, with the 
inductor current / = i, + ig. Given the snubber circuit parameters are designed based 
on the single-phase maximum current, ia + ig might exceed the maximum value, 
thereby over boosting the DC-bus voltage. Therefore we need settle the snubber 
circuit between the first and second current commutations. In this case the phase- 
phase minimum pulse width need be set as Tc, the time for the snubber circuit to 
reach the steady state after turning off the maximum current. 

p —> o, ia < Q, ig > Q, with S,3 in Phase A on, Sp3 in Phase B on. It is still a zero 
dead band. We set the phase-phase pulse width as | «ts with simulation results shown 
in Fig. 7.10. The waveform from top to bottom is current of anti-paralleled diodes of 
Sa and Sp;, top snubber inductor current, positive DC-bus voltage, and voltage of 
Sa, and Sp), respectively. Two turn-on currents are limited by the snubber inductor. 
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Fig. 7.9 Simulation waveform when two phases are commutating (p —> 0, ia > 0, ig > 0) 
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Fig. 7.10 Simulation waveform when two phases are commutating (p —> 0, ia < 0, ig > 0) 


When S,3 turns on, Phase A current goes through two paths: one as the positive DC- 
bus linearly reducing the current, and the other through the clamping diode between 
Sa3 and Sa4. The positive DC-bus Up is dragged down to 0, until all Phase-A current 
goes through the clamping diode. During this period, when Sp3 is on, however, the 
Phase-B voltage is not enough to forward bias the clamping diode between S,3 and 
Sa4. Therefore a time gap is exhibited between Phase A and B commutations. When 
the Phase-A current is exactly equal to the load current, Phase-B current begins to 
increase with the inductor continuously limiting the switch turn-on current. In this 
case, the phase-phase minimum pulse width can be set as 0, the DC-bus voltage will 
be dragged down to 0, and top two switches in each phase begin to undertake the 
voltage only after the snubber inductor current drops to 0. 
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Fig. 7.11 Simulation waveform when two phases are commutating (p —> 0, ia > 0, ig < 0) 


p —> o, ia > Q, ig <0, with S,; in Phase A turning on and Sp3 in Phase B turning on. 
It exhibits a positive dead band. The phase-phase pulse width is | ps. The simulation 
results are shown in Fig. 7.1la, where the Phase-B commutation is delayed for 
one dead band (30 us) compared to Phase A. Therefore there is no need to set the 
minimum pulse width between phases, if Ta > Tc. Otherwise similar to Fig. 7.1 1b, 
Phase B will employ the snubber circuit right after Phase A turns off, yielding the 
clamping diode reverse biased while conducting the current, 1.e., reverse recovery 
process. This potentially could cause the diode damage. 

p — 0, ia <0, ig > 0, with S,3 in Phase A turning on and Sp; in Phase B turning off. 
It exhibits a negative dead-band effect. Vector width between two phases is deducted 
by one dead time. Therefore, we need the phase-phase vector time longer than one 
dead time. In addition, with S,3 turning on, its current linearly increases due to the 
snubber inductor L. Turning off Sp; at this time will force L to freewheel the current 
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Fig. 7.12 Simulation waveform when two phases are commutating (p —> 0, iq < 0, ig > 0) 


through the snubber diode, failing to limit the di/dt of S,3, as shown in Fig. 7.12. 
This could cause damages to S,3. Therefore, the phase-phase minimum pulse width 
need be Ta + TL. 

All four cases above summarize the scenarios when two phases commutate and 
co-use the same snubber circuit. The phase-phase type-II minimum pulse width is 
determined by the dead-band effect when two phases are commutating, while the 
status of the snubber circuit and the dead-band effect are determined by time interval 
in-between. As a summary, related design rules are shown in Table 7.4. Compared 
to the type-I, the phase-phase type-II minimum pulse width involves and varies with 
snubber parameters. 

Therefore, for a three-level NPC inverter with three phases sharing the same snub- 
ber circuit, the phase-phase type-II minimum pulse width needs meet the following 
requirement. 


TS Mallee 7). R] (7.15) 


Table 7.4 Minimum pulse width of the phase-phase type-II vectors 


Phase-phase Minimum Phase-phase Minimum 
commutation dead phase-phase pulse commutation dead phase-phase pulse 
band width band width 


On-state zero dead Positive dead band Tc— Ta 
band 
Off-state zero dead Negative dead band TL +Tat 
band 
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Overall this section analyzes and derives several types of the minimum pulse 
width for such inverter, i.e., 


(1) The single-switch minimum pulse width (internal phase, type-I) T > Ton min + 
Tat; 

(2) The internal phase type-II minimum pulse width T > Tat; 

(3) The phase-phase type-I minimum pulse width T > Tat; 

(4) The phase-phase type-II minimum pulse width T > max{ (TL + Tat), Tc}. 


Therefore, when designing the minimum pulse width, we need take into account 
not only the single switch performance and the dead time, but also the specific 
commutating process and the snubber-circuit dynamics. The phase-phase minimum 
pulse width corresponds to the phase-phase commutation dead band, which is further 
related to the snubber-circuit states. By fast and accurate sampling of the phase 
current, we could optimize the minimum pulse width per switching cycle based 
upon the current direction and synthesis of space vectors, with the dead-band effect 
being compensated as well. 


7.2.2 Influence and Solution of Minimum Pulse Width 


The minimum pulse width is determined by the non-ideal characteristic of the power 
switch, which will further affect the system output. Therefore, tracing back its gen- 
eration and quantifying its impact are critical to system control performance and 
reliability. In this section, we will use three-level SVPWM control as an example. 


1. Theory of the three-level SVPWM 


There are only 12 non-zero voltage vectors that a three-level inverter can generate, 
which will be used to synthesize the reference voltage vector, control the motor flux 
linkage, and approach the circular flux when powered with the three-phase sinusoidal 
voltage. Through finely tuning the angle of the reference voltage vector, SVPWM 
can control the flux vector to rotate in a quasi-circle as well. Therefore, selecting 
basic vectors and assigning the vector time to synthesize the reference vector is the 
core of the SVPWM control. 

Based on the amplitude and angle of the reference voltage vector, the control 
strategy will determine the triangle where the vector is located. Three space vectors 
located at vertices will be used with the time for each vector further assigned. Take 
the first sector as an example, as shown in Fig. 7.13. A similar approach could be 
applied to other sectors. 

Assume the reference vector Uef is located in zone 3 of Fig. 7.13. Three vertices 
correspond to the vectors Uo;, U12, and Up, respectively. Further assume the time 
of each vector is fa9, fpo and teo. We have 


Uoi -tao + U 12 - tho + Uo - teo = U ref - Ts (7.16) 


7.2 Impact of the Pulse Shape Variation with Related Solutions 303 


Fig. 7.13 Vector time 
assignment in the first sector 


tay + tho + keg = Ts (7.17) 


Here T, is the switching period of the SVPWM control. 
Substituting each space vector into the above, we can calculate vector time as 


tao = (1 — 2k sin 8) - T; 
— | 2k sin(0 + =) — | T. 


Feit | 2k sin(0 7 =) + 1| T, (7.18) 


Here the amplitude modulation index k = IU refl/IU 121. 

Since Uef does not have to be in zone 3, the calculated fŁ0, tho and tfo could be 
negative. By exhaustively attacking all possibilities, we can re-calculate the vector 
time as Table 7.5. 

Once the reference location and the time of three vertex vectors are determined, we 
can further select the switching sequence and assign the time to each switch, during 
which we must obey the rule of vector transitions, i.e., only one-phase voltage can 
change per transition with a minimum voltage-level leap. 

For the three-level SVPWM, there are three commonly used algorithms, 1.e., 
asymmetric four-segment method, symmetric five-segment method, and seven- 
segment method. With the same PWM modulation frequency, the symmetric 
seven-segment method is more convenient and contains less harmonics than the 
four-segment method. Overall the seven-segment method inherits merits of both 
the four-segment and the five-segment methods. However, it also results in more 
switching actions per switching period. 

Each sector can be divided into 6 subzones, as shown in Fig. 7.14. Selection of 
vectors to synthesize the reference vector needs comply following rules: (1) given 
the subsectors 0, 2, 4 share the same vector Up; and the subsectors 1, 3, 5 share 
the same vector Ug», the initial vector should be small vectors; (2) when ended, if 
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Table 7.5 Subsector judgment and time calculation in Sector 1 


Subsector judgment Vector position Vector selection Vector time 


tay = 0 fa = fao 
tho = O Zone 3 Uo, U12, U02 th = tho 
fco = 0 fe = tco 


tay < 0 fa = —fa0 
tho > 0 U2, U12, U02 th = T; — tco 


fco = 0 


fao = 0 ta = Ts — tco 
ezo Zone | Uo, U01, U02 fb = —fbo 
fco = 0 te = T; — tao 
tao = O ta = Ts — too 
2 Zone 2 Uo, U 12, U] th = T; — tao 
fco < 0 fe = —tc0 


te = T; — tbo 


(a) poo,000,00n,0nn (b) oon,o0n,000,po0 


Fig. 7.14 Two vector selection methods in the subsector 0, with the seven-segment method 


possible, small vectors or those zero/medium vectors adjacent to small vectors are 
preferred, which facilitates smooth transition among each sector. 

Take the seven-segment method as an example. In Fig. 7.14 and 7.15, each segment 
starts with a small vector. #1, #7 and #4 segments located in the same position, #2 
and #6 correspond to the same vector and #3 and #5 segments are the same vector. 

To secure the symmetry, the time assignment is shown as Eq. (7.19). Here t; and 
t7 together is the same as f7, all of which are for the initial small vector. Since the 
reference vector is closer to the related triangle vertex, the time of such small vector 
t, is the longest. The other small vector time fp is relatively short. 


l l l 


] 
i= h= q ie ‘4 = aha == 5b. 3 = 15 = z (7.19) 
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(a) 00n,000,poo, ppo (b) ppo,poo,oo0,oon 


Fig. 7.15 Two vector selection methods in the subsector 1, with the seven-segment method 


Shown in Fig. 7.14 and 7.15 are two vector selections in subsector O and 1, 
respectively. Although the vector selection could be various, when considering the 
sector transition, we still prefer following strategies. 

Strategy (1). Combination of Fig. 7.14a and Fig. 7.15b. All initial vectors are 
positive small vectors, which prohibit any two phases from switching simultane- 
ously. However, since the vector sequence in each sector is different, the waveform 
symmetry is not satisfactory; 

Strategy (2). Combination of Fig. 7.14b and Fig. 7.15a. All initial vectors are 
negative small vectors. Similar to 1), no two phases will switch simultaneously, 
though the waveform symmetry is poor; 

Strategy (3). Combination of Fig. 7.14a and Fig. 7.15a. Such vector selection 
yields a strict symmetry, given fp is zero or medium vectors. Its demerit is when 
crossing sectors two phases might switch at the same time. For instance, poo-oon 
will result in abnormal pulses on the line-line voltage, where the voltage leap is the 
whole DC-bus voltage. Therefore, such strategy is not recommended. Neither is the 
combination of Fig. 7.14b and Fig. 7.15b. 

In real practice, Strategies (1) and (2) are feasible. For Strategy (1), all vector 
selections in subsectors of Sector 1 with their time assignment shown in Table 7.6. 


2. Restrained areas of minimum pulse width in three-level SV PWM 


Based on the analysis in the previous section, vectors before and after the single- 
switch pulse are exactly the same. Therefore, the minimum pulse width only occurs 
in#1, #4, and #7 of all seven segments. Since vectors related to tı and t7 are connected 
end to end, we only require f)/t7 larger than half of the minimum pulse width. t4 does 
need be larger than the whole minimum pulse width. Note the phase-phase minimum 
pulse width occurs at #2, #3, #5, and #6 segments. It varies based upon the vector 
sequence. For instance, when starting with positive small vectors, six subsectors in 
the Sector | have restraints of minimum pulse width shown in Table 7.7. Furthermore, 
we can qualitatively picture impact zones of the minimum pulse width as Fig. 7.16a. 
When the reference vector is located in the shadow zone, the small vector Uo, has very 
short time, which is subject to the restraint of the minimum pulse width. Therefore, the 
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Table 7.6 Vector sequence and time assignment in all subsectors of Sector 1 


to = O h =1 -to 
tho < 0 , tao > tco Uoip € Uo > fb = —tbo 
to > 0 Uo ¢& Uoin ee ee T 
tay = 0 tg = 1 — tao 
fbo < 0 ,taa<to |1 Uorp & Uoip > th = 1— ko 
to > 0 Uoo > Uon te = —tpo 
lan = 0 fa = fao 

bo > O , tao > to |2 Uoip & Un & fb = tho 

too > 0 Uon + UoN te = ten 

fa0 = 0 fa = fco 

tbo > 0 , fao < fo |3 Uvr > Uoi © fb = fao 
to>0 U12 & UoN te = tho 

tao > 0 ta = 1 — fo 
tbo > 0 = Uoip & Un & th = 1 — tao 
to < 0 Ui & Uon fe = —teo 
tao < 0 t, = 1 — fho 
tho > 0 5 Uo & U2 & th = —ta0 
to > 0 Ui2 > UoN t. = 1—te 


shadow area is impact zones of Uo, due to the single-switch minimum pulse width. 
For any triangle, the edge opposite to the starting positive small vector is subject to 
the restraint of the single-switch minimum pulse width, as shown in Fig. 7.16a. Two 
edges connected with this vertex of the small positive vector and surrounding areas 
are subject to the restraint of the phase-phase minimum pulse width, as shown in 
Fig. 7.16b. We can see that all areas related to the minimum pulse width are close to 
triangle edges and are evenly distributed to the whole vector space. 

A similar analysis applies to the minimum-pulse-width restraint on Sector 2, as 
shown in Tables 7.7 and 7.8. Differences of the phase-phase minimum pulse width 
exist from Sector 1, which are caused by selection of vector sequences. As shown 
in Fig. 7.17, with the positive small vector as the initial vector, when starting from 
Uo, Uo3, and U05, tp is for the zero or medium vector. When starting from U02, U04 
and U6, te is for the zero or medium vector. When starting from the negative small 
vector, the vector sequence is opposite. 
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(a) Impact areas of the single-switch (b) Impact areas of the phase-phase 


minimum pulse width minimum pulse width 


Fig. 7.16 Areas restrained by the vector minimum pulse width 


After considering all vector types in different subsectors, we can show influential 
regions of the phase-phase minimum pulse width as in Fig. 7.18. 


Table 7.7 Impact of the minimum pulse width on Sector 1 


o0-00-0onenn-oor-o0e peo 125 [Pr [Pr fs 


Note S means the minimal pulse width of single device, PI is the first type of the minimal pulse 
width between phases, and PII is the second type of the minimal pulse width between phases 


al A, wo”, N| =| © 


Table 7.8 Impact of the minimum pulse width on the Sector 2 


Note S means the minimal pulse width of single device, PI is the first type of the minimal pulse 
width between phases, and PII is the second type of the minimal pulse width between phases 


Mi Bl Wl NI =| © 
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Fig. 7.17 Two types of 
influential regions with 
different vector sequences 
Note: white region with the 
odd-number small vector as 
the initial; shadow region 
with the even-number small 
vector as the initial 
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Fig. 7.18 Influential regions of the phase-phase minimum pulse width Note: shadow region-type 
I and II; circle-type I; dot-type II and I 


3. The impact of the minimum pulse width on the control strategy 


The minimum pulse width sets the lower limit for the vector time, which directly 
makes the synthesized vector deviate from its original. As shown in Fig. 7.19a, 
once the reference vector falls into the shadow region, it will be influenced by the 
minimum pulse width. In another word, with the restraint of the minimum pulse 
width, the synthesized voltage vector cannot reach the shadow region. 

Specifically the minimum pulse width influences the reference vector from two 
aspects. As shown in Fig. 7.19b, the reference vector U has f, too short thereby falling 
into the influential region. With the minimum pulse width, te is unchanged while f, is 
enlarged to the minimum pulse width, which yields the ultimate synthesized vector 
U’ on the edge of the influential region with shifts of the amplitude and angle. 

Shown in Fig. 7.19c are reference vectors U) and U, in subsector 0 and 1, respec- 
tively. A small modulation index yields small tą and t. for these two vectors. Through 
adjustment of the minimum pulse width for f, and fc, all reference vectors in this 
regions are changed to U’, with the amplitude enlarged. When all synthesized vec- 
tors are at six particular locations, a hexagonal flux linkage and 6th-order torque 
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Fig. 7.19 The impact of the minimum pulse width on the synthesized vector 


ripple will appear. This indicates that the minimum pulse width will mostly affect 
the low-frequency and low-modulation-index operations. 

With the seven-segment method using positive small vectors and the control period 
as Ts, the minimum pulse width confines f, and te both to M. We can further reversely 
calculate the modulation index kp through Eq. (7.20) for the reference vector U’ in 
Fig. 7.19c, using Eq. (7.18) and Table 7.6. When the modulation index is lower than 
kg, the reference vector falls into the influential region of the minimum pulse width, 
which distorts the flux linkage. Therefore, we can use kg as a reference to evaluate 
the impact of the minimum pulse width on the low-frequency output. 


„ 2M 
0 = T, 


(7.20) 


For a three-phase full-bridge inverter, the minimum pulse width will affect three 
aspects, i.e., output voltage THD, low-speed torque ripple, and starting in-rush cur- 
rent. 


(1) Impact on the THD 


As shown in Fig. 7.19, when reference vectors fall into the shadow regions, with 
adjustment of the minimum pulse width, final vectors will fall on the edge of these 
regions. With the deviation of the reference vector, the control strategy will be some- 
what influenced. The vector amplitude will be changed at the boundaries and the 
angle will be stalled or subject to the abrupt change. This will make the ultimate flux 
linkage distorted from the original circular trajectory. Such distortion eventually will 
translated into the enlarged THD of the output voltage and current. The closer the 
reference vector stays to the subsector edge, the more influential the minimum pulse 
width and the more obvious the voltage and current distortion are. 


(2) Torque ripple at the low-speed operation 


With a low modulation index, synthesized voltage vectors can only be crowded in 
small shadow areas defined by the minimum pulse width, resulting in those vectors 
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Fig. 7.20 Impact of the minimum pulse width on the synthesized voltage vector, at low speed 


(a) Stator flux linkage (b) Output current and torque 


Fig. 7.21 Output waveform at f = 5 Hz and k = 0.03, with minimum-pulse-width settings of 70 
and 35 us, respectively 


being clustered in the middle region of sectors every 60°. As shown in Fig. 7.20, 
with the same 5 Hz operation, the minimum pulse width will unevenly distribute 
vectors, leading to the hexagonal flux linkage and furthermore, to the torque ripple. 
With k = 0.03 and f = 3 Hz, a comparison is made in Fig. 7.21a with the minimum 
pulse width of 35 us and 70 ws, respectively. In both cases with the hexagonal flux 
linkage, the minimum pulse width of 70 ws yields a saturated flux due to enlarged 
voltage vectors. Shown in Fig. 7.21b are the output current and torque. Current is 
nearly doubled with the minimum pulse width of 70 ws. Its output torque and the 
torque ripple are also much higher than those at 35 ts. We can see that with the low 
modulation index and speed, the higher the minimum pulse width, the higher the 
torque ripple. 
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(3) Large starting in-rush current 


The lower the modulation index, the more severe the distortion caused by the 
minimum pulse width. As shown in Fig. 7.19c, the minimum pulse width amplifies 
the amplitude of the synthesized vector, prolongs the time of non-zero vectors, and 
increases the voltage-frequency ratio, which tends to create flux saturation and further 
enlarge the current. As shown in Fig. 7.22, the larger the minimum pulse width, the 
higher the starting current. This phenomenon is due to the relatively low modulation 
index in the starting process, making the system more vulnerable to the minimum 
pulse width, and thereby causing the in-rush current. 

The analysis above shows that the minimum pulse width has more impact on the 
low modulation index. Specifically, it will cause the starting inrush and low-speed 
torque ripple. At the high modulation index, it will distort the flux trajectory and 
further increase the current THD. For the output voltage, the higher the operational 
frequency, the less impact of the minimum pulse width due to much larger vector 
amplitude and steps. No significant angle shift will occur even when the vector enters 
the influential region of the minimum pulse width. 


4. Comprehensive solutions for the minimum-pulse-width problem 


To alleviate the negative impact of the minimum pulse width, we can divide the whole 
space into multiple circular regions. Based upon the different characteristics of the 
minimum pulse width in those regions, we can adopt corresponding methods. Here 
we assume the single-switch minimum pulse width is M, the phase-phase minimum 
pulse width is M2, and M2 < M1. ko = 2 M/T, and kı = 2 M/T. 


(1) k < kọ 


Based on the analysis above, the vector minimum pulse width is inevitable. Without 
the requirement of ultra-low speed operations, we can avoid such regions. Besides, 
the voltage drop across the motor leakage resistance and inductance is relatively 
high, which makes voltage compensation difficult as well. 
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(2) ko<k<kı 


As shown in Fig. 7.23(a), inside subsector 0, a region C’-B’-D-O emerges, due to 
the restraint of the single-switch minimum pulse width on Uo) and the phase-phase 
minimum pulse width on Uo;. The influenced vectors will all move to the boundary 
D-B’-C’. Similarly, inside subsector 1, the impact region is A-B-D-O. Therefore, 
synthesized vectors are moving along B’-D-B, with the amplitude oscillating. This 
could further cause fluctuation of the flux amplitude, as seen in Fig. 7.2 1a. 

The solution is to switch the vector type. Given no two-phase switching simulta- 
neously at k = ko is allowed, when using positive small vectors in the white regions 
of Fig. 7.17, we need swap 000 and odd-number positive small vectors (Uo;p, Uo3p 
and Uosp) and rearrange subsequent vectors. When using negative small vectors in 
shadow regions of Fig. 7.17, we need swap 000 and even-number negative small 
vectors and rearrange left vectors. 


(3) k slightly larger than 0.5 


When k = 0.5, this region needs particular attention, given the single-switch mini- 
mum pulse width might occur in zero and medium vectors. This can only change the 
vector amplitude without much impact on the angle. When k is slightly larger than 
0.5, it is possible that the reference vector will cross impact regions of the phase- 
phase minimum pulse width in subsectors 0, 2, 3 and 1, as shown in Fig. 7.23b. This 
can cause the vector shift to two opposite directions, thereby causing large fluctuation 
of the flux linkage. Illustrated in Fig. 7.24a is an experimental current waveform with 
the minimum pulse width of 70 ws and k = 0.5, 0.51, 0.52, respectively. Figure 7.24b 
shows the flux linkage at k = 0.51, indicating the largest distortion and fluctuation 
among all cases. 

Since this region is heavily influenced by the minimum pulse width, a hysteresis 
of Ak can be added to avoid such region. As shown in Fig. 7.23b, the threshold of 
k to let Uj reach the boundary of the phase-phase minimum-pulse-width impact 
regions can be calculated as 


i h UR i 


(a) k <k<k, (b) 0.5<k<ky 


Fig. 7.23 The impact regions of the minimum pulse width at some particular cases 
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Ma 


S 


Therefore it is recommended to skip a zone of M2/Ts when k = 0.5. 
(4) k>1—k, 


Under this circumstance, the vector enters the impact zone of the minimum pulse 
width in subsectors 2 and 3. The system is running at the high speed/frequency since 
k is relatively large now. With a relatively low switching frequency in a high-power 
converter, the number of reference vectors within one circle is low as well. We can 
select the synchronous modulation to avoid impact zones of the minimum pulse 
width. Another merit of such method is to increase the modulation index to | and 
even higher. 

As shown in Fig. 7.25, the maximum modulation index k3 of the synchronous 
modulation is calculated below. With the symmetric feature of such control, when 
the angle of the reference vector is 27/12 and 7/4, the modulation index reaches the 
maximum. With k’ = 1 — M,/T,, using geometrical knowledge we have 


l ( L) ( =) 
et Pe ea eE A a Ea (7.22) 
cos(z/12) iF Ts 


Otherwise the impact of the minimum pulse width is minor. The conventional 7- 
segment method is sufficient. With the starting segment using the positive/negative 
small vector, the requirement of the single-switch minimum pulse width has been 
fulfilled. With solutions proposed above, we can globally minimize the negative 
impact of the minimum pulse width in whole-modulation-index zones. 

Essentially the comprehensive solutions above are to optimize the minimum pulse 
widths based on the regions located. The proposed methods inherit advantages of 
multiple methods and exhibit ease and feasibility. As asummary, a voltage-frequency 
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Fig. 7.24 Experimental validation of the minimum-pulse-width impact when k is slightly larger 
than 0.5 
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Fig. 7.25 The maximum k 
at the synchronous 
modulation 


Fig. 7.26 The overall proposed V-f curve 


curve can be set as Fig. 7.26. Curve 1 is linear while Curve 2 considers the low- 
frequency voltage compensation and high-speed operation. All solutions for different 
zones are summarized in Table 7.9. 


5. Coordination of the minimum pulse width and the dead band 


Such two factors are tightly coupled. The dead band sets a higher bar for the 
minimum-pulse-width setting, affects the output voltage, and varies the vector time, 
which causes neutral point imbalance in the three-level inverter due to variation of 
the small vector time. While a dead-band compensation will ease the neutral-point 
imbalance, the output current polarity needs be detected for a reasonable compen- 
sation. Furthermore, as shown in Sect. 7.2.1, with detection of the phase current, 
we could determine the phase-phase commutating dead band, thereby setting the 
optimal value of the phase-phase minimum pulse width. This helps alleviate the side 
impact of the minimum pulse width. Therefore, it is possible to coordinate the dead 
band and the minimum pulse width together based on the phase current direction, 
i.e., compensating the dead band, balancing the neutral point, and optimizing the 
minimum pulse width together. 

Based on a real-time current sampling, the 7-segment SVPWM method is used 
meeting Eq. (7.19), i.e., t7 = t1, t6 = to, ts = t3. Meanwhile ta = tı + t4 + t7, th = 
f2 + t6, and te = t3 + t5. Shown in Table 7.10 are variations of the vector time and 
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Table 7.9 Comprehensive solution of the minimum pulse width 


Region location Key parameters 
ko = 2M2/ T; 
kı = 2M1ı/ T; 
k < ko Avoided pa gs 
2 T, 
k3 = 1.035 x (i — =) 
: T, 


types of phase-phase commutating dead band in subsector 0, Sector 1. Here segments 
1, 4, and 7 are related to the single-switch minimum pulse width. Time difference 
from original values is given. Because other four vectors are related to phase-phase 
vectors, the phase-phase commutating dead band is present. With the impact of the 
dead band, all vector time is subject to change. To coordinate the dead band with the 
minimum pulse width, we need 


(1) Consider the dead-band compensation and recover each vector time; 

(2) Balance the neutral point by setting t4 = tı + t7 = 2t1; 

(3) Impose restraints of the minimum pulse width. Here f; needs be larger than 1⁄2 of 
the single-switch minimum pulse width, t4 needs be larger than the single-switch 
minimum pulse width, and f and f3 should be set based on the phase-phase 
vector type, phase-phase commutating dead band, and current direction. 


Detailed vector time optimization is processed based on six current combinations, 
as shown in Table 7.10. 


(1) With the current direction ++—, the actual phase time are tp + 2 Tat and te —2 T at. 


With the dead-band compensation, t2 = t2 — 2 Tat and t3’ = t3 +2 Tat; 

With the neutral-point balancing, t4’ = tg — Tq and ti’ = tı + 0.5T at; 

With the minimum pulse width, t4 > M, fo’ >0, t3 > TL + Ta (t3 > TL) and 
ti > 0.5 M]. 


(2) With the current direction +—+, the actual phase time are f, — 2 Tat and te + 
2 T at. 


With the dead-band compensation, t4” = ft; + 0.5 Tat, t4 = t4 + Tat and t3’ = t3 
=—Le: 
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No need for the neutral-point balancing; 
With the minimum pulse width, t4’ > M1, to’ > 0, t3 > Tc — Ta (t3 > Tc) and 
ti >0.5M). 


(3) With the current direction +——, the actual phase time are tą — 2 Tat and tp + 
2 Tat. 


With the dead-band compensation, tı” = ti + 0.5 Tat, t4 = t4 + Tat and fo’ = tz 
— Tar 

No need for the neutral-point balancing; 

With the minimum pulse width, t4’ >My), fo’ > 0, f3 > Tc and tı’ > 0.5 Mj. 


(4) With the current direction —++, the actual phase time are f, + 2 Tat and fp — 
QT a. 


With the dead-band compensation, ft)’ = tf; — 0.5 Ta, t4 = t4 — Tat and to’ = fo 
+ Tat: 

No need for the neutral-point balancing; 

With the minimum pulse width, t4’>M), fo’ >T a (t2 > 0), t3 >Tc andt;’>0.5 Mı. 


(5) With the current direction —+—, the actual phase time are tą + 274 and te — 
QT a. 


With the dead-band compensation, t1” = ti — 0.5 Ta, t4” = t4 — Tat and t3’ = t3 
+ Tat; 

No need for the neutral-point balancing; 

With the minimum pulse width, t4’ > M1, t2 > 0, tz’ > Tc and tı > 0.5 Mı. 


(6) With the current direction ——+, the actual phase time are th — 2Tg and te + 
Dla 


With the dead-band compensation, fo’ = fo + Tat and tz” = t3 — T at; 

With the neutral-point balancing, t4’ = t4 + Tq and ti = ti — 0.5 T at; 

With the minimum pulse width, t4’ > M, to > Tat (t2 > 0), t3 > Tc — T u (t3 > Tc) 
and t;’ >0.5M,. 

As shown above, 


(1) The turn-on and turn-off zero dead bands are in pairs. To incorporate the phase- 
phase type-II zero dead band, for the sake of symmetry, we can set all minimum 
pulse width as Tc; 

(2) The dead band results in one of the three vectors added with double dead time 
and another one losing double dead time. The third vector remains unchanged, 
but will have discounted neutral-point balancing if such vector is the initial small 
vector; 

(3) Based on the current direction we can set the minimum pulse width accordingly 
to minimize its side impact. The dead-band compensation can mostly alleviate 
the impact of the dead band on the minimum pulse width, allowing a smaller- 
value phase-phase minimum pulse width; 
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(4) Ift” is less than the single-switch minimum pulse width, we can add one AT. 
Meanwhile for the sake of the neutral-point balancing, an extra 2 AT needs be 
added to t4’. Similarly, if t4’ is added with AT, tı” needs be increased by 0.5 AT. 


Shown in Table 7.11 is the vector time assignment incorporating the dead-band 
compensation, neutral point balancing, and the optimal minimum pulse width. Sub- 
sectors 0 and | are given as an example. | and 0 represent the positive and negative 
current, respectively, with overall six possibilities. Given the sum of the three-phase 
current is zero, there is no 111 or 000, though the current value could be small. Such 
a small-current case might result in a scenario where the current changes polarity 
within one switching period. In real practice such case is labelled as O without any 
compensation. 


7.2.3 Discrete Error with Its Compensation 


Within one control period, the alteration of pulse edges caused by the dead band 
and minimum pulse width greatly impacts pulse logic combination and control per- 
formance. Particularly in a high-power system, switching actions take longer time, 
and the dead time and minimum pulse width are larger, which causes significant dif- 
ference between the energy pulse and information pulse, with control performance 
highly influenced. In addition, original information signals generated by the con- 
trol loop also contain errors, one of which is caused by the discrete control. In this 
section, we will use the three-level PWM rectifier as an example to analyze the 
discrete control error and its compensation. 


1. Cause and impact of discrete errors 


The mathematical description of the energy pulse in Sect. 7.1.2 indicates that the main 
circuit of a power electronic converter is a continuous system, with all variables being 
time variant. The commonly used digital control system, however, has the control 
method implemented discretely in the microcontroller. In every control period, the 
controller implements the control strategy once, calculating control variables and 
generating control pulses or pulse sequences. Essentially a discrete controller controls 
a continuous system. For a continuous system, regardless of control periods, all 
state variables and control parameters are continuous. For a discrete control, those 
variables and parameters, however, are assumed constant within one control period. 
This generates a discrete error. Without suppressing or eliminating such error after 
the control pulse generation, the ultimate energy pulse sequence of the converter will 
contain the discrete error as well, which lowers control precision. In a high-power 
power electronic converter, due to the limitation of switching frequency, the control 
period is longer, and the discrete characteristics are more distinct, and the control 
and state variable change more within one control period. Therefore, the discrete 
control error has more impact on control performance. 
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For a closed-loop control system containing the integral part, such as the VOC 
or SVM-DPC in the PWM rectifier, the discrete control error can be limited by 
the related integral component. In other systems with a higher demand of control 
accuracy and pulse-width modulation, the discrete control error might continuously 
despair control performance. 

For instance, the predictive direct power control (PDPC) introduces the predictive 
theory into the DPC of the PWM rectifier, with the aim of enhancing both dynamic 
response and steady performance. Based on low-level information pulse generations, 
the PDPC can be categorized into two, one being the variable switching frequency 
(VSF) PDPC based on the vector optimal selection, and the other the constant switch- 
ing frequency (CSF) PDPC based on the PWM method. Comparatively, CSF-PDPC 
has merits of fixed switching frequency, low sampling frequency, low computation 
load, and excellent power/current control performance. The high-level block diagram 
of the three-level CSF-PDPC is shown in Fig. 7.27. 

Similar to the three-level DPC, the three-level CSF-PDPC contains three control 
loops as well, i.e., one outer loop for the DC-bus voltage control using the PI con- 
troller, and two inner loops for the active and reactive power control. The difference 
is that the CSF-PDPC applies power prediction in the power loop to directly calculate 
control variables. Such controller is based on Eq. (7.23), derived through the math- 
ematical model of the PWM rectifier to connect the voltage vector with the power 
rate. The power command and sampled power value can be adopted to accurately 
calculate the amplitude and angle of needed control voltage vector, which is used to 
generate control signals through SVPWM algorithm. 


Deo E 
Active and reactive 


e 
power, grid voltage p 
vectors, sector 
calculation I E 


Power 
controller 


Fig. 7.27 The block diagram of the three-level CSF-PDPC 
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npp 


Fig. 7.28 The grid-voltage vector variation during one control period 


ie = ea (ea — ucos0,) — R, p — oLsq 
(1.23) 


A = eau sin Ay — Rq — wLsp 


Here u is the amplitude of the control vector based on the equal-power conversion. 
0y is the angle of the control vector ahead of the d-axis in synchronous rotatory 
coordinates. The power equation of the three-level CSF-PDPC can be derived as 
below based on Eq. (7.24). 


2 
| Ls(p* — p)- Ts (e2 — wLsq — Rsp) | +[Ls(q* —q) — Ts(@Ls p — Rs p)}? 


a eq Is 


(7.24) 


6, = arctan| —@—9—1s@Lsp — Rsg) 
— Ls(p* — p)+Ts(e —owLsq — Rsp) 


Therefore, the power loop of the CSF-PDPC does not contain an integral part, 
which will not effectively eliminate the discrete error in the PWM rectifier control, 
thereby deteriorating control performance. 

Such control strategy samples grid voltage at the beginning of each control period 
for the voltage orientation, which locates the d-axis, as shown in Fig. 7.28. Given 
grid voltage changes continuously, the angle between the d-axis and a-axis in the 
abc coordinates changes continuously as well. In the abc coordinates, the rotatory 
angle of the d-axis per switching period is 


a = 27rfel; (7.25) 
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(a) Without the compensation (b) With the compensation 


Fig. 7.29 Simulation comparison with/without discrete error compensated 


Namely the d-axis will be d’-axis by the end of the control period, as shown in 
Fig. 7.29. 

In the discrete control system, the control algorithm based on the initial d-axis 
location calculates present control vectors and impose such vectors on the rectifier 
output. Under the d-q coordinates, the discrete control regards the vector angle 6, as 
a constant within one control period. However, due to continuous change of the grid 
voltage, the angle between d-axis and the control vector is variable, i.e., the control 
vector angle under the d-q coordinates is time variant, as shown below. 


O(t) = 0, — 2x fet (7.26) 


Substituting Eqs. (7.24) and (7.26) into Eq. (7.23) yields 


A eat T; | T 
p -p=— cos y + — f equ cos(O, — wt) - dt 
L; E 0 
2eau Ts . 2afels, . 2 Jel, 
— — sin) sin(6, _ ae 
: Tat 
à egui; . 1 fs ( ) 
" a oe sin Oy — — f equ sin(@y — wt) - dt 
bs i 0 
2equTl. pan eb 2m met 
= m sinen `) cos(#, — ae >) 


Shown in Eq. (7.27) is the power error caused by the discrete control error. 
In the steady state, 


u ~ /3E2 + (27 feLsl) 


(7.28) 
0, & arctan( =e) 
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Substituting Eq. (7.28) into Eq. (7.27) results in the steady-state power error due 
to the discrete control error as below. 


3ETs/3E? z i A 
pt— pe 2./3ETs E’+Cnfels) sin( ?afets ) sinf arctran( É hi _ 2n fe B | 


tqx 2V3ETs 4 3E2+(27 feLs1)* 


Ls 


(7.29) 


2n fe 2nfeLlsl 


q sin( ts) COs  arctran( ets") = — 


We can see that the discrete error caused by the voltage variation within one control 
period will generate the DC offset between the actual and commanded power. Such 
offset increases with the control period, which ultimately misaligns the grid voltage 
and current, thereby lowering the power factor. 


2. Compensation of the discrete error 


To eliminate the side impact of the discrete error, when generating control pulses and 
pulse sequences, we will not treat continuous variables and parameters as constant, 
but as time-variant function. For instance, we can still use Eq. (7.23) to derive the 
power for the CSF-PDPC, but the angle of the vector within each control period is not 
constant any more. To take the angle variation as shown in Eq. (7.26) into account, 
we have 


Í; 
Ls(p* — p) = fy‘ ealea — u cos(O, — 27t fet)] - dt — Rs pT; — wLsq T; ee 
Ls(q* — q) = fy‘ eau sin(@, — 2x fet) - dt — Rq T, + Lg pT, 


Furthermore, power equations of the CSF-PDPC with the discrete control error 
being compensated are 


w/|Ls(p* — p) — Ts(eg? — wLsq — Rs p)? + [Ls(q* — q) — Ts(@Ls p — Rs p)}? 
2eq sin(@Ts /2) (7.3 1 ) 


= Ls(q* —q) — Ts(wLs p — Rsq) 1 
= acala o eola RD Spee aa Rep) + 50T; 


U = 


The simulation comparison between with and without discrete error compensated 
is shown in Fig. 7.29, which reveals the power error when the discrete control error 
is not compensated. 

Such discrete error has more impact on the reactive power control. When the actual 
reactive power is significantly different from the command, the large angle between 
the grid voltage and current emerges, which lowers the power factor. Besides, such 
discrete error does not fully decouple the reactive power and the active power. In the 
dynamic process of the active power control, the reactive power has been introduced 
with the fluctuation as well. After the error is compensated, power control accuracy 
is enhanced, the grid voltage and current are more aligned with the power factor 
increased, and the control of the reactive and active power is decoupled. 


324 7 Electromagnetic Pulses and Sequences in Main Circuit 


Fig. 7.30 The | eames + PWM delay Rectifier model 
frequency-domain model of x A SJR 
dats 


p | Le Ud Ug 
the power loop in the PDPC — ( = se ie 
considering the pulse delay an (L,/R,)s+] 


7.3 Variation of the Pulse Time Sequence and Its Solutions 


As shown in Fig. 2.15, in addition to reshaping information signals, energy pulses 
exhibit time delay as well due to nonlinearity of the power electronic system. Similar 
to the control error, the pulse delay is also caused by accumulation and overlapping 
of various nonlinearities. In particular, 


(1) The PWM.-register reloading mechanism of the DSP causes a delay of half or 
one whole control period between the information pulse and the control pulse; 

(2) The input-output performance of the pulse management chip, such as CPLDs, 
results in the delay as well; 

(3) Gate-drive signal delay is caused by the gate-drive circuit; 

(4) The threshold gate-drive voltage of the power switch yields the energy pulse 
delay. 


Over others, the control pulse delay caused by the control chip is dominant. This 
is particularly true in the high-power system where the control period is large due to 
limited switching frequency. The half or whole switching period is the major delay 
of the energy pulse. Such delay directly postpones implementation of the control 
algorithm, slows down the dynamic response, and in addition, amplifies fluctuation 
of control variables, thereby deteriorating the steady-state performance. 


7.3.1 Impact of the Control Pulse Delay on the Control 
Performance 


In this section we will focus on the CSF-PDPC used in a three-level PWM rectifier, 
as show in Fig. 7.27. The impact of the pulse delay on the system steady-state 
performance and dynamic response will be investigated. 

Firstly, we can establish the frequency-domain model of the power loop in the 
PDPC after considering the pulse delay, as shown in Fig. 7.30. Here the delay module 
is employed to represent the pulse delay, T, is the control period, and Tq is the delay 
between the information pulse and energy pulse. 

Based upon the model above, the open-loop transfer function can be derived as 
below. 
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L, lak 
Go(s) = ——=——=— . exp(—1.5T4 - s) © 
PAL S + R,) f; - § 


- exp(—1.57y - $) (752) 


which has the amplitude and phase-angle characteristics as 


L() = 201g(—2—-*=*_—) a4 —20g(T; - 0) (7.33) 
w) = 20 lLg(—=) © — 20 lg(7; -w . 
T,./ L202 + R? 
Lw s L5S14w P >- 1L.5Tjw 
(w) = — arctan( ) — 180° x —— % —90° — 180° x ——— (1.34) 
S TT IT 
Further, the phase-angle margin is 
314 
y = 90°C — ) (7.35) 
r Ts 


Therefore, with the increment of Ta, the delay between the information pulse 
and the energy pulse, the angle margin shrinks and system reliability worsens. The 
precondition of system reliability is 


mT, 
Ty < a ~ 1.0477; (7.36) 


In most cases, to gain sufficient time for the software exaction, the control system 
samples analogue signals at the beginning of the control period and reloads PWM 
comparators at the end of the control period. Thus the control pulse of the IC is 
delayed for one control period compared to the information pulse. With all other 
delays in the control loop, it is very difficult to meet the requirement of Eq. (7.36) 
for system reliability. 

Shown in Fig. 7.31 in the open-loop Bode-plot of the PDPC power loop with 7, 
= 0.2 ms and various Ta. It indicates a reduced phase margin when the control delay 
increases. From Eq. (7.36), the system becomes unstable once Ta > 0.2094 ms. When 
the PWM generation introduces a time delay of a control period to information and 
control pulses, i.e., Ta = T, = 0.2 ms, the system reaches the boundary of instability 
with very little phase margin. 

When the pulse delay increases, the simulated active and reactive power of the 
PDPC based PWM rectifier is shown in Fig. 7.32. The increment of such delay causes 
oscillation of the power with a reduced oscillation frequency. As shown in Fig. 7.32a, 
even though the system is still stable, a static error has emerged due to the control 
pulse delay. 

Assume the majority of the time delay in the energy pulse is one control period 
caused by the control IC, 1.e., Ta = 7. Such delay imposes the actual calculated 
voltage vector on the PWM rectifier by the next switching period, instead of the 
present period. Through the mathematical model of the measurement and observation 
introduced in Chap. 6, we can conclude that generation of the current command 
(related to the power command) based on the present grid current is delayed for 
one control period, as shown in Fig. 7.33. Assume two adjacent sampling points 
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Fig. 7.31 The open-loop Bode-plot of the PDPC power loop with Ts = 0.2 ms and various Ta 


have current instantaneous values of ig and 7;, respectively. With the time-domain 
derivation, the grid current comes back to ip after 6 control periods to start the next 
line period. Therefore, the oscillating frequency of the steady-state current caused 
by the time delay of one control period is 


l ti 


7" a 7.37 
IXTS (7.37) 


Here fs = 1/T;, which is the control frequency. With the instantaneous power 
calculated through Eq. (6.46), the power oscillating frequency at the steady state is 


fh=hret th (7.38) 


With fs = 5 kHz and T4 = Tg, the simulated grid current and reactive power along 
with the frequency spectrum is shown in Figs. 7.34 and 7.35, respectively. As can be 
seen, the maximum harmonics of the grid current occurs at f;/6 = 833 Hz while the 
two power peaks happen at 833 — 50 = 783 Hz and 833 + 50 = 883 Hz. This aligns 
with the theoretical analysis. 

To study the impact of the pulse delay on the system dynamic response, a first- 
order inertia is used to represent the time delay. Then the frequency-domain model 
of the power loop in Fig. 7.30 can be further linearized as Fig. 7.36. 

The linear model of the open-loop and closed-loop transfer functions is 


L, — TR; 


DOS RES + RTs +D k 
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Fig. 7.32 The active and reactive power of a PDPC based three-level PWM rectifier with different 
Ta (simulation) 
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Based on the closed-loop transfer function, the system root locus with various 


pulse delays is shown in Fig. 7.37. Here the system time constant and damping 
coefficient are 


Dawid (7.41) 
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Fig. 7.37 The root locus of the PDPC closed-loop power control with various pulse delays 


P= JT J AL, (7.42) 


The larger the pulse delay, the higher the system time constant and the smaller the 
damping coefficient. When Ta < 7/4, the system is over damped without overshoot. 
The modulation time is 


YF 
a A AT 


When Ta > 7/4, the system is under damped, with the overshoot and the modu- 
lation time as 


= (7.43) 


IU 
ô = TT (7.44) 
Len (7.45) 


Therefore, with the increment of the pulse delay, the system dynamics begin to 
exhibit overshoot and oscillation. Both the overshoot and modulation time increases, 
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Fig. 7.38 The system step 
response with various time 
delays 
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Table 7.12 The time-delay impact of one control period on the control dynamic performance 


Performance index | Ideal SVM-DPC SVM-DPC Ideal PDPC PDPC 


Closed-loop — ost 27252+2541 S FT TH 72y a 7 T aa 
transfer function s*+(-——+T3)s 


Damping / S / nn - 
coefficient 


Modulation time 8T; Bi 4T; ST; 


Overshoot 0 eT = 4.32% ie eWt/V3 = 16.30% 


while the system dynamic performance deteriorates. The system step response with 
various time delays is shown in Fig. 7.38. 

For the commonly used Ta = T,, the impact of the time delay on the dynamic 
performance of CSF SVM-DPC and PDPC can be summarized as Table 7.12, along 
with the analysis above. Here the ideal CSF SVM-DPC and ideal PDPC present no 
time delay in the control loop. With one-control-period time delay in the control loop, 
the overshoot of the SVM-DPC increases by 4.32%, but the modulation time remains 
the same. For PDPC, the time delay results in 16.3% increment of the overshoot and 
double of the modulation time. Therefore, for the control strategy calculating the 
accurate vector and pulse width without any integral, such as PDPC, the impact of 
the time delay on the dynamic performance is more severe. 


7.3.2 Compensation of the Time Delay 


To study the discrete control error generated by the digital control system and inves- 
tigate the accurate compensation of the time delay in the power control process, this 
section selects the PDPC of the three-level PWM rectifier as the objective. 

As shown in Fig. 7.33, due to the existence of the time delay, the control vector 
calculated based on present samplings is only implemented to the system in the next 
control period, when the system states and variables have already changed. Hence 
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the vector generated cannot make control variables follow the reference accurately, 
unless at the present period the control system could predict the sampled feedback 
information in the next period, i.e., effectively compensating the one-period time 
delay. Furthermore, based on the mathematical model of the PWM rectifier, cal- 
culations of the next-period control variables rely on the present state and control 
variables, which can be sampled through the ADC and known through the last-period 
vector selection, respectively, namely known parameters. 

The time-delay compensation is summarized as follows: at the present control 
period, based on present samplings and calculated vectors in the last control period, 
we can predict the next-control-period system state variables. Together with system 
commands, control variables of the system in the next control period can be further 
calculated. Specifically in the three-level PDPC, the grid voltage and current need 
be sampled in the beginning of the control period, based on which and with the last- 
period voltage vector we can calculate the next-period grid voltage and current. With 
the coordinate transformation and power calculation, the instantaneous active and 
reactive power can be calculated at the beginning of the next control period. At the 
end, the voltage vector for the next control period can be generated through power 
control equations. The related operation is illustrated in Fig. 7.39. 

To reduce the computation load of the current calculation based time-delay com- 
pensation, based on Eq. (7.23), with the instantaneous power (po,go) in the present 
period and the last-period calculated voltage vector (up,99), we can directly calculate 
the next-period instantaneous power (p1,q1) as below. 


L 1 f/f 
Pı = Po + 7e — wLsqo — Rs po) — T- | eguo COS(O — wt) - dt 
S 0 


S 


T; 2 2e quo , wl, ol, 
= po + —(eg — @Lsqo — Rs po) — sin(——) cos(6 — ) 
L; wL; 2 2 
T | T, (7.46) 
qı = qo + —(@L spo — Rsqo) + — | equ, sin(O; — wt) - dt 
Ls Ls 0 
T; 2e€quo i ol, . ol, 
= qo + —(æ@ Ls Po — Rsgo) + sin(——) sin(@) — ) 
fe w S 2 


Furthermore, the next-period voltage vector (u;,0;) is 
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waf [Ls(p*—pı)—-Ts(e}—wLsqı —Rs pı)P+Ls(q4*—q1ı)—Ts(wLs pı —Rsqı)}? 


2ea sin(wTs/2) (7 47) 


Ls(q*—qi)—Ts(@Ls pi—Rsqi) 
—L,(p*—p)+Ts(e7 —@L qi — Repo + 2 


6, = arctan| 

Note Eqs. (7.46) and (7.47) both compensate the discrete error caused by the 
grid-voltage sampling. 

Shown in Fig. 7.40 is the block diagram of the delay compensation for the three- 
level PDPC. Compared to the conventional CSF-PDPC shown in Fig. 7.37, the pro- 
posed strategy adds one more power prediction, which is related to Eq. (7.46). The 
time delay is compensated by predicting the instantaneous power at the beginning 
of the next control period. 

To derive the performance index of the time-delay compensated three-level PDPC, 
the linear frequency-domain model is established as Fig. 7.41. 

The closed-loop transfer function of the time-delay compensated PDPC is 


l 
G(s) = ——— 7.48 
o= T2424] Ki 
The overshoot is calculated as zero. The modulation time is 
t, = 47, (7.49) 


Referring to the dynamic index shown in Fig. 7.12, we can conclude that with the 
accurate time-delay compensation, the PDPC can reach the same dynamic response 
as the ideal control. 

The simulation results with one-control-period time delay are shown in Fig. 7.42, 
where SVM-DPC, conventional DPC, and delay-compensated PDPC are compared. 
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Fig. 7.40 Block diagram of the delay compensation for the three-level PDPC 
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Fig. 7.42 Simulation comparison of various control strategies 
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Fig. 7.43 Experimental grid current of PDPC with and without delay compensation 


Experimental results of the grid current with PDPC are shown in Fig. 7.43, 
where the control performances with and without delay compensation are com- 
pared. Figure 7.44 shows the steady-state performance and load step response of the 
time-delay compensated PDPC. 

We can see that with the accurate delay compensation, the grid current and power 
oscillation due to the pulse time delay is eliminated for the three-level PDPC. Mean- 


334 7 Electromagnetic Pulses and Sequences in Main Circuit 


€a/(60V/div), 
ia/(2 A/div) 


U4a/(60V/div), 


Usp/(60V/div) Unp/(60V/div) 


t/(SOms/div) 


Fig. 7.44 Experimental results of the time-delay compensated PDPC 


while, the dynamic process has nearly no overshoot with the dynamic response much 
faster than that in the SVM-DPC and conventional PDPC. 


Chapter 8 
High-Performance Closed-Loop Control 
and Its Constraints 


Pulse generation through turning on and off power switches is the fundamental 
of power electronics conversion. At the macroscopic level, two steady states exist 
for power switches, 1.e., on and off, determining that electromagnetic variables of 
the power electronics conversion are in the form of pulses, pulse overlapping and 
combinations, and pulse sequences, e.g., output voltage of the VSI and output current 
of the CSI. To differentiate from information pulses in the control system and gate- 
drive circuits, energy-level voltage and current pulses are named as energy pulses. 
The controllable energy pulse and pulse sequence are basic behaviors of the power 
electronics conversion. 


8.1 Closed-Loop Control System and Its Constraints 


To reach the high-performance control is the ultimate goal of the power electronic 
system, which requires the closed-loop control. As a mixture system of continuous 
and discrete signals, the closed-loop control system of power electronic converters 
is different from the conventional control system. 


8.1.1 The Structure of the Closed-Loop Control System 


An exemplary power electronic system is shown in Fig. 8.1, which consists of the 
control system and the main-power circuit. The main-power circuit is made of power 
switches, energy storage components and energy consuming parts. The input power 
is processed by power switches, part of which is output as energy pulses or stored in 
the energy storage component, other of which is generated as the heat when passing 
through the lossy component during the power transfer and transformation. In addi- 
tion to the core control strategy, the control system of the power electronic converter 
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Fig. 8.1 A typical power electronic system 


consists of the control loop and feedback loop. Information pulses generated by 
the control algorithm yield energy pulses ultimately. Therefore the power electronic 
conversion is a process of using the weak-electricity signal of the control system 
to control the strong-electricity signal of the main-power circuit, i.e., information 
controls energy. 

Compared to the open-loop control, the closed-loop control will reach better 
performance of the power electronic converter, which however further requires the 
feedback loop to sample energy-level variables, convert them into information-level 
signals and forward them to the control algorithm. From this perspective, the 
power electronics conversion is the interaction of the information and energy. In 
this chapter, energy-level signals in the main-power circuit are named as energy 
analogues, to be differentiated from those in the control system. 

With the development of microcontrollers, more and more power electronic sys- 
tems adopt digital microprocessors. Note the digital control system is usually discrete 
while the main-power circuit is continuous, which complies with fundamental rules 
of the energy conversion, 1.e., energy conservation and no sudden energy change. 
Therefore, the digital control system based power electronics conversion is a typical 
process of the discrete system controlling the continuous system. 

As shown in Fig. 8.1, the whole power electronic system contains the feedback 
loop and control loop, as discussed in Chaps. 6 and 7, respectively. As described 
in the preface, the closed-loop control is an exemplary case embracing the soft- 
ware and hardware, energy and information, linearity and nonlinearity, discrete and 
continuous, and coordination of multi-timescale subsystems. 


8.1.2 The Limitation of the Conventional Control Theory 


The conventional power electronics research usually makes some ideal assumptions, 
in order to facilitate the analysis and derivation, such as 
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(1) The feedback signal of the control system has the same time sequence and shape 
as the energy-level variable in the main-power circuit; 

(2) The information pulse generated by the control system has the same time 
sequence and shape as the energy pulse in the main-power circuit; 

(3) Withahigh enough control frequency, system state variables within one discrete 
control period remain unchanged; 

(4) The converter can handle any switching states, with the switching transition 
finished instantaneously. 


The characteristics of the time sequence are the timing relationship among points 
of physical variables, including the pulse-edge position, pulse width, etc. The shape 
characteristics are focusing on the pulse shape, including the pulse-edge shape, pulse 
steady-state amplitude, overshoot, decaying process, etc. With the assumption above, 
the ideal control method should accurately calculate then generate control pulses 
through the power reference based on the system mathematical model. However, 
in the actual power electronic converter non-ideal characteristics exist in both the 
control system and main-power circuit. Specifically, 


(1) The non-ideal factors in the feedback loop of the control system will result in 
the sampling delay and error, causing the delay and shape difference between 
the feedback signal and the actual variable. Meanwhile the reliability of the 
communication in the feedback loop is deteriorated due to the strong EMI, 
potentially interrupting the sampling. 

(2) Influenced by the pulse generating mechanism, dead band, minimum pulse 
width, control-loop input-output characteristics, power switch characteristics 
and stray parameters, the energy pulse exhibits the delay in time and distortion 
in shape compared to the ideal information pulse. 

(3) The system state variables will change significantly within one control period 
when the control frequency is relatively low. A large control error is expected. 

(4) Non-ideal switching performance and topology parameters yield continuous 
electromagnetic variables. Transient processes exist between transitions. For 
the multi-level or other special topology based converter, random switching 
among states might cause abnormal pulses harmful and even destructive to the 
system. 


Impacted by the non-ideal characteristics above, adopting the ideal control 
method, i.e., using the mathematical model to calculate and generate information 
pulses based on the power reference in the actual system will lower the control 
accuracy, slow down the dynamic response, increase the overshoot and generate 
the abnormal pulse. To suppress or compensate such non-ideal characteristics, the 
conventional control theory introduces the proportional-integral (PI), bang-bang, 
sliding-mode, fuzzy logic, neural network controllers, etc. However, such inaccurate 
controller can only somewhat compensate or suppress the non-ideal characteristics 
of the power electronic system. Compared to the low-power system, the high-power 
converter has sensors with lower speed, narrower bandwidth and lower sampling 
frequency, with more significant electromagnetic transients, longer energy-pulse 
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dynamics, larger propagation delay of the gate-drive circuit and lower switching 
frequency. Thus the non-ideal characteristics mentioned above are more obvious, 
which potentially become the bottleneck of the control performance and reliability. 

The conventional power electronics control adopts inaccurate controllers, result- 
ing in unsolvable conflicts, for instance, the conflict between the dynamic response 
and overshoot of the PI controller. Increasing I-coefficient will increase the dynamic 
response as well as the overshoot. Decreasing I-coefficient will lower the overshoot 
but slow down the dynamic response. For the bang-bang controller, conflicts exist 
between the control accuracy and the power loss. With the hysteresis becoming 
narrower, the control accuracy is enhanced. However, the equivalent switching fre- 
quency and the power loss are increased. A wide hysteresis lowers the equivalent 
switching frequency and the power loss, however, sacrifices the control accuracy. 
Such conflicts in conventional controllers obstruct the power electronic system from 
further improving the control performance. 

At the same time, control objectives of conventional controllers are usually the 
voltage or current, with one control variable for one control objective. It is hard for 
the conventional controller to coordinate multiple different types of objectives. 


8.2 Invalid Pulses Caused by Control Strategy and Related 
Solutions 


The invalid pulses of power electronic systems are those unable to meet the control 
requirement. Except the difference of the pulse width, their shapes are similar to 
normal pulses. A single invalid pulse will not cause the device failure or system 
fault. Multiple or periodic abnormal pulses, however, can deteriorate the system 
control performance and reliability. 


8.2.1 Invalid Pulses Caused by the Control Coupling 


1. Cause and impact 


Based on the mathematical model and instantaneous power equations of the three- 
level PWM rectifier, the overall power control equations are shown below. Here the 
grid-inductor resistance is assumed very small, i.e., R % 0. 


d 
L£ = €g(€q — ua) — woL sq 
(8.1) 


d 
L% = egg + wLsp 
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Imposing the appropriate control variable ug and ug can result in the actual active 
and reactive power follows the command closely. As shown in Eq. (8.1), the active- 
power control equation contains one item directly proportional to the reactive power. 
At the same time, the reactive-power control equation contains one similar item in 
direct proportion to the active power as well. Namely the active and reactive power 
control is coupled with each other. With control algorithms based on synthesized 
vectors, such as VOC, SVM-DPC and CSF-PDPC, SVPWM is employed as the 
bottom-level strategy to generate information pulses, which can add the decoupling 
into the control variable thereby making the active and reactive power control inde- 
pendent, aiming at the decoupling control. However, for the bang-bang control and 
switching-table based DPC, the vector within each control period is fixed in the table, 
which is unable to add decoupling to the control variable. 

For the conventional three-level DPC shown in Fig. 6.19, with the coupling 
ignored, power control equations are 


d 
L£ = €4(€q — Ua) 
(8.2) 


d 
L% = ediq 


The DPC switching table then can be generated as Table 8.1. 

It can be seen that vectors U;3—U24 emerge at six different locations in pairs. 
For the pair of vectors in the same location, they have the same up and uq thereby 
the same effect on the instantaneous power control, however, different commutation 
loops with the same grid current. Their impact on the neutral-point voltage is totally 
opposite. The three-level DPC then can select any vector of this pair to control the 
active and reactive power and compensate the neutral-point voltage, based on the 
grid current direction and voltage across upper and lower capacitors. 

To reduce switching actions caused by vector transitions, the conventional DPC 
can select vectors within a quadrilateral where the grid voltage vector is located, for 
instance, the shadow area of Fig. 8.2. Four vectors (U1, U2, U13/U 14 and Uj5/U 6) 
form a quadrilateral when the grid voltage vector e is located in the sector 4. 

In the steady state of the three-level PWM rectifier using conventional DPC, the 
reactive power reference is set as zero, resulting in a minimal actual reactive power. 


Table 8.1 The switching table of the conventional DPC 


Here Sp and Sq are the switching states. Sp = 1 means increasing the active power. k = 1-5 
Vector locations are shown in Fig. 8.2 
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Fig. 8.2 Vector selections 
for the three-level DPC 


Based on Eq. (8.1), the influence of the reactive power on the active power is minor. 
However, given that the input power is equal to the output power, 1.e., 


p © [LV ac (8.3) 


With a large input/output active power, the coupling between the active and reac- 
tive power can highly influence the reactive power control. 

When the three-phase grid forwards the active power to the rectifier, i.e., p > O 
while the control system samples the positive reactive power (q > 0), the bang-bang 
controller will output Sq = 0. The switching table then selects vectors to make u, < 0, 
aiming at reducing the reactive power to follow g* = 0. If vectors in the switching 
table do not meet 


L; 
E Ea (8.4) 
ed 
Then based on Eq. (8.1), we have 
dq €qug +@Lsp | 
— = — > 0) (8.5) 


dt L. 


The coupling item in the direct proportion to the active power will enlarge the 
reactive power, making it deviate from the command. Now output pulses of the 
control system are invalid to meet the control requirement, given the reactive power 
is uncontrollable. 
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Geometrical locations of vectors yield restraints of generating invalid pulses in 
odd-number sectors when p > 0 as 


sin 8 (8.6) 


with invalid pulses located at 


JEA 
9 < resin (Zete) (8.7) 


qu ac 


Here @ is the angle between the grid voltage vector e and the sector edge, when 
rotating clockwise. 

The restraint of generating invalid pulses in the even-number sectors when p > 0 
IS 


ed Vac 


a i /6 


sin 0 (8.8) 
with invalid pulses located at 


(8.9) 


J6oL sp 
0 < arcsin] ————— 
equ ac 


Within the invalid-pulse region shown in Eqs. (8.7) and (8.9), the conventional 
three-level DPC is unable to reduce the reactive power. Therefore g will increase 
continually until the grid voltage vector is out of those regions. 

Similarly, the region where invalid pulses emerge in the odd-number sectors when 
p<Ois 


(8.10) 


T , 
8 > — + arcsin 
6 equac 


a 


When p < 0, the region where invalid pulses are generated in the even-number 
sectors is 


(8.11) 


T : 
0 > — + arcsin 
6 edUac 


Siar) 


In summary, the invalid-pulse region will be widened when the active power 
increases, due to the coupling between the active and reactive power. 

The simulated active and reactive power when the grid forwards the power to 
the rectifier (p > 0) is shown in Fig. 8.3. As shown in Fig. 8.3a, the impact of the 
coupling on the active power is minor while causing the fluctuation of the reactive 
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Fig. 8.3 Simulation waveform of the conventional three-level DPC 


power, which is aligned with the analysis before. With the active power increasing, the 
invalid-pulse zone is widened, which further amplifies the fluctuation of the reactive 
power. Figure 8.3b is the zoomed-in reactive power of Fig. 8.3a, indicating each 
sector has some invalid-pulse region where the monotonically decreasing reactive 
power is caused by the control coupling. Such invalid pulses eventually will amplify 
the grid current harmonics and lower the power factor. 


2. Suppression of invalid pulses caused by the control coupling 


As shown above, the control coupling can be traced back to Eq. (8.1), showing that 
the voltage vector is unable to compensate the coupling item. As shown above, the 
control vector is the fixed one generated by the underlying switch table, making it 
impossible to suppress the coupling item through only adding the compensation. To 
enforce the control of the three-level DPC on the reactive power, we can enrich the 
switch table to diversify the vector selection in the switch table, e.g., selecting the 
vector with larger g-axis component under d—g coordinates. 

The enhanced three-level DPC switch table is shown in Table 8.2, where p > 0. 

It can be seen that selectable vectors in Table 8.2 do not necessarily form the 
quadrilateral any more. The number of transitions among non-adjacent vectors is 
increased significantly. To secure the reliability of the converter during vector transi- 
tions, the intermediate vectors are inserted, which as a result increases the number of 
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switching actions. To reduce such switching actions thereby the switching frequency 
and avoid the fluctuation of the steady-state power due to the over modulation, 
Table 8.2 is only adopted for invalid-pulse regions, as shown in Eqs. (8.7) and (8.9) 
when p > Q. In other regions the conventional switch table (Table 8.1) is still pre- 
ferred. Based on such dynamic switching principles, the polygon formed by selected 
vectors in sector 02 is shown as the shadow in Fig. 8.4, when p > Q. 

A comparison between Figs. 8.4 and 8.2 shows that with the dynamic switch 
table for p > 0, the q-axis voltage, ug, can be more negative thereby effectively 
compensating the impact of the active power on the reactive power caused by the 
coupling item. Similarly, for p < 0, the enhanced switch table is shown as Table 8.3. 

Similar to p > O, for p < O we will only utilize the enhanced Table 8.3 within the 
invalid-pulse region shown as Eqs. (8.10) and (8.11). Otherwise the conventional 
three-level DPC table is preferred. Selectable vectors for p < 0 within sector 02 are 
shown as the shadow polygon in Fig. 8.5. 


Table 8.2 The enhanced three-level DPC switch table to suppress the invalid pulses caused by the 
control coupling (p > 0) 
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Table 8.3 The enhanced three-level DPC switch table to suppress the invalid pulse caused by the 
control coupling (p < 0) 


sjo CC 
O | Urs/Ur4 |UislU 14 | Urxe9/Urx+10 | UnU | U2/U2 


o [Ue |n [Yar [a [Uw 


Note k = 2, 3, 4,5 


Fig. 8.5 Selectable vectors when p < 0 in sector 02 to suppress invalid pulses generated by the 
control coupling 


A comparison between Figs. 8.5 and 8.2 shows that with the dynamic switch table 
for p <Q, the g-axis voltage, ug can be more positive thereby effectively compensating 
the impact of the negative active power on the reactive power caused by the coupling 
item in Eq. (8.1). 

Shown in Fig. 8.6 is the simulation comparison between w/n the dynamic switch 
table for the three-level PWM rectifier. Figure 8.7 is the comparison of the experimen- 
tal grid current and its spectrum before and after suppressing control-coupling-caused 
invalid pulses. 

With the proposed method above, invalid pulses generated by the power coupling 
item are effectively suppressed. So is the periodic fluctuation of the steady-state 
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Fig. 8.6 Simulation comparison between w/n the dynamic switch table for the three-level PWM 
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Fig. 8.7 Experimental grid current before and after suppressing the control-coupling-caused invalid 
pulses 


reactive power. With the decoupling of the active and reactive power control, the 
grid current harmonics is smaller and the power factor is increased. 

In addition, with the revised dynamic switch table enhancing the power modula- 
tion, the dynamic response of the instantaneous power is faster. The simulation result 
is shown in Fig. 8.8. 
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Fig. 8.8 Simulation results of the reactive-power dynamic response before and after suppressing 
control-coupling-caused invalid pulses 


8.2.2 Invalid Pulses Caused by the Saturation 
of the Controller 


l. Cause and impact 


Various controllers are adopted in the control of power electronic converters, which 
based on the time sequence of the input and output can be categorized as memory-less 
system and memory system. The former one is called the instantaneous system, with 
the output only related to the present input. The latter one is called the dynamic sys- 
tem, with the output related to the previous input. For the power electronic converter 
using the discrete control, the “present input” means the feedback or command within 
the present control period, while “previous input” means the feedback or command 
within some of previous control periods. Based on such definition, the hysteresis 
controller of the three-level DPC is a memory-less system, while the PI controller in 
the three-level VOC and SVM-DPC is a memory system. 

For the memory system in power electronic converters, if the controller output at 
the present control period is related to the previous abnormal feedback status, 1.e., the 
controller memorizes the past abnormal information, it is possible for the controller 
to unfollow the command due to those abnormal states thereby generating abnormal 
pulses and influencing operational conditions later. 

The relationship between the input and output of the continuous PI controller is 


t 


y(t) = kp[x*(t) — x(t)] + ki | [x*(t) — x(t)] - dt (8.12) 


0 


where kp is the proportional coefficient and kj is the integral coefficient. With con- 
straints of the physical system, limitations are imposed on the PI output, i.e., 


y(t) = min[ y(t), Ymax] 


(8.13) 
y(t) = max[ y(t), Ymin] 
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Fig. 8.9 Simulated starting process with invalid pulses caused by the PI saturation 


For the discrete PI controller, its input and output have the relationship as 


u(k) = u(k — 1) + k[x*(k) — x(k)] (8.14 

y(k) = kplx*(k) — uk) a 
y(k) = min[y(k), Ymax] (8.15) 
y(k) = max[y(k), Yinin | 


Here u(k) is the integral part of the discrete PI controller, indicating that all present 
and past errors between command and feedback values are accumulated. Such mem- 
ory effect will continually affect the controller output. 

Take the VOC based three-level PWM rectifier as an example, as shown in Fig. 6.7. 
Before starting the motor, all switches remain off, with the grid pre-charging the DC- 
bus capacitor through anti-paralleled diodes of switches. To detect the grid voltage, 
the control system needs run before generating the control pulse. The DC-bus voltage 
under such uncontrollable rectifying mode is lower than the target. Since switches 
are all locked off, the d-axis and g-axis current can’t track the reference value, which 
makes the d-axis-current controller, g-axis-current controller and DC-bus-voltage 
controller saturate quickly, based on Eqs. (8.14) and (8.15). The controllers will 
reach their upper or lower limits. 

Once the rectifier starts, due to the memory effect the output of the PI controller 
stays at the upper or lower limits before quitting the saturation. Information pulses 
generated by the controller will not effectively follow the DC-bus, d-axis current and 
g-axis current commands, yielding invalid pulses to further cause the starting inrush 
current and DC-bus over voltage, as shown in Fig. 8.9. 


2. Elimination of invalid pulses 


To eliminate invalid pulses above, we need clear the abnormal feedback memorized 
by the controller before the system starts, i.e., zero the integral part of the PI controller. 
This ensures the PI controller not saturated before starting. Therefore control pulses 
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Fig. 8.10 Simulated starting process after eliminating invalid pulses caused by the PI saturation 


used to start the system will not be impacted by system states before starting, as 
simulated in Fig. 8.10. It can be seen that the DC-bus voltage and the grid current in 
the starting process have much lower overshoot, which reduces the electrical stress 
on power switches and other components. 


8.2.3 Invalid Pulses Generated at Some Special Operational 
States of the Converter 


The special operational states include over/under input voltage, over/under output 
voltage, etc. Under those special states, control pulses might miss the control target 
due to output limits of the controller. Namely the system generates invalid pulses 
and deteriorates the control performance. 


l. Cause and impact of invalid pulses with the input under-voltage 


Take the DPC based three-level PWM rectifier shown in Fig. 6.19 as an example. 
With the conventional DPC switch table, as shown in Table 8.1, selectable vectors 
form a quadrilateral shadow in Fig. 8.11, when the grid voltage vector e is located 
in the section 0;. Meanwhile the traditional DPC has the control Eq. (8.2), which 
requires the grid voltage vector to follow (8.16) for the sake of the bidirectional 
power flow. 


Ui34a < ea 
U13/14q > O 


U 3/244 < €d 


U43/24q < O (8.16) 
Uia > ea ) 


Uig > 0 
Ui2a > a 
Uiz < 0 
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Fig. 8.11 Selectable vectors 
with the effective 
input-voltage range under 
the conventional three-level 
DPC (sector 81) 


Here Uia and Ug are d-axis and g-axis components of the fixed vector U;, respec- 
tively. 

Assume M is the common region outside two circles with U ;3/U 14 and U3/U 24 
as the diameter, respectively, M> is the common region inside two circles with U; and 
U \> as the diameter, respectively, and M3 is the sector 6;. Based on Eq. (8.16), grid 
voltage vectors allowing the bidirectional power flow are located in the intersection 
of Mı, Mı and M3, shown as the bold-line region in Fig. 8.11. 

Furthermore, with the relationship between the grid voltage vector and the grid 
voltage rms value shown as below 


e4 = V3E (8.17) 


and the geometrical relationship among vectors and the symmetry of sectors, the 
effective input voltage range for the conventional three-level DPC is 


l 
——_U 4. < E < 


l 
34/2 2/2 
A too low input voltage value outside the range shown in Eq. (8.18), for instance, 
e2 in Fig. 8.11 can only reduce the active power when Sp = 1, regardless of using 
U}3/U 4 (Sq = 1) or using U73/U 24 (Sq = 0). Such invalid pulses due to the input 
under-voltage will further reduce the DC-bus voltage. 


Uae (8.18) 


2. Elimination of invalid pulses caused by the input under-voltage 


To eliminate invalid pulses caused by the input under-voltage of the three-level PWM 
rectifier, we can enforce the active-power modulation by enriching selectable vectors. 
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Fig. 8.12 The three-level DPC with the wide input-voltage range 


The improved switch table with the wide input-voltage range is shown as Table 8.4. 
Here the “wide-input-voltage-range” control strategy means with the large variation 
of the grid voltage, the DC-bus and the grid current can be effectively controlled. 

In Table 8.4, dp represents the active power trend by comparing the previous 
control period to the present. “+° means the active power increases and “—” means 
decreasing. “+” means either “+” or “—”. 

The three-level DPC with a wide input-voltage range is illustrated as Fig. 8.12. 

Compared to the conventional DPC shown in Fig. 6.19, the improved DPC with 
widened input-voltage range calculates the active and reactive power based on sam- 
plings. In addition, it predicts the power trend in the previous control period, which 
together with the hysteresis controller merges into the switch table. With Sp = 1 
and a positive change of the active power, the grid voltage is within the effective 
input range. No invalid pulses are generated. Thus the enhanced switch table adopts 
same voltage vectors as the conventional one. With Sp = 1 and a negative change 
of the active power, the grid voltage goes beyond the effective input range thereby 
generating invalid pulses. To further control the active power bi-directionally, the 
enhanced switch table adopts voltage vectors with the smaller d-axis component, 
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1.e., enforcing the modulation of the active power. Still for the grid voltage vector 
e located in the sector 6;, the enhanced DPC switch table replaces U13/U14 in the 
conventional switch table with U15/U16, when Sp = 1, Sg = 1 and dp is negative, 
as shown in Table 8.4. Therefore selectable voltage vectors for sector 6; form a 
quadrilateral shadow in Fig. 8.13. 

Similar to the derivation of the input voltage range when building the conventional 
DPC switch table, the input voltage range of the enhanced switch table for sector 
0ı can be derived as well to control the bidirectional power flow, as shown in the 
bold-line area in Fig. 8.13. It can be seen that the voltage vector e2 when the input 
voltage is low is within the effective zone, indicating that the enhanced switch table 
can still meet the control target by generating valid pulses. Furthermore the effective 
voltage range of the wide-input-range three-level DPC is 


— Udc <E < Udc (8.19) 


l 
2/6 2/2 
which compared to Eq. (8.18) for the conventional three-level DPC widens the input 
range by 26.8%. 

The conventional DPC and the wide-input-range DPC are simulated, as shown 
in Figs. 8.14 and 8.15, respectively. The grid voltage drops from the rated value 
of 170 VAC (phase RMS) to zero within 1 s. With the conventional DPC, invalid 
pulses caused by the low input voltage emerge when the grid voltage drops to 63% 
of the rated value, revoking the control of the active power and the DC-bus voltage 
and yielding them both dropping with the grid voltage. With the wide-input-voltage 
DPC control, no invalid pulses appear even when the grid voltage drops to 40% of 
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Fig. 8.15 Simulation waveform of the enhanced three-level DPC when the grid voltage drops 


the rated value (note such number is related to operational states), with the DC-bus 
voltage and active power controllable. 

Figures 8.16 and 8.17 are the simulated steady-state operation of the conventional 
DPC and the enhanced wide-input-range DPC, respectively. Here the phase voltage 
RMS is 100 VAC, which has exceeded the range of Eq. (8.18) thereby yielding 
the conventional DPC unable to stabilize the DC-bus voltage around the command 
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Fig. 8.16 The experimental waveform of the conventional DPC with a low input voltage 
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Fig. 8.17 The experimental waveform of the wide-input-range DPC with a low input voltage 


(500 V). For the enhanced wide-input-range DPC, invalid pulses are effectively 
eliminated with the DC-bus voltage effectively controlled. 

Furthermore, the experimental grid current and its THD are compared, as shown 
in Fig. 8.18. With the enhanced wide-input-range three-level DPC, the current can be 
well controlled even when the grid voltage collapses. Its current THD is also lower 
than the conventional three-level DPC. 
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Fig. 8.18 The grid-current experimental waveform with the low input voltage 


Finally, it should be noted that “low input voltage” is related to the DC-bus voltage, 
as shown in Eqs. (8.18) and (8.19). With the rated input voltage, the enhanced three- 
level DPC yields a wider range of the DC-bus voltage. 


8.3 Active Control of Short-Timescale Pulses 


The previous analysis did not cover the interaction between power switches and 
control strategies, while in reality power-switch short-timescale transients centered 
high-precision control is critical, given the power switch is the utmost important 
device in power electronic systems. 


8.3.1 Classification of the Active Control 
for Main-Power-Circuit Electromagnetic Pulses 


At the present voltage level of power semiconductors, three manners are effective 
to increase the voltage rating of power electronic systems, i.e., transformers, multi- 
level topology and switches in series connection. The adoption of the transformer will 
significantly increase the system volume and space while the multi-level topology 
will complicate the converter structure and control. Comparably, the most direct, 
feasible and low-cost method is series connecting switches, which is equivalent to 
forming a higher-voltage-rating switch. 

IGBT series connection requires the voltage balance during the steady on/off 
states and switching transients, which are named as the steady voltage balancing 
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Fig. 8.19 The conventional dynamic voltage balancing for IGBTs in series connection 


and dynamic voltage balancing, respectively. The steady-state voltage imbalance 
is mainly caused by the diversity of the off-state leakage current, which can be 
compensated by paralleling appropriate resistors across C and E terminals of IGBTs. 
The dynamic voltage imbalance is rather complex, which could be caused by the 
parameter diversity of the IGBT, commutation loop, gate-drive circuit and gate- 
drive signal, etc. Therefore, compared to the steady voltage balancing, the dynamic 
voltage balancing is more challenging. 

The state-of-the-art voltage balancing control of IGBTs in series connection can 
be categorized as Fig. 8.19, all of which have their pros and cons and are difficult to 
meet all requirements of the voltage balancing, switch loss, balancing-circuit loss, 
switching speed and reliability. For high-voltage IGBTs (> 3300 V) in the series 
connection, the voltage and current are both high, exhibiting more critical electro- 
magnetic transients. Therefore the requirement of the voltage balancing, power loss 
and reliability is strict. Besides, the component selection for the high-voltage IGBT 
balancing circuit is more difficult and the EMI is more severe. Therefore it is also 
required for the balancing method to be more feasible and anti-disturbance. 

Regardless of the detailed voltage-imbalance mechanism of series-connected 
IGBTs, physically it always attributes to the imbalance of the energy stored inside 
IGBTs in the dynamic process. From the energy perspective, the conventional load- 
side dynamic voltage balancing control transfers the imbalanced energy stored inside 
the IGBT to the external snubber circuit and dissipates such energy into the heat 
through the lossy component. This increases no IGBT loss or switching time, but the 
loss of the voltage balancing circuit. The gate-side voltage balancing circuit mostly 
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increases the gate voltage in the switching process, prolongs the time for the IGBT 
working in the active region, and dissipates the imbalanced energy inside the IGBT. 
Thus such method yields low loss of the voltage balancing circuit, however, increases 
the IGBT switching loss and switching time. 

As a summary, most of conventional voltage balancing methods for the IGBTs in 
series connection passively transfer or dissipate the imbalanced energy, once such 
imbalanced energy emerges among IGBTs. It increases the loss of either the bal- 
ancing circuit or the IGBT, which are called passive balancing methods. Despite its 
effectiveness of balancing the voltage across IGBTs, it will create the loss imbalance 
across series connected IGBTs or the balancing circuit, resulting in the local loss 
cluster of some components and deteriorating the system reliability. 


8.3.2 The Active Control of the Main-Power-Circuit 
Electromagnetic Pulses 


From the energy perspective, an active control of the imbalanced energy among 
series-connected IGBTs can avoid the energy absorption or dissipation, which in 
addition to realizing the voltage balancing avoids both the power-loss increment of 
the balancing circuit or switches and prolonged switching time due to staying in the 
active region for extra time. Based upon this assumption along with the consideration 
of the design feasibility, EMC and reliability, a main-power-circuit pulse feedback 
based dynamic balancing control for series connected HV IGBTs was proposed, as 
shown in Fig. 8.20. The dashed arrow represents the optical-fiber communication. 
Such method comprises four parts, i.e., the steady-state balancing circuit, dynamic 
balancing circuit, gate-control balancing circuit and active balancing control algo- 
rithm. Here steady-state and dynamic balancing circuits are at the load end, L.e., 
paralleled to the C and E of IGBTs, the gate-control balancing circuit is at the gate 
side, i.e., paralleled to the C and G terminals of IGBTs, and the active balancing 
control is realized by the software embedded in the microcontroller. Such a design 
embodies interactions between switches and control. 


l. Steady-state balancing circuit. It consists of the steady-state balancing resistor 
Rgtatic, far less than the IGBT off-state equivalent resistance Roff = Ucgs/I crs 
(Ucgs is the IGBT voltage rating and /cgs is the IGBT leakage current at the 
rated voltage). This resistor helps balance the IGBT voltage in the off state. 

2. Dynamic balancing circuit, which is made of the dynamic balancing resistor and 
capacitor, 1.e., Raynamic and Cdynamic- The theory is similar to the RC snubber 
circuit, which suppresses the voltage spike and lowers the voltage imbalance in 
the switching process. As mentioned before, the RC snubber circuit is a load-side 
passive balancing circuit. The loss of the balancing circuit will be intolerable if 
series-connected IGBTs only rely on such circuit to balance the voltage. Thus 
in the real practice, the dynamic capacitance is usually set to a small value to 
lower the loss of the load-side balancing circuit thereby the loss of the whole 
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Fig. 8.20 The main-power-circuit pulse feedback based active balancing topology for IGBTs in 
series connection 


balancing circuit. This, however, makes the balancing effect very minor while 
only benefiting the current-tailing stage. Thus the dynamic voltage balancing of 
series connected HV IGBTs mainly relies on the gate-control active balancing 
circuit and the active control software. 

3. Gate-control balancing circuit, which is made of the active clamping circuit and 
the feedback circuit, as shown below: 


(1) Active clamping circuit 

As shown in Fig. 8.20, the active clamping circuit is made of transient voltage 
suppressors (TV Ss, similar to zener diodes but with much faster response) Z1—Zn 
and Z;;—Z,m, current-limiting resistor R2, anti-reversing diode D, capacitor 
Cı paralleled to Z;;—Z jm and the discharging resistor Rı. Define the overall 
breakdown voltage of Z;—Z, and Z11—Z1m as Uz; and Uz2, respectively. Since 
the HV IGBT has the gate-voltage range of —15 to 15 V while Uz; is much 
higher than +15 V, we have Ucg >> Ugg when IGBT turns off and Ucg close 
to Uz,. Furthermore Ucg = Uca + Uge © Uca. Based on the analysis above, 
the turn-off process of the HV IGBT with the active clamping circuit can be 
divided into three stages, as shown in Fig. 8.21. 


Stage 1: Uce < Uzi, when all TVS diodes in the clamping circuits are off. At 
this stage the active clamping circuit will not affect the IGBT turn-off behavior, 
with Ucg rapidly increasing; 

Stage 2: Uz, < Uce < Uz, + Uz, when Z;—Z, are broken down and Z11—Z1m 
remain off. The active clamping circuit is energized, with the IGBT collector 
injecting the current through R2, C1, Z;—Z, and D to the gate. This lifts the gate 
voltage and meanwhile charges C1, slowing down the increment of Vcg thereby 
limiting the voltage imbalance; 

Stage 3: Uce > Uz, + Uz, when all TVSs Zi—Zn and Z11—Z1m are broken 
down. The active clamping circuit continues conducting the current. The IGBT 
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Fig. 8.21 The turn-off process of the HV IGBT with the active clamping circuit 


collector injects the current through R2, Z11—Z1m, Z1—Zn and D to the gate, 
lifting the gate voltage. With the voltage drop across R2, Ucg is clamped to a 
value slightly higher than Uz; + Uz2 and will drop to the DC-bus voltage when 
entering the current-tailing stage. This effectively limits the voltage spike and 
the voltage imbalance of balancing circuits. 


As a summary, the active balancing method adopts two-stage active clamping 
circuits. When any of series connected IGBTs undertakes the voltage higher than 
Uz, the active balancing circuit will first limit its voltage increasing rate. When 
the IGBT voltage reaches Uz, + Uz2, the active balancing circuit clamps its voltage 
around Uz; + Uz2. Therefore, the active balancing circuit can effectively limit the 
voltage spike and realize the dynamic balancing. However, it is still a gate-side 
passive balancing method. At Stages 2-3, the active clamping circuit turns on, injects 
the current to the IGBT gate and increases the gate voltage. This prolongs the stay in 
the active region of the IGBT, which rapidly increases the switching loss and slows 
down the switching speed. Therefore, it is recommended for the clamping circuit 
not to conduct too long or continually conduct. On the other hand, to better reduce 
the voltage spike and voltage imbalance, a clamping circuit with a lower breakdown 
voltage is preferred, which however will creates longer conducting time and higher 
switching loss. Therefore, only relying on active balancing circuits to realize the 
dynamic voltage balancing of series connected IGBTs will create a conflict between 
the voltage balancing effect and the IGBT switching loss and speed. 


(2) Feedback circuit 
In switching transients of series connected IGBTs, the clamping circuit with 
a higher IGBT voltage will conduct for longer time. Therefore the status of 
the clamping circuit could reveal the status of its corresponding IGBT to some 
extent. If the control system could obtain the status of IGBT clamping circuits 
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and adjust the gate signal accordingly, the closed-loop control of main-power- 
circuit pulses can be realized, i.e., active balancing control, which can achieve 
the voltage balancing after several pulses. In this process, the clamping circuit 
is only activated when the modulation is needed, which avoids the long-time 
or continual conduction. No extra switching loss or time of the IGBT is added 
once the active balancing is realized. 


To realize the active balancing above, a feedback circuit is needed to sample and 
forward the status of the clamping circuit to the control system, 1.e., the feedback 
loop of the active balancing closed-loop control. Most of the active clamping circuit 
has very short conducting time, e.g., nano ~ sub-micro seconds. To secure the real- 
time signal, the feedback circuit needs to fast respond and transfer signals. Besides, 
the fidelity of the feedback signal highly impacts the performance of the closed-loop 
active balancing control and the reliability of series-connected circuits. Therefore 
a high precision is required for the feedback circuit. Lastly, the feedback circuit is 
close to the gate of the HV IGBT, the interface between strong and weak electricity 
circuits. A high EMC is required for the feedback circuit. 

As a summary, in the active balancing process, the gate-control balancing circuit 
will (1) secure the IGBT reliability before the series connected circuit reaches the 
steady state through suppressing voltage spikes over the clamping threshold, and (2) 
provide feedback signals revealing the main-power-circuit status to the active control 
software. 


4. Active balancing control algorithm 


The feedback circuit forwards signals to the control IC. A low-level signal means 
the clamping circuit is off while a high-level signal means the clamping circuit 
conducts. Thus the control IC during switching transients could sample and count 
feedback signals from the IGBT gate-control balancing circuit, 1.e., counting the 
overall conduction time of each IGBT clamping circuit. 

During switching transients, the earlier turned-on or faster switched-on IGBT 
will experience the voltage drop earlier, making other IGBTs undertake the higher 
voltage with the overall voltage across IGBTs as a constant. On the other hand, the 
later-turned-on IGBT’s clamping circuit will remain conduction for a longer time. 
If the control IC could advance its next switching-on signal for Aton, the voltage 
dynamic balancing could be realized in the next switching-on process. 

Similarly, during switching-off transients, the earlier turned-off or faster switched- 
off IGBTs will undertake a higher voltage. Accordingly, such IGBTs’ clamping 
circuits will remain conduction for a longer time in switching-off transients. If the 
control IC could delay its next switching-off signal for Afog, the voltage dynamic 
imbalance in the next switching-off process could be alleviated. 

Take two IGBTs (T; and T>) in series connection as an example. Based on active 
balancing methods proposed above, we can design the forward loop of the closed- 
loop active balancing strategy. During switching-on transients of the kth pulse, the 
control IC samples the status of gate-control circuits of Tı and T> and calculates 
the conduction time as tacı(k) and taco(k), respectively. Upon the completion of 


360 8 High-Performance Closed-Loop Control and Its Constraints 


the switching-on process, a PI controller is used to calculate the advancement of 
switching moments of Tı versus To, i.e., Afon(k + 1). 


Pon(k) = kpltaci(k) — taco(k)] 
Ton(K) = onk — 1) + kiltacı(k) — tac2(k)] (8.20) 
A ton(k + 1) = Ton(k) + Pon(k) 


Similarly, at switching-off transients of the kth pulse, the control IC samples the 
status of gate-control circuits of T; and T> and calculates the conduction time as 
taci(k) and taco(k), respectively. Upon the completion of the switching-off process, 
a PI controller is used to calculate the delay of the switching moment of T; versus 
T2, 1.e., Atoff(K + 1). 


Pore(kK) = Kpltaci(k) — taco(k)] 
Lore(K) = Lore(K — 1) + kiltacı (k) — taco(k)] (8.21) 
Atofe(k + 1) = Lope(k) + Pofe(k) 


Based upon Eqs. (8.20) and (8.21), Afon(K + 1) and Atof¢(k + 1) are calculated for 
the next-period switching moment of each IGBT. Such a closed-loop active balancing 
will effectively improve the voltage imbalance during switching-on and switching- 
off transients. 

With the active voltage balancing control, series connected HV IGBTs could 
achieve the voltage balance after several pulses. After that, with the breakdown 
threshold of the clamping circuit higher than the IGBT voltage spike, the balanced 
IGBT will not conduct its clamping circuit any more. No switching transients will be 
affected. All IGBTs will work under the natural switching loss and speed, avoiding 
the increment of the switching loss or switching time. Meanwhile the feedback signal 
is not the collector voltage but the voltage-level signal representing the on/off of the 
clamping circuit. It will remain low once the voltage balancing is achieved with no 
clamping circuit conducting any more, i.e., no further adjustment of the gate signal 
is needed. The balancing circuit can keep the present status of the voltage balancing 
for the continuous operation. 

In the modulation process of the active balancing control, some IGBTs might 
undertake higher voltage before series connected circuits reach the steady state. The 
existence of the active clamping circuit will reduce potential voltage spike during this 
modulation, securing its operation within the SOA and reliability of series voltage 
balancing circuits. Meanwhile, the conduction of the clamping circuit will alter the 
level of the feedback signal, with its pulse width representing part of the main-power- 
circuit characteristics thereby providing the reference for actively controlling IGBT 
gate signals. 
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Fig. 8.22 Experimental comparison of the passive and active balancing methods (Uac = 2 kV) 


8.3.3 Effectiveness of the Active Control Method 


The active balancing control method proposed above can be experimentally verified 
through a test bench for two HV IGBTs in series connection. Furthermore it can be 
compared with the passive balancing method. 

The gate-side passive balancing with only clamping circuits employed is com- 
pared to the active balancing control at the DC-bus voltage of 2 and 5 kV, as shown 
in Figs. 8.22 and 8.23, respectively. The subplots from the top to the bottom are Ucg, 
Uce, Ic, gate-control feedback signal Uo, turn-on loss Eon and turn-off loss E ost 
of the IGBTs, respectively. For the passive balancing control, U out is only used to 
monitor the conduction time of the clamping circuit, not for the feedback control. 

As shown in Figs. 8.22a and 8.23a, the passive balancing method can reduce 
the voltage spike and dynamic imbalance with limited effectiveness. The voltage 
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Fig. 8.23 Experimental comparison of passive and active balancing methods (Uge = 5 kV) 


imbalance worsens as the load current increases. In addition, with the passive bal- 
ancing method, significant switching-loss difference exists among IGBTs. This is 
because under the imbalanced voltage one IGBT undertakes higher voltage, causing 
its clamping circuit to conduct longer time. This IGBT then stays in the active region 
for a longer time. Therefore the passive balancing method causes the imbalance of the 
switching loss and creates the loss cluster to some IGBTs thereby prone to damaging 
switches. 

As shown in Figs. 8.22b and 8.23b, with the active balancing control, the voltage 
balance will be achieved after several pulses with much better balancing performance. 
After reaching the balanced voltage, the feedback signal Uou shows the clamping 
circuit of each IGBT gate-control unit stops conducting, with no extra switching loss 
or time added. Therefore the IGBT switching loss is balanced as well, avoiding the 
power-loss cluster on some specific IGBT thereby enhancing the system reliability. 
Before fully realizing the voltage balancing, the clamping circuit of the gate-control 
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Fig. 8.24 The voltage spike when using the active balancing method 


balancing circuit is effective to suppress the voltage spike and secure the system 
safety, as shown in Fig. 8.24, where “*” means with the gate balancing circuit and 
“** means without the gate-control balancing circuit. 

As shown in Fig. 8.24, with a DC-bus voltage of 2000 V, the clamping circuit 
in the gate-control balancing circuit reduced the voltage spike of the higher-voltage 
IGBT from 1800 to 1680 V. With a DC-bus voltage of 5000 V, the clamping circuit 
in the gate-control balancing method reduced the voltage spike of the IGBT from 
3720 to 3300 V. 

The experimental voltage imbalance and switching loss are compared between 
gate-side passive balancing and active balancing methods in Table 8.5, where two HV 
IGBTs were in series connection. It can be seen that compared to the conventional 
gate-side passive balancing method, a better balancing is achieved by the main- 
circuit pulse feedback balancing control, which in addition could balance the IGBT 
switching loss, avoid the loss clustering, effectively reduce the overall loss of series 
balancing circuits and increase the system efficiency. 

Besides, to reach the same balancing performance as the active balancing control, 
the load-side balancing for IGBTs in series connection yields the loss of 9.93 kW 
under a 5000 V DC-bus voltage, in contrast to < 200 W loss of the active balanc- 
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Table 8.5 Experimental comparison of the passive and active balancing control methods 


AU cg (KV) | Eon-r1 J) | Eon-r2 J) | Eon-T1 + Fort-T1 J) | Eoff-r2 (J) | Eoff-T1 + 
Eon-T2 (J) Eoff-T2 (J) 
Ude =2kV | 0.57 0.953 0.364 1.317 0.928 0.460 1.388 
passive 
Udc =2 kV | 0.03 0.712 0.560 1.272 0.689 0.648 1.346 
active 


Uae =S3EV | 067 4.639 2.791 7.430 3.264 1.800 5.064 
passive 

Udge =5kV 3.692 3.439 7.131 2:112 Z132 4.244 
active 


ing. Therefore compared to the conventional load-side passive balancing, the active 
balancing will greatly reduce the loss of the balancing circuit, shrink the size of the 
balancing circuit and increase the system efficiency. 


8.3.4 Integration of the Active Balancing 
with the Main-Power Circuit 


To integrate the active balancing control based on the main-power pulse feedback 
with more complex topology where HV IGBTs are in series connection, it is possible 
to use the centralized active balancing control, as shown in Fig. 8.25 where all feed- 
back signals of gate-control active balancing circuits and IGBT gate-drive signals 
need be connected with the central control unit through the gate drive circuit. Such 
design has cumbersome connectors, complex structures and poor scalability. In addi- 
tion, the centralized control unit has the control circuit distant from the main circuit, 
deteriorating the real-time performance of feedback pulses and IGBT gate-drive sig- 
nals. Such long wire connections between the main-power circuit and control circuit 
increase the system complexity as well. 

For the software design, with such centralized active balancing, all feedback and 
balancing commands need be realized within one microprocessor, with high com- 
putation load and high demand on the computation speed and resources. It is very 
difficult to meet the real-time and high-precision control within short-timescale tran- 
sients. In addition, multi-channel feedback signals and IGBT gate-drive signals are 
coupled inside one control unit. So are the short-timescale active balancing control, 
the large-timescale ADC samplings, ADC conversion, protections and communica- 
tions. Such couplings are prone to the competition and risk at the time sequence and 
logic, which lowers the system reliability. 

Therefore, the centralized active balancing has drawbacks at both the software 
and hardware design. It is difficult to be integrated with the main-power circuit, 
increases the system complexity and the demand on the resources, limits the real-time 
performance and scalability of the balancing control, and more importantly, cannot 
secure the accuracy and reliability of the time sequence and logic when applied to the 
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complex topology or multi-switch-series-connection scenarios. Scalability of sucha 
centralized active balancing control is restrained. 

To resolve conflicts above, a chain-structure active balancing circuit was proposed 
for IGBTs in series connection, as shown in Fig. 8.26 where dashed arrows represent 
the optical fiber communication. For the n-switch-series-connection case, the gate of 
each IGBT T; (i = 1 ~ n) is equipped with one active balancing module M;, which 
receives the original gate signal from Mj;_; and transmits the active clamping status 
and protections (Fg & Fo) to M;_;. At the same time, M; sends the original gate 
signal to M;,; and receives the active clamping status and protections (Fg & Fo) of 
Ta from M(j+1- 

Now we can start to design the balancing module. Similar to the gate-control 
balancing shown in Fig. 8.20, each balancing module contains the active clamping 
circuit and status feedback, responsible for suppressing the voltage spike above the 
clamping threshold during the modulation and providing the feedback signal of the 
clamping circuit, respectively. 

Different from the centralized active balancing circuit, each module is equipped 
with one microcontroller, i.e., realizing the active balancing within multiple micro- 
controllers. The module M; samples the status of the clamping circuit of T; as Fp, 
extracts the clamping-circuit status of T;,; through Fg & Fo, calculates and adjusts 
the T; gate signal based on samplings above along with the original gate signal of 
T; transmitted from M;_;, and forwards it to the gate-drive circuit. Meanwhile the 
active balancing control module M; combines the clamping-circuit status signal Fg 
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Fig. 8.26 The chain-structure topology of the active balancing for HV IGBTs in series connection 


with the protection signal from the gate-drive circuit Fo as one signal (Fg & Fo) 
and sends it to the module M;-1. 

As shown above, the chain-structure topology has limited input and output for 
each module. The active balancing control only acquires the present and adjacent 
IGBT status and only balances its related IGBT. Therefore the decoupling of the 
multi-channel feedback and control signals is a must for such a distributive balancing 
system. 

In the switching transient, the module M; samples and counts feedback signals 
Fp; and Fgi1. Here Fg = | means the clamping circuit is on, otherwise off. The 
conduction time of clamping circuits for T; and Tj;,; is counted as Ac; and Acj+1, 
respectively. Sending the subtraction of Acj+; from Ac; to a PI controller yields the 
gate-signal delay Pon or Por for T;, within the limitation of —T max and +T max 1n case 
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the over modulation or oscillation. At last, the calculated gate-signal delay is imposed 
on following switching-on/off moments. Such an active adjustment of the IGBT gate 
signal will advance the turn-on moment for those IGBTs undertaking higher voltage 
in the turn-on process, and delay the turn-off moment for those IGBTs undertaking 
higher voltage in the turn-off process, namely the dynamic balancing. The control of 
the T; gate signal is only related to the clamping-circuit status of T; and Tj; and the 
original gate signal of T;. Other parts of the circuit are irrelevant. Thus it realizes the 
decoupling of control and feedback signals, distributive control and modular design, 
which allows it to be scaled to multi-switch series connection. 

Such a chain-structure topology with the software & hardware design of the 
balancing module integrates the distributive balancing control with the IGBT 
centered main-power circuit, facilitates the timely and effective control of IGBT 
short-timescale switching transients, and secures the real-time control of the active 
balancing. From the converter control perspective, all IGBTs in series connection 
and their balancing modules can be seen as one circuitry unit, similar to one 
IGBT. The converter only forwards one gate signal to the whole IGBT string and 
receives one feedback signal from the IGBT string. Thus the converter inherits the 
original control unit without adding IO terminals. The top-level converter control 
does not overlap with the bottom-level active balancing control, which realizes the 
hierarchical design of the converter and balancing control and the decoupling of 
multi-level control processes. Such design guarantees the sufficient software and 
hardware resources for every level of control and enhances the system reliability. 
In addition, such a distributive and modular design enforces the real time and 
scalability of the active balancing control and resolves the conflict of the centralized 
active balancing control in the complex topology or multi-switch series connection. 


8.3.5 Validation of the Distributive Active Balancing 


A three-level test bench using HV IGBTs in series connection is built to verify the 
conventional gate-side passive balancing (only using the active clamping circuit) 
and the distributive active balancing, as shown in Figs. 8.27 and 8.28, respectively. 
Under the DC-bus voltage of 6 and 10 kV, experimental results of Ucg and I are 
displayed from the top to the bottom. Here each subplot represents the Ucg of T1-1 
& Tyo, T2-1 & T22, T3-1 & T3-2 and T41 & T4-2, respectively. Using the conventional 
passive balancing control yields a limited balancing capability. With the load current 
increasing, the voltage imbalance deteriorates. With the active balancing control 
integrated in the main-power circuit, all four sets of series connected IGBTs reach the 
balanced voltage after several pulses, resulting in much better balancing performance. 
Given the threshold voltage of the clamping circuit is higher than the IGBT turn- 
off peak voltage, the clamping circuit will not conduct once the balanced voltage is 
achieved. No extra switching loss or time is exhibited. 
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Table 8.6 Experimental imbalanced voltage of the passive and active balancing control on a three- 
level test bench 
T;—AU cg (kV) | T2—AUcKE(KV) | T3—AUcRE(KV) | T4a—AUcE(KV) 


Uae = 6kV 0.98 P y 1.01 
passive 


Udc =6kV 0.12 0.13 0.01 0.01 
active 

Uac = 10 kV 2.28 2.16 pe a 2.18 
passive 

Ude = 10 kV 0.16 0.18 0.03 0.04 
active 


Table 8.6 shows the imbalanced voltage of the passive and active balancing control 
on a three-level test bench, which indicates that the active balancing integrated with 
the main-power circuit can achieve better balancing effect. 

In the modulation process of the active balancing before four sets of IGBTs 
in series connection reached the balancing, the clamping circuit of each balancing 
module effectively reduced the voltage spike thereby securing the device safety, as 
shown in Table 8.7. 

Four IGBTs in series connection were tested using the conventional gate-side 
passive balancing (only using the active clamping circuit) and the active balancing 
integrated with the main-power circuit, as shown in Figs. 8.29 and 8.30 where the 
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Fig. 8.27 Experimental comparison of the passive and active balancing control on a three-level 
test bench (Uac = 6 kV) 
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Fig. 8.28 Experimental comparison of the passive and active balancing control on a three-level 
test bench (Uac = 10 kV) 


Table 8.7 The voltage-spike reduction of the IGBT during transients using the active balancing 


TA 


Uac = 6 kV 2.64 2.56 2.61 2.64 
passive 

Uac = 6 kV 2.08 2.04 PAA Be 2.08 
active 


DC-bus voltage is 4500 and 6000 V, respectively. Experimental waveforms are 
Uce, IGBT current /c, the feedback signal of the active clamping circuit (U out) 
and the IGBT turn-off loss (Eom). For the passive balancing, Uout is only used to 
monitor the conduction time of the active clamping circuit, without being sampled 
by the control IC. It can be seen clearly that the active balancing integrated with 
the main-power circuit achieved much better balancing effect than the conventional 
passive balancing. After several pulses all IGBTs in series connection undertook 
the balanced voltage. Uout shows that once the balanced voltage was realized the 
active clamping circuit did not conduct any more, with no impact on the IGBT 
switching loss and the switching time. Thus the IGBT switching loss was balanced 
as well, avoiding the potential loss cluster on one particular IGBT. Before entering 
the steady-state, the active clamping circuit effectively reduced the IGBT voltage 
spike and secured the switch safety, as shown in Fig. 8.31. 

Table 8.8 listed the experimental data of voltage imbalance and switching loss 
when using the gate-side passive balancing and active balancing control on a 
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Fig. 8.29 Experimental comparison of the passive and active balancing control for four IGBTs in 
series connection (Ude = 4.5 kV) 


Table 8.8 Experimental data of voltage imbalance and switching loss when using the gate-side 
passive balancing method and active balancing method on a four-IGBT-series test bench 


AUce (KV) — | Eore-T1 O) Eoff-T2 J) Eofi-r3 J) Eoff-T4 (J) Eoff-T1 + 


Eoff-T2 + 
jaa + 
Eoff-T4 (J) 
Udc = 4.5 kV, 0.878 0.693 0.469 0.267 2.307 
passive 
Vac = 4.5 KV, = me 0. | 16 0. | 0. ia 2.025 


active 


Uadec = 6.6 kV, “P 888 pand ai 216 -a 760 5.464 
passive 

Udc = 6.6 kV, 1.267 3 1.314 1.224 5.152 
active 


four-IGBT-series-connection test bench. It indicates that, compared to the gate-side 
passive balancing, the active balancing integrated with the main-power circuit 
realized a much better balancing effect, which further balanced the switching loss 
thereby avoiding the loss clustering, reduced the overall switching loss and increased 
the system efficiency. 
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Fig. 8.30 Experimental comparison of the passive and active balancing control for four IGBTs in 
series connection (Ug. = 6.6 kV) 
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Fig. 8.31 Suppression of the IGBT voltage spike in the modulation process when four IGBTs are 
in series connection 


In addition, the active balancing integrated with the main-power circuit has been 
tested in various topologies and working conditions, without finding any system fault 
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or switch damage. This concludes that the chain-structure balancing circuit and dis- 
tributive balancing module can secure the real-time performance of the balancing 
control in complex topology and multi-switch in series connection. Furthermore it 
saves software and hardware resources, resolves the potential conflicts caused by the 
centralized balancing control in complex topology and multi-switch in series con- 
nection, and effectively enhances the feasibility and reliability of the active balancing 
system. 


Chapter 9 
Balance of Electromagnetic Energy 
in Transients 


Energy conservation is one of most fundamental rules in physics, which is interpreted 
as the input energy of any system is equal to the sum of the energy loss, storage and 
output. For power electronic converters where the electromagnetic energy conver- 
sion is the basic need, such rule is naturally applied to the analysis and control of 
electromagnetic transients. 

As stated before, the main goal of the power electronic converter is to realize 
the effective conversion of the electromagnetic waveforms and characteristics. To 
reach the expected conversion performance, majority of power electronic converters 
adopt PWM control methods, which output the electromagnetic energy in the form 
of pulses and pulse sequences. Effective pulse or pulse sequences are basics of power 
electronic converters, the fundamental form of the transient energy transformation 
with the time constant of ns—s. Such short-timescale transients are decisive for the 
reliability of power electronic converters. On one hand they are the fundamental 
of the waveform transformation. On the other hand, without the effective control 
they will result in the device failure and the system damage. Besides, as pointed in 
Chap. 2, various time-scaled transients co-exist in the power electronic converter 
with different time constants, which form multi-level timescale transient processes. 
Regardless of the complexity of transients, all of them need comply with the energy 
conservation and no sudden energy change. 

As a multi-timescale energy conversion system, a power electronic converter 
needs balance the energy at different time constants to realize the system optimiza- 
tion. At a timescale far less than a switching period, energy imbalance in the transient 
process might cause the destructive energy local cluster. With the time constant of 
such energy conversion far less than a control period, only hardware instead of the 
software can be counted on to solve such issue, e.g., the conventional snubber cir- 
cuit and soft-switching circuits to suppress the transient energy imbalance. For any 
energy conversion with timescale larger than one control period, the control algo- 
rithm can be optimized for the energy balance. Therefore the analysis and control of 
the energy balancing is multi-timescale and multi-layer. 
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In addition, the analysis and control of power electronics is usually targeting 
the current of inductive components, such as the motor current and grid current, 
or the voltage across capacitive components, such as the DC-bus voltage. In both 
the dynamic process and steady state, the control variable needs closely follow the 
reference. From the energy perspective, the control variable can be translated as the 
transient energy in energy storage components. Therefore in the dynamic process it 
is required that the energy storage needs rapidly follow the target energy while in 
the steady state the energy needs stay around the reference. When multiple energy 
storage components or various types of control variables (voltage and current) mix 
together, the conventional voltage or current closed-loop control is hard to coordinate 
them. From the energy perspective, voltage or current control can be replaced with 
the energy control. Therefore the energy balancing control is multi-objective. 

Based on the distribution and flow of the transient energy, this chapter details 
the concept and theory of the energy balancing control. A three-level VSI PWM 
rectifier and a back-to-back four-quadrant PWM converter are taken as examples 
to present the conflict between the dynamic response and over modulation of the 
conventional outer-loop voltage control, establish the control method to balance the 
electromagnetic transient energy, and analyze the stability and robustness of such 
energy balancing control. 


9.1 Balancing and Modelling of the Electromagnetic 
Energy 


The power electronic converter essentially is an energy-conversion apparatus, which 
transforms the energy from one form to the other based upon the expectation. From 
the energy perspective, both inductor and capacitor are energy storage components, 
which can store and exchange the energy. The resistor is a lossy component, which 
consumes the energy. The power switch varies the energy flowing direction and 
form, while the ideal switch does not store or consume the energy. As a summary, 
the current and voltage in the circuit are both related to the energy, i.e., the inductor 
current is related to the magnetic energy and the capacitor voltage is related to 
the electric energy. Each component in the power electronic converter becomes an 
energy component. Voltage and current control then are translated into the energy 
control. The dynamic performance of a converter is the embodiness of the energy 
transforming process between input and output within different components. The 
stead-state performance, however, indicates the capability of electric components 
sustaining the reference energy. Therefore the analysis from the energy perspective 
reveals the internal characteristics of the converter, while the control from the energy 
point of view will enhance the conversion performance. 
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9.1.1 Balance of the Electromagnetic Transient Energy 


Based on the energy conservation, the power electronic system needs balance the 
energy at any time interval, i.e., the balance among the energy input, output, loss and 
storage. Take one control period T, as one example. The energy distribution and flow 
are shown in Fig. 9.1. The energy flow within one control period can be divided into 
four parts, i.e., loss of resistors and equivalent resistors, magnetic energy increment 
in inductive components, electric energy increment in capacitive components and 
the output to the load. Here all the energy input, output and energy storage are 
bidirectional. 

Assume m sets of inductive components, n sets of capacitive components and k 
sets of equivalent resistors exist in the converter. Based on the description of energy 
balancing above, we have 


Ein = Erni +---+ Erk 
+AW,,+---+AWim 
+AWc, +---+AWen 
+ Eout (9.1) 


Here Ein and Ey are the input and output energy of the converter within one control 
period. Ep; (i = 1~k) are the energy consumed by the equivalent resistor within one 
control period. A Wz; (i = 1~m) are the magnetic energy increment of inductive com- 
ponents within one control period. AW gc; (i = 1~n) are the electric energy increment 
of capacitive components within one control period. 
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Fig. 9.1 Energy distribution and flow of the converter 
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9.1.2 Modelling of the Transient Energy Balancing Control 


The common closed-loop control variables of power electronic converters are the 
voltage and current. All energy variables in Eq. (9.1) can be related to the voltage 
and current as below. 


Uinlia z dt (9.2) 


Uouttout * dt (9.3) 


fi T; 
ERi = | pr di = | uriini -dt 
0 0 
T; T; 
ie 
0 0 
Ls 3s 
Wii = 5 bili (9.5) 
l 
Wci = ace (9.6) 


For physical variables above, the inductor current iz; and capacitor voltage uci 
are system state variables, which are usually used as closed-loop control objectives. 
The input voltage uin, input current iin or the input power pin are control variables 
altered through switching actions. The closed-loop control needs calculate next- 
period control variables based on present state variables and control targets then 
further derive next-period switching states. Assume the transient energy balancing 
control is to reach and stay at the steady state within one control period T. The 
control equation is derived as 


E* Ry ee E* Rk 


Pin = 


I; T; 
W*ri — Wo W*Lm — Wim 
= = alae -= EE 
i is 
W*c1 — Wei W*cn — Wen 
== ee == soo == A 
T; ie 
+ Pout (9.7) 


Right-side items without stars represent actual values, which can be sampled 
through transducers. Variables with stars are reference values (steady states), part 
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of which are known control targets of the converter while others need be calculated 
based upon the balanced steady-state energy of the converter. 

When reaching the steady state, energy storage components in the power electron- 
ics converter see no energy change any more. Within one control period, the input 
energy, output energy and the dissipated energy on resistors are well balanced, i.e. 


* 


* 
E 
Pus ee =~ + Pout (9.8) 
s s 


Based upon such an energy balancing equation, those unknown target values could 
be further calculated, which are employed to calculate next-period input variables of 
the converter. Switching signals then can be generated. 


9.2 Transient Energy Balancing Based Control Strategy 


Power electronic converters need balance the energy at different time scales. For the 
time scale, 1.e., time constant, far less than a control period, the energy balancing 
relies on the hardware. For any transients with the time constant larger than a control 
period, the energy balancing depends on the software control. 


9.2.1 Conventional Voltage Control Strategies 


Take the three-level voltage-source PWM rectifier as an example with the main circuit 
topology shown in Fig. 9.2. The main circuit contains two sets of energy storage 
components, one of which is three grid-side inductors (El), the other of which is 
two DC-bus capacitors (Elz). The whole rectifier has two control objectives, i.e., DC- 
bus voltage and grid-side current/power. For a dual-closed-loop control structure, the 
outer loop controls the DC-bus voltage and calculates the input value of the inner 
loop. The inner loop is the current or power loop, controlling the grid-side current or 
the rectifier input power and generating switch gate signals through the bottom-level 
PWM control or the switch table. 

For various conventional three-level PWM control strategies, the inner loop con- 
trol is quite diverse with different pros and cons. However, the outer loop is very 
similar, i.e., employing the DC-bus reference voltage and actual feedback to provide 
the active power or current through a PI controller. From the analysis of the transient 
power flow in Sect. 9.1, it can be seen that the active power or current reference 
calculated by such a voltage-control loop only considers the energy stored in DC- 
bus capacitors (EI,). The loss caused by the grid-inductor ESR, the DC-bus output 
power, and energy stored in grid-side inductors have little influence on the active 
power and current. Therefore the conventional voltage control strategy has the error 
of the active power and current control. 
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Fig. 9.2 Three-level voltage-source PWM rectifier 


To eliminate such error brought by the DC-bus voltage control in the steady state, 
a PI controller is introduced for the voltage control, 
u(k) = u(k — 1) + ki[U}% (k) — Uac(k)] (9.9) 
Pin(k + 1) = kyl UG. (k) — Uac(k)] + u(k) | 


Such strategy counts on the integral to erase the steady-state error. However, the 
memory effect of the integral will create the over modulation during the dynamics. In 
the process of increasing the DC-bus voltage, the actual DC-bus voltage is different 
from the reference. The error between the actual and the reference is continually 
accumulated in the integral part, which gradually increases the active power and 
current. When the input power exceeds the output power and the equivalent-resistor 
loss, 1.€., Din > PRs + Pout, the energy balancing equation of Eq. (9.1) indicates that 


Ein — Ers — Eou = A Wen + AWgp > 0 (9.10) 


Excessive input energy will compensate the difference between the actual and 
reference energy inside El; and El», which amplifies related energy characteristics, 
i.e., DC-bus voltage and the grid-side current. When the energy stored in El; and El 
reaches the steady state, the input power of an ideal rectifier should immediately drop 
to Pin = Dy: + Pou to keep the three-level PWM rectifier at the targeted steady state 
(AW gy = AW ep = 0). This further keeps the DC-bus voltage around the reference 
value. However, due to the existence of the integral part of the PI controller, the input 
power and current reference only gradually reduce. So does the actual input active 
power. Before the actual active power drops to the target energy balancing state, 1.e., 
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Fig. 9.3 Simulation waveform of the conventional voltage control strategy 


Do: + ae the excessive input energy continually increases the energy stored in El], 
and El, which creates the over modulation of the DC-bus voltage. 

Enlarging the integral coefficient k; of the PI controller in Eq. (9.9) can expedite 
the dynamic process of the active power thereby dynamic response of the DC-bus 
voltage, but will at the same time worsen the memory effect of the controller thereby 
increasing the over modulation of the DC-bus voltage. On the contrary, reducing 
ki alleviates the DC-bus over modulation but slows down the dynamic response. 
Furthermore, the DC-bus voltage drop caused by a load sudden change becomes 
more obvious, as simulated in Fig. 9.3. Therefore the conventional voltage control 
in the three-level PWM rectifier brings the inevitable conflict between the dynamic 
response and the over modulation. 
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9.2.2 Control Strategy Based on the Transient Energy 
Balancing 


For a three-level PWM rectifier, based on Eq. (9.7), the transient energy balancing 
equation is derived as 


W*en — Wen + W*ep — Wen 


T, + Pout (9.11) 


* 
Pin = PRs + 


Here the instantaneous energy stored in grid-side inductors (Wg) and DC-bus 
capacitors (Wgn) can be calculated based on the sampling values as 


Eea ore eee eee 
Wer = 5 sta + 5 stb + z beste 


a aes EE. (9.12) 
— -Li ay 
7 sta 7 siB 
l 2 l 2 
WEn = 5 Cac Vac + z Cac2Vacr (9.13) 


Assume the upper and lower DC-bus voltage is identical. The reference energy 
stored in the DC-bus capacitor Woe can be calculated based on the reference DC-bus 
voltage as 


l l 
Wep = 5 Cac Uder F 5 Cac2U den 
l 
= g (Caci T Ca (9.14) 


The output power can be calculated by samplings within two consecutive control 
periods, 1.e., 


A Wg + A Wgn 


Pout = Pin E PRs 3 a= (9.15) 
Ts 


The equivalent resistive loss Pas and the reference energy stored in inductors 
Wey , in the steady state can be calculated based on the ultimate target values using 
Eq. (9.8), 1.e., 


Prs = Rig’ + ig”) 


2 
3E — /3E* — 4R; Dou 
= p ( SE the (9.16) 


2Rs 
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1 KE —./3E? —4R,p, 
ar Ea a (9.17) 
2 2R, 


œ- coordinates are utilized to calculate variables. Æ is the grid-voltage RMS 
value. Based on the calculation procedure above for the active power control, a 
transient-power balancing based control diagram for the three-level PWM rectifier 
is shown in Fig. 9.4. 

Figure 9.5 provides a head-to-head simulation comparison of the active and reac- 
tive power between the conventional voltage control with optimized PI parameters 
and the transient-energy balancing based control, when the DC-bus voltage com- 
mand is changed instantaneously. Compared to the conventional control strategy, the 
transient-energy balancing based control strategy adjusts the power more rapidly and 
accurately. The DC-bus voltage has much faster dynamic response with nearly zero 
over modulation. 

Figures 9.6 and 9.7 are the simulation and experimental comparison between 
the conventional voltage control and the transient-energy balancing based control, 
respectively, when the load power is changed abruptly. With the transient-energy 
balancing based control, the control of the active power is more rapid with the DC-bus 
voltage drop being much smaller and recovering faster. From experimental results, 
the transient-energy balancing based control strategy has 1/3 of the voltage drop as 
before, effectively stabilizing the DC-bus voltage. 
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Fig. 9.4 The control diagram of the transient energy balancing based control for the three-level 
PWM rectifier 
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Fig. 9.5 Simulation comparison when the DC-bus voltage command is changed instantaneously 
for a three-level PWM rectifier 
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Fig. 9.6 Simulation comparison when the load is suddenly changed for a three-level PWM rectifier 


9.3 Energy Balancing Control for a Back-to-Back 
Converter 


The proposed transient-energy balancing based control can be extended to much 
complex converters, such as the back-to-back converter. Voltage-source three-phase 
dual inverters combine the PWM rectifier and inverter together to realize the bidirec- 
tional energy flow. Due to its symmetry, it is often called as back-to-back converter. 
Compared to the conventional AC-DC-AC converter, i.e., diode rectifier + PWM 
inverter, it has following merits. 
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Fig. 9.7 Experimental comparison when the load is suddenly changed for a three-level PWM 
rectifier 


(1) Controllable grid-side power factor 

The PWM rectifier decouples the active and reactive power of the grid thereby 
realizing the accurate control of the power factor. To reduce the local reactive power 
and furthermore the grid transmission loss, the grid-side power factor is usually 
controlled as unity. 

(2) Low grid current harmonics 

The current control techniques of the PWM rectifier trim the grid current close 
to sinusoidal, which greatly reduces the low-order harmonics of the input current 
thereby alleviating the pollution to the grid. 

(3) Bidirectional energy flow with high efficiency 

The inverter side works at the four-quadrant mode, which can both generate and 
regenerate the energy. 

(4) Controllable DC-bus voltage and smaller capacitance 

The grid-side PWM rectifier resembles the DC-DC boost converter, making the 
DC-bus voltage higher than the peak value of the grid line-line voltage. A higher 
DC-bus voltage expedites the dynamic response of the load, adapts the system for a 
higher-voltage load thereby saving the cost and loss of an extra step-up transformer, 
and in addition reduces the DC-bus capacitance with the coordination of the rectifier 
and inverter, which stabilizes the DC-bus voltage and enhances the system reliability. 

However, the increment of the system complexity brings the more severe impact 
of non-linear factors, such as the switch time delay and PWM distortion in the main 
circuit, yielding the conventional control vulnerable especially when controlling 
multiple objectives. Such conflict can be resolved by using the energy-balancing 
control. 

For a dual-PWM.-inverter variable speed system, the energy balancing processes 
can be categorized into two types based on the time scale versus the control period, 
1.e., (1) energy balancing within one control period, and (2) energy balancing during 
the system dynamics, which takes multiple control periods. 
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The first category of the energy balancing has the switch duty cycle follows 
the control command, which controls the input and output power. Based on the 
energy conservation, the input energy of the grid within one control period is the sum 
of the output energy and the increment of the energy stored inside energy storage 
components, such as filtering inductors, DC-bus capacitors, electromagnetic field 
inside the motor and motor mechanical rotatory system. Such rule allows us to 
predict the energy distribution in the next switching period thereby selecting the 
right command. 

The second type of energy balancing processes is when large-time-constant energy 
variables reach the steady state. In this process all energy storage components gradu- 
ally approach to the target and then keep constant. The relocation speed of the energy 
determines the system dynamic performance while holding the energy inside each 
component as constant reveals the system steady-state characteristics. 


9.3.1 Energy-Balancing Model of Dual PWM Inverters 


The main-circuit topology of dual PWM inverters is shown as Fig. 9.8. To facilitate 
the analysis, the grid is assumed to be Y type. Le in the figure is the grid-side 
filtering inductor, R, is the ESR of the inductor, Cac is the DC-bus capacitor, Rac is 
the discharging resistor of the DC-bus voltage, M is the load of the induction motor, 
ea ~ €c are the grid phase voltage, ira ~ irc are the grid phase current, Ura ~ Ure are the 
equivalent phase voltage of the rectifier, uae is the DC-bus voltage, irac is the current 
flowing from the rectifier towards the inverter DC-bus, icge is the current flowing 
into the DC-bus capacitor, igrac is the current of the discharging resistor, lide 1s the 
current flowing from the DC-bus capacitor to the inverter, uj, ~ Uic are the inverter 
equivalent phase voltage, i.e., the motor phase voltage, and iia ~ iic are the inverter 
phase current, i.e., the motor phase current. Positive directions of the voltage and 
current are defined in Fig. 9.8. 


Fig. 9.8 The main circuit of dual PWM inverters 
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We need first study the energy variation within some specific periods. Based on the 
roles of components playing in the process of the energy transmission, all components 
can be categorized into three types, i.e., energy storage components (including Le 
and Cac), energy consuming components (including Rg, Rac and the induction motor) 
and energy conversion components (including the three-phase rectifier and inverter). 

With positive directions of all variables defined in Fig. 9.8, a positive energy flow 
happens when the grid provides energy to the mechanical load, while a negative 
energy flow happens when the mechanical load regenerates the energy back to the 
grid. For simplicity, we define the positive energy flow of dual PWM inverters as 
“rectifying mode” and the negative energy flow as “inverting mode”. Based on the 
transient energy-balancing model proposed in Sect. 9.2, we can illustrate the energy 
balancing relationship within a time period of T, as shown in Fig. 9.9. Here the energy 
balancing equation is 


Eg = Er + A Erg + AEcac + Ein (9.18) 


Eg is the grid input energy, Er is the energy consumed by the inductor ESR, DC- 
discharging resistor and other related lossy components, AE zŁg is the energy incre- 
ment of the inductor, AE cac is the energy increment of the DC-bus capacitor and 
Einy is the inverter output energy to the motor, including the electromagnetic-field 
energy, electromagnetic loss, mechanical loss, rotatory energy and load energy. Since 
the energy fluctuation of the system is caused by the imbalance between the system 
input and output active power, in this chapter synchronous rotatory coordinates (d-g 
coordinates) are used to mathematically formulate all energy in Eq. (9.18) as below. 
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Fig. 9.9 The energy flow of all components inside dual-PWM inverters 
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t+T 3 t+T 
E, = | (P,)at = 5 | (eaira)dt (9.19) 
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E Je as | R (i? + A p La lay (9.20) 
— = — — l l l r 
R R 9) 2 &\ “rd rq Rac 
t t 
. , a 
AE Ls = z Le (irae +7)” — ialt) + ing (t + T)” — irq(t)*) (9.21) 
l 2 2 
AEcac = 5 Cae (ae (t + T)? —Uac(t)*) (9.22) 
t+T 3 t+T 
Ein = | (Piny dt = 5 | (Uipiip + Uigiig) dt (9.23) 
t t 


In the real practice, the unity power factor of the grid usually is required, i.e., irq 
= 0. In addition, the power loss of the DC-bus discharging resistor remains nearly 
unchanged with the input power. Therefore we can merge this related loss into the 
input power Piny, regarding u7,/Rac X 0 while only counting this part of the loss in 
when calculating the inverter output power. Meanwhile to reduce the system loss 
as much as possible, the DC-discharging resistance is usually large, resulting in a 
minor discharging power. For 55 kW/380 V dual-PWM inverters, the loss of this 
DC-discharging resistor is only 52.1 W. Therefore, even if this loss calculation has 
some error, the estimation error of the output power is negligible. 


9.3.2 Analysis of the DC-Bus-Capacitor Energy Oscillation 
in Dual PWM Inverters 


Due to the existence of grid-side inductors the grid current can’t change suddenly. 
Under the normal condition the amplitude and frequency of the grid voltage are con- 
stant, yielding no sudden change of the grid input power. Meanwhile due to the motor 
leakage inductance, the output current of dual PWM inverters cannot change abruptly 
either. The inverter output voltage, however, is controlled by switches, 1.e., the sys- 
tem output voltage can be changed with the command. Therefore the system output 
power, 1.e., the input power of the induction motor can be changed instantaneously. 

The energy of the DC-bus capacitor will change as below in the dynamic process. 
Consider the fastest change of the output power, which step jumps from Po to P at 
t = tọ. In this case, the system input power, output power and the DC-bus-capacitor 
energy are illustrated in Fig. 9.10. Here Ecgcen is the overall energy stored in the 
DC-bus capacitor in the steady state and Pry is the power loss of AC equivalent 
resistors. 

Assume the system reaches the steady state before the power jump. At t = tọ the 
transient energy balancing equation of the inverter is 
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Fig. 9.10 The step response to the output power jump 


= rato) = = Reina) + Po (9.24) 

Assume P; > Pp > 0. Right after the step jump of the output power command, 

with the constant input power, the DC-bus voltage will slide given the input power is 

less than the sum of the output power and the loss. Therefore, to maintain a constant 

DC-bus voltage, the increment of the input power is must. Assume at t = t; the input 
power is equal to the sum of the output power and the loss, 1.e., 


= eaina(ti) = = Rei) + Pı (9.25) 

Based on the balancing of the transient energy, the energy stored in filtering 
inductors does not change any more given the grid AC current does not change. 
Neither does the energy in the DC-bus capacitor given the DC-bus voltage keeps 
constant after tı. Between fo and f,, the difference between the input energy and 
the consumed energy along with the energy increment in inductors is compensated 
by the DC-bus capacitor. The accumulative output energy of the DC-bus capacitor 
reaches the maximum at t = tı, which can be expressed as 


ty fi 


-r cP 
A Ecc = | [Pe — Pi]dt — Z Le (iat)? — ira (to)*) — | 5 Reia(t)*dt (9.26) 


lo to 


Here i,q(t) is the grid-side d-axis current, which is a function of time. Given the ESR 
of the filtering inductor R, is very small, and the input-current variation can be done 
within a very short period to reduce the DC-bus voltage oscillation, we can assume 
the grid current linearly increases within [fo, tı], 1.e., 
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ir S — r f 3 
ialt) = a — to) + ira(to), t € [to ti] (9.27) 


Furthermore, Eq. (9.26) is simplified as 
AEcdci = =z ut) — isa(to))|eaTı + Lg(ira(tı) + ira(to))| (9.28) 


Here Tı = tı — to, which is determined by the slew rate of the grid-current increment. 

With very small R,, the input power of the system in the steady state is approxi- 
mately proportional to the output power, i.e., when Pı > Po > 0, ira(tı) > ira(to) > O. 
Given positive values of the grid-voltage amplitude eg and inductance Lg, for any 
time interval Tı > 0, Eq. (9.28) is negative. When Pp > Pı > 0, a similar analysis 
yields i;q(to) > ira(tı) > O, i.e., for any time interval Tı > 0, Eq. (9.28) is positive. 
This means when the system energy flows from the grid to the motor, i.e., when 
dual PWM inverters are working at the rectifying mode, the instantaneous energy 
oscillation of the DC-bus capacitor cannot be controlled to zero. That being said, the 
oscillation amplitude can be reduced when T; shrinks. 

On the other hand, when Po < Pı < 0, we have ira(to) < ira(ti) < 0. Similarly 
Pı < Po < O results in ira(tı) < ira(to) < O. In this case the item of eg7, in Eq. (9.28) 
has a different sign from Le[ira(to) + tra(ti)], which allows Eq. (9.28) to be zero 
through adjusting Tı. Therefore, when the energy is flowing from the motor to the 
grid, i.e., dual PWM inverters work at the “inverting mode”, theoretically the DC-bus 
voltage can be maintained constant through controlling the input-current changing 
rate. 

At the rectifying mode, even though at t = tı the input power matches the 
consumed power, the DC-bus voltage has not reached the reference value yet, 
which requires the grid to compensate the energy gap of the DC-bus capacitor. For 
Pı > Po > 0, given the energy increment of the DC-bus capacitor within [fo, tı] 
is negative, the input current needs further increase to recover the DC-bus voltage. 
Assume the input current linearly increases for a time interval 7 before t = fo, 1.e., 
T2 = t2—t,. With small R, we can approximate the energy increment of the DC-bus 
capacitor during this time interval as 


tz l2 
Din. Hs ee cee 
A Ecac2 = | | Py — Pı |dt — z Leliai) — ira (t1)”) -| 5 Reina(t) at 


fy fi 


3 
= Z (ira(t2) — ialt) [ea T> — Leliralt2) + ira (t1))] (9.29) 


A rapid increment of the grid current during T2 can lead to eaT2 < Lelira(t2) + 
ia(tı)], resulting in Eq. (9.29) less than zero. Thus the DC-bus capacitor does not 
increase but decrease the energy stored. Such a positive feedback within this time 
interval will create a large oscillation of the DC-bus voltage and even system insta- 
bility. When Pop > P; > Q, similarly the DC-bus voltage can be further increased. 
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From Eqs. (9.28) to (9.29), the filtering inductor vary the stored energy when the 
grid current changes, which is related to the square of the input current. When the 
energy flows from the grid to the load, the input energy needs first fulfill the energy 
storage in inductors then the DC-bus capacitor. With too rapid change of the grid 
current, the inductors will absorb too much energy larger than the grid capability, 
choke part of the DC-capacitor energy, and reduce the DC-bus voltage. Similarly 
when the input current drops, without feeding energy back to the grid in time, the 
grid inductors will release part of the energy to the DC-bus capacitor, yielding an 
opposite voltage changing direction to the anticipation. 

To prevent the DC-bus voltage oscillation from being further amplified after 
t = tı, a limitation on the grid-current changing rate needs be imposed for the 
DC-bus voltage compensation. Based on the analysis above, such a limitation on the 
current changing rate within 7> is 


Cala — Leg (tra (t2) + tra(t)) > O (9.30) 


After t = tı, as long as the grid-current changing rate within any T meets 
Eq. (9.30), the energy stored in the DC-bus capacitor will keep the same trend as the 
grid current, 1.e., the maximum grid-energy oscillation happens at t = tı with the 
oscillation amplitude of AEcac1. It can be seen that not one but multiple switching 
periods are needed to balance all the energy. 


9.3.3 Energy Balancing Strategy Based on the Stepwise 
Compensation 


The conventional load-current feed-forward control is shown as Fig. 9.11, where the 
rectifier side adopts the grid voltage oriented vector control and the inverter side 
employs the rotor field oriented vector control. All controllers are PI or PID based. 
The system output power is fed forward to the active-current command to reduce the 
computation load of the DC-bus-voltage controller. 

Different from conventional feed-forward control methods, the stepwise compen- 
sation based energy balancing control is shown in Fig. 9.12. To secure the control 
performance of the induction motor drive, the control method at the inverter side is 
the same as other conventional ones, and the rectifier side still uses the grid-voltage 
oriented synchronous rotatory coordinates to decouple the active and reactive current. 
However, the outer voltage control employs the adjustable energy regulator (AER). 
Based on the energy balancing, the DC-bus capacitor energy can be regulated at two 
levels, one within one switching period and the other is within the whole system 
dynamic process. In addition, to accurately follow the current command generated 
by the outer loop, a dead-beat prediction control is used for the inner current loop, 
which secures the actual current of the next switching period to follow the command. 


1. QOuter-loop energy control 
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Fig. 9.11 The conventional load-current feed-forward control 


Based on Eq. (9.28), at the rectifying mode, a fastest pace of the input power follow- 
ing the output will minimize the DC-bus voltage oscillation. However, as shown in 
Eq. (9.29), compensating the DC-bus energy within an extremely short time interval 
will create the DC-bus voltage oscillation and even yields poor controllability. Given 
the inductor energy increment is proportional to the current changing rate and the 
current amplitude, such scenario becomes worse with the power increasing. 

Therefore the whole system energy needs be divided into two. One is the energy 
consumed by the lossy component, including the motor input power and system loss. 
This part of the energy is proportional to time and needs be supplied on time. We 
need control the input power equal to the consumed power. Since the DC-bus loss 
has been included in the input power, the control equation can be written as 


* 3 2 
Po = 5 Relea + Ping (9.31) 

The other is energy stored in storage components, mainly filtering inductors and 
the DC-bus capacitor. The related energy demand is only determined by the initial 
and final states of the system. At the same time, the rectifier input voltage is employed 
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Fig. 9.12 Stepwise compensation based energy balancing control method 


to control the input current rate, i1.e., the input power. Therefore, within transients 
the energy distribution among inductors and capacitors is determined by the physical 
model, instead of any random values. For the sake of the system stability this part of 
the energy only meets the steady-state requirements, not considering transients. The 
system input energy within some time interval is equal to this part energy, with the 
control equation as 


s OP l 
2 = z Lelia — ify) + 5 Cac (Mac — Uģi) (9.32) 


Since the grid voltage is constant, the active-current setting can reflect the energy 
control objective. Hence the setting of the grid d-axis current can be divided into 
two, 1.e., 


k tk + 
=a tt (9.33) 
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Here ee is used to compensate the first part energy and HR is used to compensate 
the second part energy in the whole dynamic process. 

The first part energy compensates the consumed energy, which is related to the 
current command as below. 


edita = — Reith, + P 9.34 
5 Cdtrat = 5 Mgerat T finv (9.34) 
2 2 

Here in order to enhance the system dynamic response, we adopt the ultimate current 
command to calculate the loss of equivalent resistors. Based on the previous analysis, 
Piny contains the loss of the DC-bus discharging resistor, 1.e., uż Rac. Two roots exist 
for the equation above. 


2 
dll =z% + (i) — 6Rg Piny 
(9.35) 


2 
x — “d ed 3 
ltd12 — IRs € ) 6 Rog Piny 


Since R, is close to zero, these two roots are both real, making i,,,, close to 
infinity. This means most of the input power is consumed by the ESR of filtering 
inductors, which is certainly unrealistic. The other root i} is close to 2 Piny/(3eq). 
a reasonable real root. The transient-energy balancing equation in the steady state is 
shown as Eq. (9.34), which means ae is the grid input current in the steady state. 

The second part energy is expected to be compensated after n control periods, 
during which the energy compensation is shown as below. 


3 | Oe : l 
oan Tir = gee (ina — işa) + 5 Cac (Wie — Ue) (9.36) 


Here T, is the system control period. 
Based on Eqs. (9.33)-(9.36), the energy regulator for the outer loop is obtained. 
Since R, is very small, such control equation is close to be 


Re eA A . 2P. 2 3 Pa l 
i g inv inv inv 2 x2 2 
ERREA Oai $ $ =a omens — + — Cde ee T 
nd ( 3ed ) 3ea © 3eqnT, È ( Bed ) a A (Mac =) 


(9.37) 


Such control method assumes the DC-bus voltage is stabilized within n control 
periods after the step power. 

It is worthwhile pointing out that the control equation above is derived at the 
system rectifying mode. Based on Eq. (9.11), ideally the current tracking time 
Tı = 0. With the same step input power, the DC-bus voltage variation should be 
the same for both the rectifying and inverting modes. Though theoretically other 
algorithms could zero out the DC-bus oscillation at the inverting mode, dual PWM 


eS) 
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inverter + induction motor mostly work at the rectifying mode. Plus the DC-bus 
capacitance is determined by the maximum energy oscillation. Therefore only reduc- 
ing the DC-bus voltage oscillation at the inverting mode does not help much for the 
component selection. At the inverting mode (Po < 0, Pı < 0) or when the system is 
switching between inverting and rectifying modes (Pp and P have different signs), 
we can still apply the same control equation. 

Besides, the output voltage contains one control-period delay. To closely follow 
the output power, we need predict the output power of next period and substitute 
it into the energy regulator for the potential compensation. At the same time the 
constant loss in the system needs be compensated to reduce the prediction error. The 
final expression is 


3 A A 2 
— = (uinivk + D tulgfig(k + 1)) + “EN (9.38) 
de 


Here u:, and ig are the inverter voltage commands calculated at the present 
period. Due to the reloading mechanism of digital signal processors, these two values 
will be implemented to the inverter in the next control period. Here iip(k + 1) and 
iig(k + 1) are the estimated stator current in the next control period, which can be 
predicted using Euler method based upon the current-loop control bandwidth. ugen 
is the rated DC-bus voltage. 


2. Deadbeat prediction control for the inner current loop 


Because the outer energy loop calculates the current command based on the accurate 
system model, the inner current loop adopts the deadbeat control to accurately follow 
the current command. The deadbeat control is an accurate method based on the 
physical model, which is very good at tracking AC variables. Therefore there is no 
need for the Park transformation during the current control but only using the two- 
phase static coordinates, i.e., œ- coordinates. A linearized control equation of the 
current loop can be derived as below based on the mathematical model of the rectifier. 


u* =e, — 8 (i* —ix) — Rein (9.39) 


Here subscripts œ and £ represent Phases a and £, respectively. i^, means the refer- 
ence current. 7A means the inverter voltage command. 

Theoretically, the grid input current can reach the reference value within one 
control period. However, the digital signal system contains one-period delay, 1.e., 
the voltage command calculated in this control period can only be implemented in 
the next control period. To accurately track the reference current, we need utilize the 
sampled current in the present period to predict the actual current in the next period, 
which can be expressed as 


I; 
ix (k + 1) — 7 (ex cmg ur (k as 1) apg Roirx) + [rx (9.40) 
S 
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Here k means the present period. The grid voltage can be treated as constant in two 
adjacent control periods. The control-delay compensation based deadbeat current 
prediction is then further derived as below. 


už = ey — (ix, — i(k +1)) — Rgirx(k + 1) (9.41) 


With such control theoretically the grid current will reach the reference value in the 
next control period. 

In addition the outer energy loop calculates the current references i,, and l under 
d-q coordinates based on the grid active and reactive power, respectively. To generate 
the unity power factor, ai = 0. Such references need be converted to i,, and ia under 
a-£ coordinates through inverse Park transform, then substituted into Eqs. (9.40) 
and (9.41). 


9.3.4 Minimization of the DC-Bus Voltage Oscillation Based 
on the Energy Balancing Control 


In the stepwise compensation based energy balancing control, the control objective 
is divided into two. i,,, is used to compensate the real-time system loss and i. 
is used to compensate the energy in storage components within n periods. Here n 
determines the control performance of the DC-bus voltage. A reasonable selection 
of n can minimize the DC-bus voltage oscillation while securing the system stability. 
We need first calculate the theoretical minimal oscillation of the DC-bus voltage. 
Secondly we can select the appropriate n to let the maximum oscillation of the DC- 
bus voltage at specific control algorithm approach the theoretical minimum. Lastly, 
we need study the difference between the maximum and minimum of the DC-bus 
voltage oscillation. 


1. The theoretical minimum oscillation of the DC-bus voltage 


Based on the previous analysis, when the power steps from Po to Pı, without con- 
sidering the system loss the theoretical minimum DC-bus energy oscillation occurs 
when the input power tracks the output power at the fastest pace. The energy is the 
function of the output power, 1.e., 


© 


(Pi — Po)Tmin y L,(P? — PÔ) 
2 3e5 


A Ecacmin = (9.42) 


Here T min is the minimum time for the current variation, which in the digital control 
system has the minimum value as one control period Ts. T min is also restrained by 
system parameters, which can be expressed as 
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Tmin = (9 43) 
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Since the rectifier input range is between positive and negative peaks of the grid 
voltage while the d-axis grid voltage is always a constant positive, the grid-current 
decrement will take much longer time than increment. 

In addition, the energy oscillation of the DC-bus capacitor AEcac has the rela- 
tionship with DC-bus voltage oscillation Aug. shown as below. 


l l 
AEcac = 5 Cac (Udo + Kügy = 5 Cac jen (9.44) 


Here Ugco is the DC-bus initial voltage. With a step power, the theoretical minimum 
variation of the DC-bus voltage is 


(Pi = Po)Tmin | La(P? — PÈ) 


9.45 
2 3e? a 
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When the DC-bus voltage oscillation is not large, the second-order item can be 
neglected, yielding the theoretical minimum oscillation of the DC-bus voltage as 


l 


(Pi — Po)Tmin mn L,(Pr — Po) 
CacUldcN 


9.46 
2 3e a 


Abin = 


Equation (9.46) indicates the minimum DC-bus voltage oscillation is determined 
by two factors. One is the speed of the input power tracking the output power, the 
other is the energy variation of AC filtering inductors. 

In the actual system the output power can continually change. Since the feed- 
forward control variable in dual PWM inverters, 1.e., the induction motor power is an 
average value calculated within one control period, the continually changing output 
power can be piecewise linearized as power steps within multiple control periods. 
The amplitude after each power step is the average power of the related period, 
which can be used to calculate the theoretical minimum value of the DC-bus voltage 
oscillation. 


2. The energy-loop design to minimize the DC-bus oscillation 


With a sudden change of the output power, to minimize the DC-bus oscillation and 
secure the rapid regulation speed, an appropriate n is needed. Firstly, in order not to 
violate preconditions of previous control equations, the DC-bus voltage should keep 
the same changing trend as the input current after n periods. An inequality can be 
derived based on Eq. (9.30) as below. 


Lg (tra (tz) T ira(tı)) 
Ca ee 


9.47 
Te, (9.47) 
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where i,q(f; ) is the grid steady-state current and /,q(f2) is the maximum current needed 
to compensate the energy of the DC-bus capacitor and grid inductors. To calculate 
the minimum n, ira(tı) and i,q(t2) can be selected as the grid ratings, 1.e., 


2Le lin 


natal iik 9.48 
> TE (9.48) 


Here /,x is the grid-side rated current of dual-PWM inverters. Ey is the rated peak 
value of the grid phase voltage. 

Secondly, when the output power is subject to an instantaneous change, after n 
control periods the DC-bus voltage should approach the setting. Assume the power 
step from Po to Pı occurs at t = to, before which the system is in the steady state. 
The DC-bus voltage uac(to) = Uac*, with the steady-state power balancing equation 
shown as Eq. (9.24). After the system reaches the steady state again, the grid current 
IS Trdg, SaMe AS ira(to) Shown in Eq. (9.25). Based on control rules in this chapter, the 
DC-bus voltage variation after n control periods when ignoring Rg is 


i D i D , 
A Eca = zedin Ts; — zLelia — ira(to)*) — PinT, 


2 
3 2 Lg (iss — ira(to)”) 
— que Lids — | Urds + -= mnt (9.49) 


With actual parameters substituted in the equation above, we can build the rela- 
tionship between n and AEcac then solve the value of n to minimize the DC-bus 
oscillation. 

Two sets of dual PWM inverters are used to demonstrate how to select n, with 
system parameters shown in Table 9.1. Substituting parameters of the 2.2 kW system 
into Eq. (9.48) results in n > 1.07. When the input power steps from 0 to +2.2 kW, 
Auge versus n is calculated by Eq. (9.49) and illustrated in Fig. 9.13. It can be seen 
the larger the value of n the closer the DC-bus voltage to the reference value. When n 
is small, the DC-bus voltage after n control periods is still distant from the reference 
value, which violates the presumption of control rules, yields a large DC-bus voltage 
oscillation and even makes the whole system unstable. On the other hand, a too large 
n will result in a long modulation time. Therefore n should be located at the turning 
point of the curve in Fig. 9.13, which in this example is 5. For 55 kW dual PWM 
inverters, we select n > 9.75 based on Eq. (9.48). When the power steps from 0 
to +55 kW, Aude versus n is calculated by Eq. (9.49) and illustrated in Fig. 9.14. 
Here n = 10. 


3. Analysis of the DC-bus voltage variation under specific control strategies 


Based on control equations and the mathematical model of the actual system, we 
can calculate the maximum DC-bus oscillation under any specific control strategy. 
Such value can be further compared with the theoretical minimum variation to verify 
settings of the outer energy loop. 
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Table 9.1 Key parameters of dual PWM inverters based motor drive systems 


Parameter 55 kW inverter 
Rated power (kW) 55 

Grid line-line voltage (V) 380 380 

Grid frequency (Hz) 50 50 


~~ 


n 
Ur 
~ 
© 


DC-bus rated voltage (V) 00 700 
Filter inductance (mH) 
Equivalent resistance (£2) 0.015 0.010 
DC-bus capacitance (WF) 110 4700 
DC-bus discharge resistance (k£2) 400 


Switching frequency (kHz) 


A (ened 
Aj > 


Nn 
P 


In the dynamic process, the system loss does not contribute much to the DC- 
bus variation. Therefore the system loss can be ignored, i.e., Rg = 0 and Rac = Ov. 
With the energy balancing control, the energy stored in the DC-bus capacitor can 
be calculated by the end of each control period based on energy outer-loop control 
equations and the system energy balancing equation. Assume the output power step 
occurs at t = fg, when the power jumps from Po to P;. The DC-bus capacitor energy 
within each period after the power step is 


ee 
Ecac(t + Ts) = Ecac(t) + gedal) + ialt + T;))Ts 


si (ialt + T — iga(t)”) — PIT: (9.50) 
4 g\'rd S rd l £s . 


At the initial moment fo, Ecac(to) = ECaen and ira(to) = 2Po/(3eq). Here Ecden iS 
the energy stored in the capacitor at the rated DC-bus voltage. 

Since the control strategy has already compensated the one-period delay, the next- 
period grid current values are calculated references within the present period based 
on Eq. (9.37), i.e., 


Fig. 9.13 DC-bus voltage 0.5 
variation versus n at the step 


power of a 2.2 kW system 


x Output power steps from 0 to -2.2kW 
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Voltage fluctuation/V 
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Fig. 9.14 DC-bus voltage 
variation versus n at the step 
power of a55 kW system 


Voltage fluctuation/V 
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(9.51) 


However, due to the limitation of the grid inductor, grid voltage and DC-bus 
voltage, the grid current can only change at its fastest pace even when the reference 
current has a big step. The next-period grid current is 


AAT T; i 
lra(t + Ts) = oe + Id (t) (9.52) 
g 


Thus the recurrence formula between the DC-bus capacitor energy and the input 
current can be derived. Meanwhile, the relationship between the energy variation 
of the DC-bus capacitor and the DC-bus voltage change can be obtained through 
Eq. (9.44). When the DC-bus voltage change is small, the second-order item of Auge 
can be ignored. Together with Eqs. (9.50) and (9.51) the recurrence formula on the 
oscillation amplitude of the DC-bus voltage is 


Auac(t + Ts) = Atac (t) 


> ea(ina(t) tiat + T= Leliai +T) — ia) — PrT 
Zeat ) + tra(t + Ts)) Ls — 4 e(ira( + Is)” — lra(t) )- l | 
(9.53) 
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ira (t + Ts) — (9.54) 


Here Augce(to) = O and ira(to) = 2P9/(3eq). Limited by actual system parameters, 
ialt + T;) should be one of two values shown in Eq. (9.54) closer to i,q(t). When the 
change of the output power is large, the limitation of ae needs be considered as well. 
Through the iteration, the discrete maximum value of the DC-bus voltage oscillation 
can be derived based on the energy-balancing control algorithm. With a shorter 
control period, the actual maximum energy oscillation of the DC-bus capacitor is 
similar to this value. Note the maximum DC-bus oscillation refers to the maximum 
change compared to the steady-state value. When the output power rapidly increases 
Auge Will be negative. 
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Table 9.2 Comparison of the DC-bus voltage variation 


Rated Output power (kW) 
power(kW) 


Theoretical minimum Maximum values of the 
values of DC-bus DC-bus voltage 

voltage oscillation (V) oscillation by the energy 
balancing control (V) 


a CEE 53 
55 55 


In addition, Eq. (9.19) indicates that the expected energy compensation within 
one control period is 1/n of the overall needed energy. When Pı > Po, 1.e., the 
input power exceeds the output power, the needed extra energy reduces, yielding the 
reduction of both the grid current and grid-inductor energy. Meanwhile the DC-bus 
energy increases, and vice versa. Therefore the maximum DC-bus energy oscillation 
must happen around this moment. With the input current tracking references, 1~2 
iterations are sufficient to calculate the maximum variation of the DC-bus voltage. 

Back to 2.2 kW and 55 kW dual PWM inverters, their theoretical maximum 
values of the DC-bus voltage oscillation calculated by the energy balancing control 
method are compared to the theoretical minimum values in Table 9.2. It can be seen 
that in the 2.2 kW system, these two values are very close to each other, while in 
the 55 kW system there is some gap. This is because in the high-power system the 
power stepping to the rated value yields a large grid current, i.e., a large ira(t2) + 
ira(tı). These two systems have the same grid voltage while the grid-side inductance 
does not proportionally reduce with the power rating. Therefore the high-power 
system needs longer energy-restoring time to regulate the DC-bus voltage towards 
the right direction, i.e., a large T2. On the other hand, to secure the dynamic response 
and implement the compensation of the loss-estimation error, the system energy- 
restoring time cannot be too long, i.e., n cannot be too big. Therefore the high-power 
system design requires the maximum oscillation of the DC-bus voltage to be slightly 
higher than the theoretical minimum thereby shortening the system regulation time. 
When the output power suddenly drops, the rectifier input voltage is limited by 
the DC-bus voltage, yielding a small current decreasing rate. This results in that 
the theoretical minimum value of the DC-bus voltage variation is higher than that 
under the power-increasing scenario. Therefore in the high-power system, increasing 
the DC-bus voltage and reducing the filtering inductance help enhance the system 
dynamic response. 

Overall the energy balancing control can restrain the DC-bus voltage oscillation 
close to the theoretical minimum value. This validates such control strategy fully 
utilizes the system hardware performance to minimize the DC-bus variation. From 
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another perspective, a limited DC-bus variation Aug, reduces the DC-bus capacitance 
to minimum, as shown below. 


| (Pi — Po)Tmin i L,(Pr = B) 


— 9.55 
UdcN Â Udc 2 3e tas 


C dentin = 


9.4 Analysis of Energy Balancing Control 


9.4.1 Small-Signal Model of the Control System 


Due to the existence of nonlinear elements in the transient energy balancing control, 
a small-signal model is needed to analyze the system stability and robustness. Firstly 
all state variables are divided into steady-state operational points (large signals) and 
small errors (small signals), as formulated below. 


ea = Eqt& (9.56) 
ia = Ira + ira (9.57) 
Ura = Usa + thea (9.58) 
Ude = U dc + thac (9.59) 
Pa = Pin + inv (9.60) 


Here Ez fa, U4. U a and Piw represent related variables of steady-state oper- 
ational points. ĉq, lea, Urds Aae and Diny are corresponding small signals. For the 
convenience of analysis, the system mathematical model and control equations can 
be transformed into d-q coordinates based on the grid-voltage vector orientation. 
Given the reactive power is controlled as zero and the d-axis current control is iden- 
tical to the q-axis current control, for the analysis below we only consider the d-axis 
component. Besides, the grid voltage can be treated as constant, i.e., @y = 0. 

Substituting Eqs. (9.56)—(9.60) to d-q coordinates based differential Eqs. (9.61) 
and (9.18) of dual PWM motor drive systems yields 


di;a 


A E E PER E T AY (9.61) 
T g'rd g'rq * “q rq 
Ca dude — i, — 8 + z> (Uria +U 1 ) 
Cv dt c Rac Duge rAr rq’rq 


Accordingly state-variable equations of the d-axis current and the DC-bus voltage 
are 
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d(Tra + int) = 7 sre a 
L——— = —Ry (Tea + ira) + OL ging + Ea — (Ua + ea) (9.62) 
l ae A ~ = E es = d(Tea + int) 
5 Ea (Tra + ina) = Rg (Tea + ia) + 51 (Tu + ig) —_— 
= 2 
l d(U ac + üa — g 
F gee + (Pins T Piv) (9.63) 


Given the grid g-axis current is always zero while the large-signal model meets 
the energy balancing in the steady state, 1.e., 


Eq — Ua = Rel ra (9.64) 
i PE a 3- 
5 Eala =F 5 Rela (9.65) 


The system small-signal state equations are 


di, E a 
Lg a = —Rolra — Ura (9.66) 
3 ~ — ~ 3 ry) 3 — ~ ding = ie diac a 
5 Patra = 3 Rol raira + z Pelia + -Lg(Tm + ha) + Cac (U ac + lite) + Dinv 


(9.67) 


With the z-transform of Eqs. (9.66) and (9.67) and overlooking the second-order 
item of small signals for further linearization of the system model, the z-domain 
discrete state equations is 


ira = Gi(Z) ira (9.68) 
lide = Gac(Z)ira — Gp(Z) Pin (9.69) 


Here Gj(Z), Gac(z) and —Gp(z) are discrete small-signal transfer functions of the 
grid d-axis current over the rectifier d-axis voltage, the DC-bus voltage over the grid 
d-axis current, and the DC-bus voltage over the rectifier output power, respectively, 
as formulated below. 


Gi(Z) = SNe (9.70) 
7 Z— 1) + Rg 
Ga) = | Et Pa | ety e D 
CacUac(z — 1) L4 jie T, a 
(9.71) 
G= sch Sadi (9.72) 


2CacU a(z — 1) 
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Substituting Eqs. (9.56)—(9.60) into (9.41) and (9.37) with the d-q transformation 
results in system control equations as below. 


Ls 
Reia a RT, 
-|2 Re (Tia + ia) — eee (U k-je k-1)) 
Lg Lg 
(9.73) 
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2 — ar 
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i Pin +25; ee 
+ = lA = (Tea + ica) 
2E ant, 3K gq 


Ci 7 
bo (a i) - - (Tac + ta) | (9.74) 


3EqnT, 


Here C - des i; and Re are estimated values of Cac, Lo and Re in the control system. 


ZS 


Pin and oa are calculated values of the output power. Similarly, large signals meet 
the energy balancing in steady states, with the system reference operating points the 
same as actual working points. Given the system equivalent resistance is small, we 
have 


(9.75) 


In addition, to linearize the system model we can ignore second-order items of 
small signals, which generates the small-signal model based control equations as 


= re oe ee Lo (x ~ RoTs\ A x 
* gis eo : gis ; 
o 


A S 9S (9.76) 
x 4Rol-qP; 2P. Lol 2P.: x 2C4.U. “ 
= g rd uv o eiw a rd “inv __ i; 4 “<de™ de (a5. 3 fac) 

3Eq 3Eq EqnTs 3Eq 3E qnTs 


Furthermore, we can implement z-transform to Eq. (9.76). Since the system 
switching frequency is multiple kHz, equivalent resistance is ~mQ2 and the filter- 
ing inductance is ~mH, we have RoT; / 2 <_ 1, which allows us to further simplify 
Eq. (9.76) thereby getting z-domain discrete control equations as 


ü% = Gi (z)ix, — Gio(Z)ira (9.77) 


9.4 Analysis of Energy Balancing Control 403 


e = Gaci (z) (a3. = fac) — Gac2(Z)ira = G ac3 (2) Pinv (9.78) 


Here Gi; (z), —Gi2(Z), Gacı (Z), —Gac2(Z) and Gac3(z) are discrete small-signal transfer 
functions of the rectifier d-axis voltage over the d-axis current, the rectifier d-axis 
reference voltage over the d-axis sampled current, the grid d-axis reference current 
over the error between the DC-bus reference and actual voltage, the grid d-axis refer- 
ence current over the d-axis actual current, and the grid d-axis reference current over 
the estimated power of the inverter, respectively. All functions above are formulated 
as below. 


Gi (z) = Le (9.79) 
il(<) = G 4 DT, : 
G (z) = : Le ah (9.80) 
ee ad jj s 
NST 
titz) 3E an. (9.81) 
Ea 
Gacn(z) = == (9.82) 
an Ts 
2 LF 2RonTT 
oa Ca A SS aha aai (9.83) 
3EgnT, Eg Ea 


The closed-loop small-signal model with the energy balancing control can be built 
as Fig. 9.15, based on Eqs. (9.68), (9.77) & (9.78). z~! means the output voltage 
reference of the rectifier has a one-control-period delay. Gpre(z) is the open-loop 
transfer function of the output power prediction. Since the predicted output power 
for the next control period is used in the control system, Gpre(z) is formulated as 


G pre (Z) =% (9.84) 


H; (z) is the closed-loop transfer function of the inner current loop, which is 


Gi(z)Gi 
Hi = (Z)Gi1 (2) 


— Meri Se 85 
Z + Gi(Z)Gi2(Z) or 


9.4.2 System Stability Analysis 


To analyze the impact of parameters on the system stability, the characteristic equa- 
tion of the closed-loop system can be derived based on Fig. 9.15, i.e., 
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Fig. 9.15 The system small-signal model based on the energy balancing control 
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Furthermore zeros and poles can be derived. For the 2.2 kW system, the switching 
frequency is 6.4 kHz. Assume the system is running with the rated power at the 
rectifying mode. Based on Sect. 9.3, n = 5 is selected. The distribution of poles is 
given in Fig. 9.16, where the ESR of the filtering inductor is changed from 0 to 10 
times of the actual value. It can be seen that with a small R., the pole distribution 
is nearly unchanged even when the estimated R, varies in a wide range. The root 
locus with the AC inductance and DC-bus capacitance is given in Fig. 9.17 and 9.18, 
respectively. With observed values increasing, the trend of poles is marked with 
arrows. 0.2L, < Ly < 1.7 Lẹ or 0.2C4e < Cac < 2C ac result in all poles locate inside 
the circle, indicating the energy balancing control enhances the system robustness. 

The impact of the n value on the system stability is analyzed below. When n 
increases from | to 40, the system root locus is shown in Fig. 9.19. It can be seen that 
when n = | the system root is outside the unity circle, i.e., system loses the stability 
when using the fastest pace to compensate the capacitor energy. With n increasing 
the stability margin is reinforced. For n > 5, damping coefficients of system poles 
are close to each other. When n = 2, the system root locus is shown in Figs. 9.20 and 
9.21, when estimated values of the AC inductance and the DC capacitance increase, 
respectively. Compared to Figs. 9.17 and 9.18, the system robustness is significantly 
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Fig. 9.17 z-domain root 
locus when n = 5, 0.2L, 
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Fig. 9.18 z-domain root 
locus when n = 5, 0.2C4c 
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weakened. When the estimated inductance is above 1.6 times of the actual value 
and the estimated capacitance is beyond 1.5 times of the actual value, some poles 
are located outside the unity circle already, i.e., the system is not stable any more. 
Therefore appropriately prolonging the time to compensate the capacitor energy 


helps enhance the system robustness. 


In addition, to study the impact of steady-state operating points on the small-signal 
model, Fig. 9.22 shows the root locus when n = 5 and steady-state working points 
shift from negative twice of the rated power (inverting mode) to positive twice of the 
rated power (rectifying mode). It can be seen that the steady-state operating points 
nearly have no impact on the pole distribution. Given a larger gap between the large- 
signal and small-signal absolute values means a more accurate small-signal model, 
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we select the rated-power point as the steady-state operating point in the dynamic 
analysis below. 


9.4.3 Analysis of the System Dynamic Performance 


Assume the ultimate goal of the control strategy is to minimize the DC-bus voltage 
oscillation when the output power changes suddenly. In Fig. 9.15, 74, = 0. Then the 
discrete closed-loop transfer function of the DC-bus voltage over the system output 
power is 
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bal oe (9.87) 
Pinv 1 + Hi(z)Gac2(2) + Gac(Z) Hi(Z) Gaci (Z) 


Based on Eq. (9.87), the amplitude-frequency response of the DC-bus voltage 
over the system output is shown in Fig. 9.23, when n = 2, 5, 10, respectively. With 
n decreasing, the system low-frequency gain gradually reduces. However, when n is 
too small, e.g., 2, some spike emerges in the high-frequency domain. Compared to 
the conventional load-current feed-forward control, the system gain in the medium- 
frequency range, which is also the area with the maximum gain, drops significantly. 
When n = 5 and estimated values of the DC-bus capacitance and the filtering induc- 
tance are +20% off, the amplitude-frequency response of the DC-bus voltage over 
the system output power is shown in Fig. 9.24. It can be seen that even with +20% 
estimation error, the system gain is nearly the same as that under the accurate esti- 
mation, indicating strong robustness of the energy balancing control. With different 
switching frequencies and n, the amplitude-frequency response of the DC-bus volt- 
age over the system output power is shown in Fig. 9.25. Tuning the value of n at 
higher switching frequency can yield better control performance. 

Besides, in order to analyze the capability of the actual DC-bus voltage tracking 
the reference, the discrete closed-loop transfer function of the actual DC-bus voltage 
over the reference value can be derived as below, based on Fig. 9.15 when the output 


power is constant, 1.e., Piny = Piny = 0. 
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With Eq. (9.88) the amplitude-frequency response of the actual DC-bus voltage 
over the reference value is shown in Fig. 9.26. Here n = 5 and the estimated DC-bus 
capacitance and the AC filtering inductance are +20% off. The gain of the conven- 
tional control at the turning point is greater than 0 dB, indicating the over modulation 
with the step input. Meanwhile the system tends to amplify sampling errors within 
such frequency range, resulting in larger harmonics. For the energy balancing control, 
the gain at the low-frequency range is less than O dB without amplifying errors. Its 
control bandwidth is wider than the conventional control, indicating a faster tracking 
speed to the DC-bus reference than the conventional control. 


9.4.4 Analysis of the System Static Error 


The static error of the DC-bus voltage of dual PWM inverters can be derived based 
on Fig. 9.23, 1.e., 


9.4 Analysis of Energy Balancing Control 409 
ess = lim (ij, (kTs) — tac(kTs)) 
k—+oo 


= lim[(1 — 2!) (#4) — ña (2))] 


R = nT; Lla 5 = 
= lim (1 =e ) So A A (Pin = Pinv) (9.89) 
z—> | CacUde EaCacU ac 


To simplify the analysis, the ESR of the inductor Rẹ has been ignored. Through 
Eq. (9.89), with an accurately estimated output power, no static error exists. With 
the power estimation error as a step function, 1.e., 


e a rd 
Pinv — Piny = 7 iow (9.90) 


The static error of the DC-bus voltage will be 


T, L.T 
EEN PE a A (9.91) 
CacUdce EaCacU ac 


Thus the system static error is proportional to the accuracy of the predicted power 
and meanwhile related to estimated system parameters, static working point, switch- 
ing frequency and value of n. Assume 2.2 kW dual PWM inverters are working at the 
rated point with the predicted power having 10% error. This results in the DC-bus 
voltage measurement has 2.47 V error. Therefore it is necessary to precisely estimate 
the system loss to further reduce the static error of the DC-bus voltage. 


9.4.5 Simulation and Experimental Analysis 


The system simulation and experiments were finished on the same 2.2 kW dual PWM 
inverters. To further verify the scalability of the proposed control, same experiments 
were repeated ina55 kW system. Main parameters of inverters and motors are shown 
in Table 9.1. 


1. Simulation analysis 


In the 2.2 kW system, to effectively test both the steady state and dynamic response, 
the control bandwidth for the conventional load-current feed-forward control is set as 
400 Hz for the current loop and 20 Hz for the voltage loop. With the energy balancing 
control when n = 5, the simulated steady-state waveforms are shown in Fig. 9.27. 
It can be seen that when the q-axis reference current is 0, the grid current is aligned 
with the voltage, i.e., the power factor is 1 with the current THD of 3.33%. Under the 
conventional control strategy, the grid current THD is 3.36%, indicating the energy 
balancing control is quite similar to the conventional control in the steady state. 
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Figure 9.28 shows simulation waveforms of the conventional control and the 
energy balancing control when the motor runs at no load and the speed steps from 
1200 to 1500 r/min. Since the inverter side employs the same control algorithm, the 
motor speed with these two different controls is the same, as shown in Fig. 9.28a. 
With the energy balancing control, when the system output power, i.e., input power 
of the induction motor changes suddenly, the system input power can rapidly follow 
the output power, as shown in Fig. 9.28c. After that, a relatively small power is used 
to compensate the energy in the DC-bus capacitor to effectively reduce the DC-bus 
oscillation. The comparison of the DC-bus voltage is shown in Fig. 9.28b. Besides, 
the system output power ramps from 0 to 4 kW, which in theory yields the minimum 
DC-bus oscillation of 8.0 V. As shown in Fig. 9.28b, at t = 0.5 s the DC-bus voltage 
under the energy balancing control dropped ~8.0 V, close to the theoretical value. 
When running at the rated speed, the motor changed its torque from the positive rated 
value (in the motor mode) to the negative rated value (in the generator mode) at t 
= 0.55 s and switched back to the positive rated torque at t = 0.58 s. The related 
simulation waveforms are shown in Fig. 9.29. Similar to the scenario where the 
motor speed suddenly changed, the DC-bus voltage oscillation can be effectively 
suppressed as well through the energy balancing control. 

After the DC-bus capacitance is changed to 45 pF, under the same test condition 
as Fig. 9.28, the dynamic response of the DC-bus voltage under the energy balancing 
control algorithm is simulated as Fig. 9.30, where the DC-bus voltage oscillation 
is the same as the conventional control with 110 pF DC-bus capacitance. Thus the 
energy balancing control can reduce the DC-bus capacitance by ~60%. 

With the same simulation condition as Fig. 9.29, the system robustness based on 
the energy balancing control can be analyzed. Shown in Table 9.3 are the grid-current 
THD at the rated current and the DC-bus maximum oscillation when the output 
power switches between the positive and negative rated values. Here the estimated 
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Fig. 9.28 Simulated dynamic process when the motor was given a step-speed command 


Table 9.3 Simulated energy balancing control when estimated values are inaccurate 


Cie A Grid current THD (%) DC-bus maximum oscillation 


inductance and capacitance are +20% off. Even so the control performance is nearly 
unaffected. 

To further analyze the DC-bus-voltage tracking performance, Fig. 9.31 exhibits 
the simulation comparison between these two control algorithms when the DC- 
bus voltage has a step reference. Compared to the conventional control, the energy 
balancing control has much faster dynamic response with nearly no over modulation 
of the DC-bus voltage. 

To compare the DC-bus oscillation caused by the sudden change of the output 
power and the grid-voltage asymmetry, respectively, we let one phase voltage drop 
by 30%. The simulated waveform under the energy balancing control is shown in 
Fig. 9.32, with the same simulation condition as Fig. 9.29. It can be seen that there is 
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Fig. 9.29 Simulated dynamic process when the motor was given a step-torque command 
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Fig. 9.31 Simulated dynamic process when the DC-bus reference voltage is a step function 


some 100 Hz component in the DC-bus voltage, caused by the grid-voltage negative- 
sequence component. The amplitude of such oscillation is +2 V, far less than the 


DC-bus vibration caused by the step power. 
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2. Experimental results 


The same control strategy was adopted in experiments as the simulation for the 
2.2 kW dual-PWM-inverter setup. The dynamic response of both the conventional 
control and the energy balancing control is shown in Fig. 9.33, when the speed 
command of a fully loaded motor jumped from 1200 to 1500 r/min. Similar to the 
simulation result, the speed waveform is the same for two control strategies, as 
shown in Fig. 9.33a. Both have the steady-state power factor equal to 1, as shown in 
Fig. 9.33b. In the dynamic process the energy balancing control effectively reduced 
the DC-bus voltage variation. When the motor torque stepped from the rated to 0O 
at the rated speed, experimental results of two control algorithms were shown in 
Fig. 9.34, indicating the effective suppression of the DC-bus voltage variation by the 
energy balancing control. In addition, as shown in Fig. 9.34a, with a sudden drop of 
the load, the inverter output power began to drop, lasting for 20 ms. The static power 
before power dropping is 2.64 kW and the minimum power is —0.44 kW, which can 
be used to further calculate the minimum DC-bus oscillation, 1.e., 4.8 V. As shown 
in Fig. 9.34c, the actual DC-bus oscillation was 4.9 V, aligned with the theoretical 
calculation. 

For a 55 kW system, n = 10 based on the analysis of Sect. 9.3. Experimental results 
of the conventional control and the energy balancing control were given in Fig. 9.35, 
when the system was running at the full power while the DC-bus voltage reference 
jumped from 700 to 650 V. Similar to simulation results, the DC-bus voltage can 
quickly track the reference value when using the energy balancing control, without 
any over modulation in the dynamic process. 

At the rated torque when the motor speed reference stepped from 1200 to 
1500 r/min, the system dynamic output power is shown in Fig. 9.36. Under the 
conventional control and the energy balancing control, the dynamic DC-bus voltage 
and the grid current are shown in Fig. 9.37, with all results summarized as Table 9.4. 
The energy balancing control effectively suppressed the DC-bus voltage variation to 
13.9 V. Besides, it can be seen in Fig. 9.36 that the DC-bus theoretical minimum vari- 
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ation is 12.1 V when the system output power stepped from 42.0 to 81.5 kW, which 
is 1.8 V less than the actual maximum variation. Such difference mainly attributes 
to errors of the loss estimation and ADC sampling. 

The distribution and flow of the transient energy in power electronic converters 
comply with no instantaneous energy change and energy conservation, which is the 
foundation of the energy balancing control. The implementation of such control 
strategy can be summarized as: based on the distribution, flow and balance of the 
transient energy in the converter tracking the steady-state energy associated to control 
objectives in the fastest pace with the secured system reliability. 
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Fig. 9.34 Experimental results of a 2.2 kW system when the motor torque reference has a step 
command 
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Fig. 9.35 Experimental results of a 55 kW system when the DC-bus voltage reference has a step 
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Fig. 9.36 Experimental dynamic process of the output power in a 55 kW system 
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Fig. 9.37 Experimental results of a 55 kW system when the motor speed reference has a step 
command 


The equation of the energy balancing control was derived from the balance of 
the transient energy in the power electronic converter, which is related to the input 
energy, output energy, loss and energy storage increment. Each item has a clear 
physical meaning. When applying the energy balancing control in a multi-control- 
objective power electronics converter, we need convert current and voltage related 
variables into the transient energy stored in the inductor and capacitor, respectively, 
relate all elements through energy balancing thereby considering the relationship 
among all control variables together. Since the control equation of the energy bal- 
ancing was strictly derived through the transient energy with the energy flow and 
distribution of all related variables taken into account, it is expected for such control 
to have a high accuracy. Given the target is to control the converter energy to reach 
the steady state as soon as possible, only states of the present and previous control 
periods are involved, avoiding the memory effect of the conventional control thereby 
yielding the fast dynamic response. With all energy storage components approaching 
the energy steady state, control variables will be updated quickly by the energy bal- 
ancing control, which stops the further energy exchange among components thereby 
eliminating the potential over modulation. 

The energy balancing control in the power electronic converter needs adjust the 
mathematical model, parameter selection, control objectives and control algorithms 
based upon the timescale of the transient energy. With the energy balancing model and 
control targets varying with transient timescales, we can find the relationship among 
all energy balancing models to realize the full-time-domain full-system calculation, 
analysis and control. 


Chapter 10 
Applications of Transient Analysis 
in Power Converters 


The analysis methods of electromagnetic transients have been widely used, especially 
in high-power and high-performance power electronics converters. This chapter will 
emphasize the application of transient analysis in series connected HV IGBTs with 
dynamic balancing circuit and SiC device based power amplifiers. 


10.1 Electromagnetic Transient Analysis in Series 
Connected HV IGBTs Based Converter 


Series connecting LV-rating switches can yield HV switching modules-based high- 
power converters, which effectively overcomes the limitation of switching voltage 
ratings. Such technology is found very promising in HV converters, but it is restrained 
by the voltage imbalance across switches during the switching transients. Previous 
chapters adopted the closed-loop active balancing control to improve the performance 
of series connected switches, while this chapter will focus on transient processes and 
characteristics of HV IGBTs in series connection. 


10.1.1 The Transient Mechanism Model of HV IGBTs 
in Series Connection 


1. Voltage imbalance in the current tailing process 


Two IGBTs in series connection are shown in Fig. 10.1, where each IGBT package 
is made of one IGBT module and its accessory circuit. The accessory circuit is for 
the snubber and voltage balancing of the IGBT, which is tightly connected to the 
IGBT module through bus bars. 
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Fig. 10.2 Simulation of the turn-off process of series connected IGBTs using the conventional 
model 


The transient analysis of switches in series connection is highly related to the 
connection between components. Certain applicability exists for the device model. 
For example, when the conventional IGBT model is directly used in series connected 
IGBTs, simulated and experimental switching-off transients are shown in Fig. 10.2. 
The experimental waveform was measured at certain DC-bus voltage. The accessory 
circuit contains the steady balancing resistor and the RC snubber circuit. The voltage 
imbalance was caused by longer turn-off delay of Tz than Tı. In the current falling 
process before the tailing stage, simulation results are well aligned with the experi- 
ment, accurately revealing the voltage imbalance. Once in the current tailing stage, 
simulation results exhibited obvious errors. 

The experimental waveform indicated that the voltage Ucg in the current tail- 
ing stage could be divided into two parts, the first of which had enlarged voltage 
imbalance, where AUcr(Ucg,; — Ucr2) increased and could even reach the whole 
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DC-bus voltage in the worst case. The second part had the voltage imbalance gradu- 
ally weakened. The simulation results, however, showed that the voltage imbalance 
at the current tailing stage was always attenuating. The voltage spike at the current 
tailing stage could potentially breakdown the IGBT when the DC-bus voltage was 
high, which could further cause system damages. Therefore, it will be rewarding 
to design a model of series connected HV IGBTs that accurately describes voltage 
distribution in the whole process. 


2. Influential factors of the voltage imbalance during the current tailing stage 


It is very difficult to determine influential factors of the voltage imbalance at the cur- 
rent tailing stage through direct measurement. Firstly, the HV IGBT converters have 
very compact assembly, which cannot fit probes to directly measure most of vari- 
ables. Secondly, high-bandwidth wide-range current probes provide poor accuracy 
for the small current measurement, and thus cannot accurately measure the tailing 
current. Thirdly, some inner variables of the IGBT, such as the carrier distribution in 
the base, are inaccessible due to missing appropriate equipment. Therefore, in ana- 
lyzing transient processes, those influential factors, especially main impact factors 
of the voltage imbalance in the current tailing stage, need be comprehended. The 
influential factors can be categorized into two types. One is external factors, mainly 
the stray inductance inside the package. The other is IGBT itself, mainly the voltage 
imbalance at the current falling stage, which further causes a different tailing current. 

The equivalent circuit of the IGBT package with the internal stray inductance is 
shown in Fig. 10.3, which includes the stray inductance of the IGBT modules Lce, 
stray inductance of the steady balancing resistor Lgs, and stray inductance of the RC 
snubber circuit Lyc. The LCR bridge or the partial element equivalent circuit (PEEC) 
method can be used to approximate the stray inductance. 

In general, the module and accessory circuit are connected through compact bus 
bars, resulting in the small stray inductance Lge (less than 100 nH) and even smaller 
Lgs and Leg (less than 50 nH). Simulation results of w/n stray inductance in the 
current tailing stage are given in Fig. 10.4. We can see that the stray inductance at 
the current tailing stage does not affect much thereby not being considered as the 
main contributor to the voltage imbalance. 
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In the current tailing process the IGBT can be treated as a parallel circuit made of 
the junction capacitor Casj, off-state resistor R, and equivalent current source /7 of 
the tailing current. Without considering the accessory circuit, the equivalent circuit 
of series connected IGBTs is shown in Fig. 10.5. At the time the freewheeling diode 
is conducted, the voltage drop is Ug = 0. Since current decrement in the tailing stage 
is very slow, the voltage drop across the stray inductance can be approximated to 0. 
For Tı and T>, we have 

Uic = Ucei + Ucr2 (10.1) 

Since the off-state resistance Rs is very large, the current difference through Cag; 

of Tı and T> is 


A leas(t) = kası (t) — Lcas2(t) = Ir2 (t) — Iri (t) (10.2) 
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Fig. 10.6 Experimental turn-off transients of two series connected IGBTs without RC snubber 
circuits 


The difference of the tailing current /7; and /72 will cause the voltage imbalance 
of Tı and T; during the current tailing stage. Such voltage imbalance A Ucp (voltage 
increment of T; to T>) is 


f A Teds (t)dt 


AU cr (t) = C. 
sj 


(10.3) 


Therefore, with the understanding of the tailing-current difference, as shown in 
Fig. 10.2, the voltage imbalance in this process can be fully explained. However, 
the conventional IGBT model cannot reveal such tailing-current difference. Assume 
the initial voltage difference AUcg between T; and T> is Ugis. In the conventional 
model AU cg is 


t 
AUcr(t) = Uar exp( — R ) (10.4) 
s\ dsj 


Namely, the IGBT voltage imbalance decays in an exponential manner at the 
current-tailing stage, as shown in the simulation waveform of Fig. 10.2. This is 
misaligned with the experiments. Mark AU cg in Eq. (10.4) as AU cgg, the voltage 
differential in the discharging process through RC circuits. In reality, AUceg = AU cra 
+ A Uce. Therefore, the key of building a model applicable to the series-connected 
IGBTs is to accurately exhibit the difference of the tailing current based on the 
conventional IGBT model. 

Figure 10.6 gives experimental results of two series connected IGBTs without 
the dynamic RC circuit. Two major features are exhibited in terms of the voltage 
imbalance at the current tailing stage. 


(1) Significant impact of the tailing current on the IGBT voltage imbalance. In the 
current falling process, voltage of two series connected IGBTs, U cg and Ucp. 
only have very small difference. This means in the beginning of the tailing 
current stage the differential of the tailing current of two IGBTs is very small. 
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However, a major difference between Ucg; and Ucg2 emerges in the current 
tailing process. This indicates that even a tiny differential of the tailing current 
between two switches can cause a big voltage imbalance, as shown in Eq. (10.3). 

(2) Long influential time of the tailing current. As shown in Figs. 10.2b and 10.6b, 
it took nearly 100 us from the end of the current falling stage to the initiation 
of AUcg shrinking, which means the tailing current of the IGBT acted for 
~100 ws. After that AU cga is dominant over A UcR;, which weakened the voltage 
imbalance. The study to the turn-off process of a single IGBT is usually focused 
on the timescale of several microseconds with the current tailing time confined 
to ~us level. For IGBTs in series connection, the tailing time should not be 
limited to ~us level, but at a larger timescale. 


3. Transient model of series connected HV IGBTs 


A two-dimension distributive model of the IGBT base is mainly used to study IGBT 
static characteristics and merits of the enhanced-gate IGBT. The model structure is 
highly complex and is mainly to model the carrier distribution in the IGBT base in the 
steady state. It is not suitable for studying the transient behavior of series connected 
IGBTs. To establish the two-dimension model of the IGBT base for the transient 
analysis, the cell structure shown in Fig. 10.7 is recommended. 

The IGBT base consists of P; and P> regions. The current of P4 is directly injected 
to the P region in the emitter through the base, with the related area of A,. The current 
of P> flows into the P region in the emitter through the side area h, with the related 
area of Ay. Given the h/l, is small, the hole current is mainly concentrated in P4. 
However, due to the existence of the electron layer below the gate, electrons in P2 
can flow towards the emitter through such an electron layer and MOSFET channel, 
resulting in electron currents existing in both Pı and P2. The electron and hole current 
meets 
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Fig. 10.8 Base carrier distribution when the turn-off signal of T2 falls behind Tı 
Ic = A(Jn + kJp) (10.5) 


where /c¢ is the overall current, J, and Jp are the density of the electron current and 
the hole current, respectively, A is the area of the whole cell, and k is the percentage 
of P; area over the whole cell area. 


Ax 
= ———_ (10.6) 

Ax + Ay 

k is determined by the gate area and cell area, which is ~ 1/2 for the HV IGBT. 

When the turn-off signal of T> falls behind T, the base current carriers of two 
switches are shown in Fig. 10.8. The whole process of the carrier distribution can be 
divided into three stages. 

Stage 1: Before Ucgı and Ucp rise, the base carrier distribution of Tı and Tz are 
identical, i.e., the current carriers in the steady state. 

Stage 2: Ucgı rises first, widening the depletion region of Tı. The hole-current 
area is enlarged, the extracting current /pw in the base is rapidly increasing and the 
current carriers in the base are greatly reduced. Since the impact of the current-carrier 
reduction on /pw is offset by the increment of the conduction area, the base carriers 
can be further reduced. 


424 10 Applications of Transient Analysis in Power Converters 


— Single IGBT eee — Single IGBT 
-==- an connected ----Series connected 


tlus tlus 


(a) Turn-on transients (b) Turn-off transients 


Fig. 10.9 Experimental comparison of switching behaviors for a single IGBT and fully balanced 
series connected IGBTs 


Stage 3: After a while, Ucpg2 begins to rise. The base carries of Tz begin to reduce. 
Since the amount of the current carriers of T; is less than T>, the tailing current of 
Tı is less than T>. 

The lifetime of current carriers has a high impact on the tailing current. Assume the 
carrier lifetime is a constant 4 us based on the turn-off time constant of a single IGBT, 
the influential time of the tailing current should be no more than 10 ws. However, 
the influential time of the tailing current in experiments shown in Figs. 10.2 and 
10.6 is ~100 ps. This reveals the limitation of using the carrier lifetime to model 
series connected IGBTs. If we consider the carrier lifetime versus the concentration, 
the lower the carrier concentration the longer the lifetime, thereby the longer the 
influential time of the tailing current. 


10.1.2 Analysis of the Transient Behavior of Series 
Connected IGBTs 


1. Transient behavior with fully balanced voltage 


The comparison of switching transients for a single IGBT and series connected 
IGBTs when the voltage is fully balanced is shown in Fig. 10.9, with certain DC-bus 
voltage and the load current. At the turn-on moment, the series connected IGBTs 
undertake the DC-bus voltage of 4 kV and the load current of 400 A, while the single 
IGBT undertakes the DC-bus voltage of 2 kV and the load current of 400 A. For the 
turn-off test, series connected IGBTs undertake the DC-bus voltage of 4 kV and the 
load current of 375 A, while the single IGBT undertakes the DC-bus voltage of 2 kV 
and the load current of 375 A. The bus-bar parasitics and freewheeling diodes are 
the same in two cases. 

For turn-on transients, test results of these two scenarios are shown in Fig. 10.9a. 
Series connected IGBTs have performance similar to single IGBT, indicating that the 
performance of N IGBTs in series connection at the DC-bus voltage Ug. is similar 
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(a) Simulated waveform (b) Experimental waveform 


Fig. 10.10 The voltage imbalance during the turn-on process with different dU cg/dt 


to one single IGBT at the DC-bus voltage Uac/N, as long as the voltage is fully 
balanced. The d/¢/dt of series connected IGBTs is 893 A/ws, larger than that of the 
single IGBT (661 A/ps). 

Similarly, for the turn-off transient shown in Fig. 10.9b, N IGBTs in series con- 
nection with fully balanced voltage at the DC-bus voltage Ug. are similar to one 
single IGBT at the DC-bus voltage Uac/N. The difference is that the voltage spike 
of each series connected IGBT is 340 V, only half of that in the single-switch test 
bench. The difference is caused by two IGBTs undertaking the voltage spike together. 
Therefore, if a single switch undertakes the voltage spike of AUcr, each switch in 
the N-switch-series string will only undertake AU cp/N. 


2. Turn-on behavior with unbalanced voltage 


The voltage imbalance during the turn-on transient is mainly caused by different 
dU cg/dt and different initial time when Ucg begins to change. Simulated and exper- 
imental turn-on transients with different dU cg/dt are shown in Fig. 10.10. Since the 
conduction current of series connected IGBTs is the same while Ugg and Ucp are 
identical, yielding the same current flowing through gates of IGBTs, dU cg/dt follows 


VG on — Uae , Copiiv dUcei _ Uc on— Yor  Copziv dYce don 


ten pe 
Roi JVUcE dt Re? VUcE2 dt 


If series connected IGBTs have different Rg or Cop,iv, the voltage imbal- 
ance in the turn-on process is mainly due to different dUcp/dt. Beginning from 
t = tı, Uce of different IGBTs drops with different slope. With very small parameter 
diversity, e.g., the gate resistance Rg has the tolerance of +1% and device manufac- 
turers can secure the same Cop, the voltage imbalance caused by different dU cg/dt 
is usually not a major concern. A significantly different dUcg/dt was detected in 
Fig. 10.10b during one test of many series connected IGBTs. 

The simulated and experimental Ucg versus time of series connected IGBTs 
during the turn-on stage are given in Fig. 10.11. The different Ucg is caused by the 
turn-on delay of series connected IGBTs, which is the time interval between the 
rising edge of the control signal generated by the control board and the moment 
when the gate voltage climbs up to the turn-on threshold Ur. Such a turn-on delay 
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Fig. 10.11 The voltage imbalance in the turn-on process with different Ucg 
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Fig. 10.12 the propagation of the IGBT control signal 


can be divided into two processes. One is the interval between generation of the 
turn-on signal from the control board and the moment when the gate voltage Ug 
increases from Ug off to UG on. This delay is defined as the propagation delay tar. 
The other is when Ug increases from Ug on to the moment when Ugg = Ur, defined 
as tag. As shown in Fig. 10.12, the control signal passes through a 3.3 V > 5 V 
voltage-level transition IC, the driver of the optical fiber, transmitter of the optical 
fiber, the receiver of the optical fiber, the control IC of the driver board, and the gate- 
drive circuit. For two series connected IGBTs, one-stage optical fiber is enough. 
For multiple series connected IGBTs, multi-level transmission of the optical fiber is 
needed. The transmission delay might be subject to change due to diversity of ICs 
and optical fibers. It can be varied by levels of optical fibers as well. For instance, 
the commonly used HFBR-1512 and HFBR-2521 have the propagation delay of 
<100 ns, i.e., a 100 ns propagation delay between one IGBT using one-stage optical 
fibers and the other IGBT using two-stage optical fibers. The first type of the delay 
is defined as Afgy and the second type of the delay is 


Ug on — UG off 


At = RGCcg In (10.8) 
G_on — UT 
Therefore, the overall differential of the turn-on time delay is 
U on U o U on` U O 
Ata = Atar + Roi Ccgg In Son e Ro2Cce2 In aa (10.9) 


Uc on m Ut Uc on fae Ut 
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Fig. 10.13 The voltage imbalance caused by different dUcg/dt during turn-off transients 


As shown in Fig. 10.11, when the turn-on delay of Tı is longer than that of T3, 
U Gr will climb to Ur earlier than Ugg. During this period there is no current flowing 
through the main circuit. Ugg2 will be held at Ur while Ucpg2 will drop in order to 
maintain Ugg2 constant. With different turn-on delay time, the turn-off delay usually 
is different as well, resulting in different voltage across series connected IGBTs in 
the off state. Assuming voltage across switches at the turn-on initial moment has the 
difference, i.e., Uoff and Uofm, the voltage spike of Ucgı at t = ti — Ata ~ tı can 
be calculated as 


(Uc on — Ur) Ata 


(10.10) 
2RcCap,ıv 


Ocri max = U= Uoff2 — 


Att = ti, Ugg; = Ut, Ic begin to increase and Ucg; & Uce drop simultaneously. 
Att = tı — t4, Uce & Uce both comply with Eq. (10.10). In this process, since 
Ucg,and Ucp are different, their dUcp/dt is different even with the same Rg and 
Cop.1v. The voltage imbalance at the turn-on moment with Ata = 500 ns is shown in 
Fig. 10.11b, indicating that Ata has a big impact on the turn-on voltage imbalance. 
Therefore, electromagnetic transients within Afg are the main reason of the voltage 
imbalance. 


3. Turn-off behavior with unbalanced voltage 


The turn-off voltage imbalance exhibits mainly in three parts, 1.e., different dU cpg/dt, 
different initial time of Ucg, and different voltage at the current tailing stage. 
Figure 10.13 shows simulated and experimental switching-off transients with dif- 
ferent dUcg/dt. Here Ugg: is identical as UGp2. In the voltage rising process, the 
current flowing through the gate resistance of series connected IGBTs is identical as 
well. Therefore dUcg/dt complies with 


Uc off —Uce Capi nv dUcei — UG of — Uce  Can2,1v dU cre 


r T naad S aid 
Roi JVUce dt Ro? JVUcE dt 


We can see that Rg and Cgp,1v also influence dUcg/dt during the turn-off tran- 
sients. With the diversified Rg and Cgp.jy for series connected IGBTs, the voltage 


(10.11) 


428 10 Applications of Transient Analysis in Power Converters 


imbalance caused by different dUcg/dt emerges. Such voltage imbalance initiates 
from t = tı. The larger Rg or Cap.ıy, the smaller dUcg/dt. Experimental waveform 
of the voltage imbalance caused by different dUcg/dt is presented in Fig. 10.13b, 
revealing that such voltage imbalance is not severe. 

Shown in Fig. 10.14 is the voltage imbalance caused by the different initial moment 
when Uce begins to change, which in turn is caused by the diversity of the IGBT 
turn-off delay. Such a delay is the time interval between the control signal generation 
and the moment when U cg rapidly increases. Different from the turn-on moment, 
the time interval of to—t> can be formulated as 


U G_on — U G_off RG Coxd U lim 


At = EE Cosa) In [ee 
i Umi — Uc off  3(Um — Uc ott) 


(10.12) 


Note: in Fig. 10.14b Ic has been multiplied by 4. Ugg has been multiplied by 50 
and added an offset of 500 V. 

The first item of the right side of Eq. (10.12) is the time for Ug to drop from Ug on 
to the miller plateau U mı. The second item represents the gradually rising process 
of Uce before the depletion region fully covers the gate. The turn-off delay can be 
formulated as 


Atg = Atar + Ato2.T1 — A to2.72 (10.13) 


When the time delay of T? is larger than that of Tı, Ucg rises prior to Ucg2. After 
Ata, Uce begins to rise. At t = t2, Ucgy + Uce = Udc. Assume Ata is negligible 
compared to t3 — t2. Then Ucgı and Ucp are solved as 


Vac Va Umi > UG off Ata 


U tz) = — + e M 10.14 

cE] (f3) 5 2 RoCo 2 ( ) 
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(a) Simulated waveform (b) Experimental waveform 


Fig. 10.14 The voltage imbalance caused by the Ucg initial moment during turn-off transients 
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Fig. 10.15 The voltage imbalance in the current tailing process 


Att = f3 — t4, Ic begins to drop, where Ucgı and Ucg2 maintain nearly the same 
trend. Therefore the miller capacitance of the IGBTs undertakes the same current. 
In this process, dUcp/dt is inversely proportional to Cgp and proportional to VUcg 
The voltage distribution across Tı and T> can be approximated as 


N Ucei (t3) (UCE_max = Uac) 


UCE1 max = UceE1(t3) + (10.16) 
= JU cei (t3) + /U ce? (t3) 
VJ Ucr2(t3)( UCE — Ua 

Ucr2_ max = Ucr2(t3) + v Ucea ls) (Uce max — Vac) — c) (10.17) 


JU cE (t3) + V Uce2(ts) 


The voltage imbalance during the turn-off transient with Afg = 500 ns is given in 
Fig. 10.14b. It indicates that Afg plays an important role in the voltage imbalance. 

As described in previous section, the voltage imbalance during the current falling 
stage caused by different dU cg/dt or different moments when Ucg begins to change 
will certainly cause difference of the tailing current, which will be further detailed 
in Sect. 10.1.3. In this section we will only cover the voltage imbalance during the 
current tailing stage even with the voltage totally balanced in the current falling 
process, as shown in Fig. 10.15. 

Note: in Fig. 10.15b Ic has been multiplied by 4. Ugg has been multiplied by 50 
and added an offset of 500 V. 

The difference of the tailing current is caused by the diversity of the parameters in 
the IGBT base, even though the switch voltage is totally balanced during the current 
falling stage. However, the diversity of the IGBT base is usually minor, as shown in 
Fig. 10.15b, the experiments of the voltage imbalance caused by the different tailing 
current. Such a voltage imbalance is negligible. 


4. Influential factors of the voltage imbalance of series connected IGBTs 


With the analysis above of the voltage imbalance during switching transients of series 
connected IGBTs with related mathematical expressions, all influential factors of the 
voltage imbalance can be summarized as 


(1) In the control-signal propagating loop, tar; 
(2) In the gate-drive loop, Rg, UG on, UG off and Cog; 
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Table 10.1 The influential factors of various types of the voltage imbalance 


dU cg/dt differences Differences of UCE Voltage imbalance in 
changing moment the tailing stage 
Switching-on (2), (3), (5) (1), (2), (5) — 
Switching-off | (2), G), (5) (1), (2), (3), (5) (4) 


(3) In the gate, Ujim, Ng, Coxa and Acp: 
(4) In the base, A, Ng, Wp, Cp, Tt, Qby and A; 
(5) In the MOSFET channel, kp and Ur. 


The impact of all the influential factors above on the voltage imbalance during 
switching transients is summarized as Table 10.1. 


5. The impact of thermal characteristics on the voltage imbalance of series 
connected IGBTs 


Assume the junction temperature of two series connected IGBTs is 7; and Tj2. Fur- 
thermore, the power loss of two IGBTs is defined as Piossı(Tj1, Tj2) and Pioss2(7j1. 
Ti2), respectively. Here Tı and T are equipped with different heatsinks. Thus, the 
thermal dissipation of Tı and Tz can be expressed as Pp;(7j) and Pp2(Tj2), respec- 
tively. Therefore, the junction temperature at the IGBT working point should comply 
with 


Poi (Ti) = Posi (Tii; T2); Pp2(Ti2) = Pross2(T1, T) (10.18) 


If such a working point is stable, it should also comply with 


0 Ppi os o Prossi ð Pp2 = ð Pioss2 
ô Tii OT} l o Tiz ô Tiz 


(10.19) 


Obviously if the voltage is balanced between two series connected IGBTs, their 
junction temperature should be identical. With the voltage imbalance caused by the 
turn-off delay, at the same junction temperature, the early turned-off IGBT has higher 
switching-off loss, i.e., Piossı(T j1, j2) Æ Pioss2(1j1,1 j2). While the heatsink design for 
IGBTs is usually uniformed, i.e., Ppı(Tj1) = Pp2(7j2) when Tj; = Tj2, Eq. (10.18) 
indicates that the junction temperatures of two IGBTs at the steady state are different. 

Assume Tı has higher switching loss than T> at the same junction temperature. 
Then the junction temperature of T; increases, which will affect T; in two aspects. 
One is that the conduction loss increases, and the other is that the increased junction 
temperature will slow down dU cp/dt, thereby weakening the voltage imbalance and 
decreasing its transient loss. In addition, the temperature increment will enlarge the 
tailing current and increase its transient loss. Given the conduction loss increases 
greatly with the temperature, usually 0Pjo;;/dT; > 0. 

Shown in Fig. 10.16 is loss and thermal dissipation versus the junction tempera- 
ture. The thermal dissipation can be approximated with straight lines, with the slope 
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Fig. 10.16 The junction 
temperature of the devices in 
steady state 


of which as the thermal resistance. The loss curve is a concave curve and related to 
the rms value of the load current. Due to the voltage imbalance, the loss curve of Tı 
is higher than T2. Under smaller current such as /; and />, the intersectional points of 
the loss and thermal dissipating curves are (75,1, 7j2,1) and (7j1,2, Tj22), complying 
with stability condition of Eq. (10.19). With the load current increasing to /3, Tj, 
the switch with higher loss between two series connected IGBTs reaches the critical 
stability at Tj;,3 of the thermal dissipation and the loss. At this working point the 
junction temperatures of T; and T> are Tj 3 and 723, respectively, with 75 3 > 7j23. 
though the system is still stable. Of course if the voltage balance is realized, the loss 
curve of Tı will move downwards and that of T will move upwards, which makes 
both Tı and T work at some junction temperature between 77,3 and7j23. In this 
case the load current can still be increased. In another word, even though the voltage 
imbalance among series connected IGBTs will not lead to uncontrollable junction 
temperature, it does shrink the utilization of the whole system. 


10.1.3 Analysis of the Transients at the Current Tailing Stage 


In Sect. 10.1.1, we have pointed out that the voltage imbalance in the current falling 
process results in different tailing current, which further causes more severe voltage 
imbalance. Quantifying such voltage imbalance through modelling this stage is of 
importance. However, majority of the models can only provide numerical solutions. 
Simplifying such models can generate relatively simple analytical equations. Analy- 
sis of the transient voltage imbalance during the current falling stage in Sect. 10.1.2 
indicates that the difference of turn-on/off delay is the main influential factor. There- 
fore, in this section we will mainly focus on the analytical solution of the switching 
delay versus the voltage imbalance in the current tailing process. 

Given majority of the converters are working at the constant DC-bus voltage, e.g., 
5 kV for two HV IGBTs in series connection in this chapter, the voltage imbalance 
at the current falling stage is mainly due to the turn-off current, i.e., the load current 
I and the turn-off delay difference Ata. Furthermore, the voltage imbalance at this 
stage determines the difference of the tailing current and its related voltage imbalance. 
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Here we will quantify the relationship between the voltage imbalance in the current 
tailing process and IL, Ata. 
For simplicity of the analysis, we assume: 


(1) The tailing current is an exponential function of time with the time constant of 
T1. The difference of the tailing current is caused entirely by the initial current 
difference of the tailing stage; 

(2) the base carriers are Q instead of Oy and QL. The lifetime of current carriers is 
T; 

(3) the influence of the non-quasi-steady-state hypothesis is ignorable; 

(4) the effective width of the base W is the same as the base width Wp. 


1. The relationship between the tailing current and its voltage imbalance 


The equivalent circuit of two series connected IGBTs is shown in Fig. 10.17. Shown 
in Fig. 10.18 is the experimental result where the DC-bus voltage for two series 
connected IGBTs is 5 kV, the load current is 600 A, and the difference of the turn-on 
delay is 500 ns. At t = fo, Ucg rapidly increases. At t = tı, Ic drops to the tailing 
current. The tailing process starts. At t = t2, the difference between Ucgı and Ucp 
does not increase any more, which means the impact of the tailing current diminishes. 
In the current tailing process, /c mainly contains two parts, i.e., the equivalent tailing 
current of the IGBT Zr and the RC snubber current /pc. 


Ic = Iri + ira = ir + Ire (10.20) 


Difference of Irc induces the gap of the voltage across the snubber capacitor Ca, 
l.e., 
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AUrc = AURew2 — AURet1 = E | (It2 — 17 )dt (10.21) 
d Jt, 
Assume the tailing current is 
t — ft 
Ir(t) = ITa exp(— (10.22) 
Tj 


Define Im — Ír at t = tı as Aru. When the snubber resistance Rg is small, Ucg 
can be formulated as 


Kit 


ü — d 
AUce = AUcen — AUcEn = ~r Ain (10.23) 
d 


Thus acquiring the difference of the initial tailing current through two series 
connected IGBTs will determine the voltage imbalance in the current tailing process. 


2. The change of current carriers in the current falling process 


A two-dimension distribution of the base current carriers has been modelled in 
Sect. 10.1.1. In such a model, when the IGBT conducts the current, the area of 
the hole current is A — Aga. With the gate being covered by the depletion region, 
the area of the hole current becomes A. The depletion region covers the gate in a 
much faster pace than the change of current carriers. Therefore such a process can be 
simplified into two stages, as shown in Fig. 10.19. One stage is without the depletion 
region. The other stage is when depletion region fully covers the gate. In each stage, 
the change of current carriers complies with following equations, respectively. 


d D,A 4D,Dp(A — Aca)k 

dg a R 4D, Dp(A — Aga)ktQ siop = Q (10.24) 
d D 4D, Dok 
oe On _ She _ 5? - 2 (10.25) 
dt — Da+ Dp Da + Dp T 
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Fig. 10.19 Two stages of the two-dimension base 


After neglecting the non-quasi-steady-state hypothesis and assuming the effective 
width of the base to be Wg, we can conclude that dp/dx is proportional to Q. Here kų 
is the proportion coefficient, which is related to the base width and carrier lifetime. 
Ag is not the same as A, but can be calculated through A. Assigning dQ/dt = 0 in 
Eq. (10.24), we can calculate the amount of carriers when the IGBT is on: 


Oo = y kī +h — kı (10.26) 


where 


„_ _ 4DaDp(A — Aga) thi + (DnA + Dp(A — Ags)) 
HDA + Dp(A — Aga))T 

D,A 
ào(DnA + Dp(A — Aga)) 


(10.27) 


k2 


With small 7L, Qio can be expanded with first-order Taylor Series. When 7, is large, 
kı can be ignored. Therefore, a piece-wise function can be employed to express Qw 
as follows. 


k2 
xR, AL I < “i 
Qy = je (10.28) 
kıy IL TL = A 


When the depletion region fully covers the gate, the carrier amount Q reduces. 
With the assumption of dQ/dt = 0 in Eq. (10.25), the steady-state value of Q can be 
derived as 


10.1 Electromagnetic Transient Analysis in Series Connected HV IGBTs ... 435 


On = 4 k3 + kêh, — kar (10.29) 


where 
4D, Dptkt + (Da + D D 
kip = 4DnDptki + (Dn + Dp) lo: =. | —_——— (10.30) 
The time constant for Q decaying is 
l 
Te = — (10.31) 


Such a time constant is relatively large compared to tio =f; — to. For simplicity of 
the calculation, we can approximately attribute the decrement of Q to the increment 
of the hole current /pw at x = W, i.e., 


dg 


= = —Alpw (10.32) 


Furthermore, such an increment of /pw is due to the area growth of the hole 
current, 1.e., 


Alpw = a (I. T kDa O10) (10.33) 


where 


Dy Dp Aga 
= —— (10.34) 
(Dn + Dp)(DnA + D(A — Aga)) 
Using Eqs. (10.28) and (10.33), we can formulate the carrier amount in the base 
at the current tailing moment as 
Exe — ak, Datio) — atio |l l < 2 
Qu = (10.35) 


ka(1 — ak Dato) Vi — atol IL > ži 


where the initial current of the tailing process is 
Itu = 4Dpk Qu (10.36) 
Based on the analysis above, the change of the base current carriers at the turn-off 


transient can be illustrated in Fig. 10.20. Meanwhile, Eqs. (10.35) and (10.36) bridge 
the initial tailing current with the load current and employ the piece-wise function to 


436 10 Applications of Transient Analysis in Power Converters 


Fig. 10.20 The base current 
carriers during the turn-off 
transient 
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Fig. 10.21 The initial tailing current versus the load current 


formulate the tailing current, which has been tested and verified with several different 
IGBTs under the DC-bus voltage of 2.5 kV, as shown in Fig. 10.21. 

For series connected IGBTs, the one turned off early will have its Ucg climbing 
up first; i.e., its f4ọ is longer than the one turned-off late. Assume the time difference 
of the turn-off delay between series connected IGBTs is Ata; at the initial moment 
of the tailing current, the difference of the carrier amount is 


Ben 4k? 
(4 tUn + l)a h Ata I < P 
A Qu = (10.37) 


(kok DiVT, + IL )æ Ata i > -- 


If we bring together Eqs. (10.21), (10.22) and (10.36), we can formulate the 
voltage difference across of snubber capacitors in the current tailing process as 


Ca AURc — 4DptiktA Qiu (10.38) 


When we further combine the above with Eq. (10.37) and (10.38), we can formu- 
late AUpc formulate as 


(al +l )câta I < ( T 


b 
C4^AUgc = j f 
(b/T, + IL)cAta h > (2) 


(10.39) 
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Fig. 10.22 The increment of voltage imbalance in the current tailing process versus the load current 
and the turn-off-delay difference 


where a, b and c are all related to the IGBT structure. 
3. Experimental validation 


The voltage imbalance across the snubber capacitor, AU Rc versus the turn-off-delay 
difference and the load current has been formulated in Eq. (10.39). For one specific 
IGBT, a = 2.09, b = 22.9 and c = 0.11. Simulation and experimental results of the 
voltage imbalance in the current tailing process are compared in Fig. 10.22. Here 
the experimental curves are shown in Fig. 10.18. AURc is the voltage difference of 
snubber capacitors between f; and f2. It shows that the simulation and experimental 
results are perfectly aligned with each other. The effectiveness of using Eq. (10.39) 
to approximate the voltage imbalance at the current tailing stage has been verified. 

With Ata = 250 ns and 500 ns, respectively, the voltage imbalance versus the 
load current in the current tailing process is presented in Fig. 10.23a, where a clear 
piece-wise function is also shown. With ZL = 175/a and 580 A, respectively, the 
voltage imbalance versus the turn-off-delay difference in the current tailing process 
is shown in Fig. 10.23b, showing strong linear relationship. Both can be explained 
by Eq. (10.39). 


10.2 SiC Device Based High-Frequency Converters 


Wide-bandgap (WBG) materials such as silicon carbide (SiC) have come into focus 
due to their superior electrical and physical characteristics. We have witnessed recent 
development of devices using those materials, with attempts to utilize such devices 
to power electronics systems so as to significantly improve system performance. In 
theory, SiC material has higher breakdown dielectric and thermal conductivity than 
Si. In high-frequency, high-power-density, and high-temperature applications SiC 
devices are more promising. 
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Fig. 10.23 The increment of voltage imbalance versus Atg and /{ in the current tailing process 


10.2.1 Analysis and Modelling of Switching Transients 


In high-frequency power electronic converters, transient commutations caused by 
switching actions will highly affect switching loss, switching speed, pulse distortion, 
EMC, and etc. Therefore, analyzing and modelling such switching transient is of 
high importance. Since transient characteristics of the commutating loop of SiC 
devices are different from those of Si devices, in this section, we will first discuss 
the characteristics of transient commutations based on SiC devices and then analyze 
and model the turn-on and turn-off transient process quantitatively by experimental 
results. 


1. Switch transient characteristics with its basic hypothesis 


For the MOSFET based VSCs, regardless of the topology variety, switching transients 
of a single device are always the same as the one shown in Fig. 10.24. Therefore 
the analysis, simulation, and experiment of such circuit can be excellent reference, 
with its related Pspice model shown in Fig. 10.25. Here R, and L, are the transient 
damping resistance and stray inductance, respectively. Cp; and Cp are the parasitic 
capacitance of probes. Lı is the stray inductance of the load connection and C] 
is the parasitic capacitance of the load inductor. The gate-drive voltage of the SiC 
MOSFET is —4/+20 V. The external turn-on and turn-off gate resistance is 4 and 
2.5 Q2, respectively. 

The current commutations of SiC MOSFET and diodes, in addition to sharing 
some common features with Si devices, such as the stray inductance and switching 
modes, have their own unique features as follows: 


(1) Nearly no reverse recovery process due to absence of minor-wiping-out process 
in SiC diode. This significantly reduces the current spike in the reverse recovery 
process when the diode is hard turned off, which is related to the hard turn-on 
of the complementary MOSFET. However, the current spike still exists because 
reverse biasing the diode leads to charging the diode junction capacitance. On 
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Fig. 10.24 The test setup of 
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Fig. 10.25 Pspice simulation model of the single-switch setup 


one hand, such current spike will add extra switching-on loss of the MOSFET. 
On the other hand, compared to the current spike caused by the reverse recovery 
process of the conventional diode, that of SiC diode has shorter time constant, 
e.g., higher equivalent frequency thereby more severe EMI. 

(2) Higher doping concentration and narrower depletion region of the SiC diode, 
due to higher breakdown electric strength. The setback, however, is its higher 
junction capacitance than Si devices. This not only creates higher current spike 
described in (1) but also intensifies oscillation in switching transients. Besides, 
the high doping concentration and narrow depletion region reduces its damping 
resistance, and the SiC MOSFET has lower on-state resistance than Si devices 
at the same rating. These features make the electric spike and oscillation during 
the current commutation of SiC devices worse than Si ones. 
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Fig. 10.27 Parasitic 104 
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Negligible miller effect. For regular MOSFETs, the voltage drop across switches 
will rapidly change during switching actions. The gate current is mainly charg- 
ing/discharging the miller capacitance, resulting in a plateau on the gate voltage, 
i.e., the miller plateau. For SiC MOSFETs, the related Coq is relatively small. 
With sufficient gate-drive capability, the charging/discharging process of Coq 
does not greatly influence the gate voltage. Therefore, the miller effect can be 
ignored. 

The power MOSFET has three critical parasitic capacitance, as shown in 
Fig. 10.26. All three capacitance along with the diode junction capacitance affect 
the transient commutating process. As shown in Fig. 10.27, all these capacitance 
has strong non-linearity. So does the diode junction capacitance. On the other 
hand, when MOSFETs are working at different states, such parasitic capaci- 
tance has different effects. For instance, it has little impact on low-frequency or 
slow-switching applications, which can thus be simplified and even neglected. 
However, for SiC based high-frequency converters, accurate analysis and pre- 
diction of switching transients is a must. Therefore, such capacitance must be 
considered in the transient analysis. 
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Fig. 10.28 Simulated and experimental switching transients without considering the nonlinearity 
of the junction capacitance 


It is worth pointing out that the conventional Spice model of SiC MOSFETs only 
details C,q while using constant values for Ces and Cas. Since the nonlinearity of 
Ceos is relatively weak, using the constant value for Ces is acceptable. However, with- 
out considering the nonlinearity of Cas, significant discrepancies will be exhibited 
between experimental results and simulation. Same thing also happens to the diode 
junction capacitance. Shown in Fig. 10.28 is the transient waveform of the SiC MOS- 
FET based on the Pspice model, including one turn-on waveform and three turn-off 
waveforms at different load current. The simulation circuit is shown in Fig. 10.25. 
To emphasize the importance of nonlinear characteristics of Cas, both Cas and diode 
junction capacitance Cp are set as constants, the values of which can be determined 
by the steady high-voltage zone. In the figures, dashed lines are the simulation while 
solid lines are the experiments. Note all experimental waveforms were filtered by a 
Gauss low-pass filter with the cutoff frequency of 150 MHz. 

As shown in Fig. 10.28, at least three major differences exist between the simu- 
lation and experiments. 


(1) In the turn-on process the simulated current spike imos is much smaller than the 
one in experiments; 

(2) In the turn-off process, the simulated rising rate of uas is much higher than the 
one in experiments; 

(3) For turn-off waveforms shown in Fig. 10.28b—d, a very obvious plateau exists 
in the falling process of imos, which shrinks with the current reduction and even 
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Fig. 10.29 The equivalent 
circuit of a single-switch test 
bench 
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| i load 


evolves into a reverse spike or downwards oscillation in Fig. 10.28b. This will 
create negative impact on the turn-off loss and time. However, such phenomenon 
cannot be accurately revealed by simulation results in Fig. 10.28. 


Obviously, the discrepancies above will distort accuracy of the calculation and 
simulation of related transient features, such as switching loss, switching time and 
voltage, and current stress. As explained in the analysis below, after taking full 
consideration of nonlinear parasitic capacitance, we can explain and eliminate all 
these discrepancies. 

To analyze and model switching behaviors in the test bench shown in Fig. 10.24, 
we can simplify its related transient model shown in Fig. 10.25 into the one shown 
Fig. 10.29. 

Several assumptions and clarifications are needed for such modeling. 


(1) 
(2) 


(3) 
(4) 


(5) 
(6) 


In switching transients, the DC-bus voltage is equivalent to a constant DC volt- 
age source and the load current is equivalent to a constant DC current source; 
All parasitic inductance in the main-power loop is merged into one lumped 
inductance L,. Meanwhile, R, represents the high-frequency damping resistance 
in the transient process of the whole main-power circuit; 

The diode reverse recovery process is ignored, which is acceptable for SiC 
diodes; 

With small external gate resistance and sufficient gate-drive power, the miller 
effect is negligible; 

For the theoretical analysis, the parasitic capacitance of probes is negligible; 
Given the important effect of the MOSFET parasitic capacitance Cas and the 
diode junction capacitance Cp on the transient commutating process of the 
main-power loop, we have particularly emphasized these two capacitance in 
Fig. 10.29. 
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Fig. 10.30 Curve fitting of Cas and Cp 
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Specifically, we will emphasize the following two aspects of the nonlinearity of 
Cas and Cp. 


(1) The capacitance varies with the voltage. Shown in Fig. 10.30 is the capacitance 
curve fit through the data in the switch datasheet. We can see that in the low- 
voltage region, both capacitance values drop sharply with the voltage increasing. 
In the high-voltage region, the capacitance changes slowly with the voltage; 

(2) The parasitic capacitance of the MOSFET, Cas, is mainly induced by the reverse 
biased PN junction between the drain and the source, as shown in Fig. 10.31. 
When the MOSFET is on, Cas will be discharged through low resistance of the 
MOSFET channel. Meanwhile, the channel will vary distribution of holes and 
electrons in the PN junction to some extent, thereby reducing Cas. Therefore, 
the role of Cas is significantly weakened in the on-state until the switch is turned 
off with the conduction channel gradually diminishing. Note in Figs. 10.27 and 
10.30a, Cas values are all based on tes = 0. 


2. Analysis and modelling of the turn-on transient 


The experimental turn-on waveform at U, = 600 V and Jioag = 10 A is shown in 
Fig. 10.32, based on which we can analyze and model the switching transient of a 
single-switch circuit. Beginning from the moment when the MOSFET gate voltage 
reaches the turn-on threshold, the whole turn-on process can be divided into three 
Stages. 
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Stage | (f;-f2), which starts from the moment when the gate voltage reaches 
the turn-on threshold Un, has its transient equivalent circuit shown as Fig. 10.33a. 
Within this stage the voltage drop uas is still quite high. Therefore, the MOSFET 
works in the saturation region, acting as a voltage controlled current source with its 
channel current ien controlled by the gate voltage, 1.e., 


icn(t) = Lts[Ugs(F) — Vy] (10.40) 


where gfs is the trans-conductance of the MOSFET. 

At t = f1, ich 1S fully utilized to discharge Cas. With ug, dropping, L, begins to 
undertake the positive voltage. Externally we can observe imos increasing. From now 
on, ich 1S split into two parts: one is the device current imos which can be observed 
externally, and the other is internal discharging current of Cas. Meanwhile, during 
this whole stage, the freewheeling diode is always on, clamping the bridge output 
voltage to zero. Therefore, the rising rate of imos 1s solely determined by the voltage 
drop across the MOSFET, uas. When using ug, and imos as State variables, we can set 
up state space equations of this stage as 


Fig. 10.32 Experimental 
turn-on waveform of one SiC 
MOSFET 
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Fig. 10.33 Equivalent circuits of all stages in the turn-on process 
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dimos(t) 
Us — tas(t) = Rslmos(t) + L,.—_— 


duas(t) 
dt 


(10.41) 


Imos(t) — tch(t) = Cas(Uas) 


where Cas is the function of uas. 

It is worth pointing out that with ug, decreasing, imos 1s always increasing rapidly 
in an exponential manner. However, based on the previous assumption, icp is only 
linearly increasing with ues. Therefore, the discharging current of Cas is quite limited. 
In addition, Cas does increase with uas sliding, which is not very obvious. In this stage, 
the dropping rate of uas is relatively low. At some points, the voltage dropping trend 
even slows down. 

When Imos = /toaa, the stage 1 ends. 

Stage 2 (t2—t3): when imos = Moaa, the freewheeling diode becomes reverse biased. 
The corresponding equivalent circuit of this transient process is shown in Fig. 10.33b. 
Without wiping out minors, the diode can be modelled as the junction capacitance 
charged with the current as ip = imos — /toaa. Therefore, to complete the charging 
of the diode junction capacitance, imos has to continue increasing, which eventually 
induces the turn-on current spike shown in Fig. 10.32. At this stage, ug, usually 
complies with 


Uds > Ugs — Uth (10.42) 
Therefore, the MOSFET is still saturated, with the equivalent circuit of the com- 


mutating process in the upper leg similar to the Stage 1. Adding another extra state 
variable up, we can set up the state space equations of this stage as 


l dimos(t) 
Us — uas(t) — up(t) = Rsimos(t) + Ls dr 
du g.(t 
imos(t) — int) = Cas tas) 2 (10.43) 
dup(t) 
lmos(t) — Load = Cp(up) dt 


Similar to Eq. (10.41), Cp is also a function of up. Note once imos reaches the 
peak, it will drop sharply, which makes ien quickly charge Cas. At the same time, 
with the switch being turned on, the formation of the conduction channel weakens 
Cas- This process expedites the decrement of uas, as shown in the period of t2—t3 in 
Fig. 10.32. 

At t = £3, Uas 1S too low to comply with the precondition of Eq. (10.42). Now, the 
MOSFET can be assumed as fully turned on, with Stage 2 ended. 

Stage 3 (t3—t4): In this stage, the MOSFET is fully turned on and equivalent to 
the constant resistance Rds on. The equivalent circuit of this transient is shown in 
Fig. 10.33c, a second-order resonance circuit made of Ls and Cp. Eventually, the 
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Fig. 10.34 The experimental waveform of the SiC MOSFET in the turn-off process 


circuit reaches the steady state due to the damping effect of Rags on and Rs, with the 
state space equation as 


di mos(t) 
Us — up(t) = (Rs + Ras_on)!mos(f) + ae 
dup(t) 


dt 


(10.44) 


lmos(t) — loaa = Cp(up) 


In real practice, due to the parasitic capacitance of the load inductor, some oscil- 
lation of the load current will appear when the bridge output voltage changes. Such 
oscillation will be further introduced to imos and, along with the bridge loop, will 
further create the irregular oscillation of imos, as shown in Fig. 10.32. 

In some extreme cases, the voltage drop of the MOSFET, as, might be low 
enough before t = t2, contrary to the precondition of Eq. (10.42). This will result in 
the absence of Stage 2. The MOSFET will fully turn on in Stage 1, forma RL circuit 
made of Ry, Ras on and Ls, charge the circuit with U,, and enter Stage 3 directly after 
lmos = load- 

Simulation waveforms of Fig. 10.28a indicate that right at the beginning of Stage 2, 
the actual value of Cp at such low voltage is much higher than that in the simulation. 
This means the charging process of Cp is much slower and up is harder to rise. 
Therefore, imos climbs faster under U,, creating a higher current spike. This explains 
why the simulated current spike in Fig. 10.28a is much smaller than the actual one. 


3. Analysis and modelling of the turn-off transient 


In the turn-off process, to focus on the current plateau, we select the actual turn-off 
waveforms at low current (U, = 600 V, Jioaa = 6 A), as shown in Fig. 10.34. With 
the current dropping moment as the initial point, the turn-off process can similarly 
be divided into three stages. 
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Stage 1 (ti—t2): At t = tı, the MOSFET gate voltage begins to drop, weakening 
its conduction channel thereby increasing its resistance. Meanwhile, ug, begins to 
increase and meet the precondition of Eq. (10.42). The switch transitions from the 
constant channel resistance to the saturation region, turning the switch into a voltage 
controlled current source. On the other hand, the rise of ug, leads to a negative voltage 
across the leakage inductance, causing imos to start dropping. Given that imos < Moaa, 
the diode junction capacitance Cp also begins to discharge. The transient equivalent 
circuit is shown in Fig. 10.35a. It is worth mentioning that the channel still exists 
and plays an important role, making the behavior of Cas unable to be fully exhibited. 
Therefore, the voltage drop uas is mostly determined by the external circuit. The state 
space equations of this stage are 


dimos(t) 
Us — uas(t) — Up(t) = Rslmos(t) + Ls —— 
of (10.45) 
dup(t) 
lmos(t) — load = Cp(Uup) d 
t 
where 
lmos(t) = icht) = gtslUgs(t) — Un] (10.46) 


Stage 2 (t2—t3): With the switch being further turned off, the channel disappears, 
making Cas become dominant, as shown in Fig. 10.35b. This stage can be equivalent 
to a third-order resonance made of Ls, Cas, and Cp. 

At this stage, Cp continues to be discharged. Cg, begins to be charged by the 
current Of imos — Ich. Since the channel is nearly gone, icn is small enough to be 
ignored. Therefore, we can approximate the charging current of Cas aS imos. The 
state space equations of this stage are 


(a) Stage | (b) Stage 2 (c) Stage 3 


Fig. 10.35 Equivalent circuits of three stages in the turn-off transients 
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U, — Ugs(t) = up(t) = Riles) es P mes ) 
duas(t) 
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lmos(t) = Cas(Uas) 
dup(t) 
dt 


tnol) - load = Cp(up) 


The sum of the voltage across Cp and Cas determines the voltage of R, and L, 
and further affects imos. Once the following scenario becomes true, 


Uas + Up + Rsimos < U, (10.48) 


imos Will increase instead, which is the cause of the current plateau or even the 
inverse oscillation. We will further explain this phenomenon after discussing Stage 
3. 

Stage 3(t3—t4): At t = t3, Cp finishes discharging, when the freewheeling diode is 
completely forward biased. When the diode voltage drop is ignored, the bridge output 
voltage is clamped to zero. Since the MOSFET is fully turned off, the commutation 
turns to the second-order resonance made of L, and Cas, which is damped by R, to 
reach the steady state. The equivalent circuit of such transients is shown in Fig. 10.35c, 
with state space equations shown as below: 


di mos (1) 


U; — ugs(t) = Rslmos(t) + Ls dt 


du gs(t) 
dt 


(10.49) 


lmos(t) aa Cas(Uas) 


The current plateau in Stage 2 can be further explained based on following two 
aspects: 


(1) There is a reciprocal relationship between the charging current of Cg, and dis- 
charging current of Cp, The sum of the two current is always [joa4; 

(2) If the voltage drop across the high-efficiency damping resistance R, is ignored, 
imos Will increase if Ug, + Up < Us, and vice versa. 


With the relatively large load current, such as 11 and 16 A in Fig. 10.28c and 
d, respectively, the value of imos in Stage 2 is also large, which charges Cas quickly 
and makes its voltage reach U, before discharging Cp. Therefore, throughout Stage 
2, it is not possible to have ug, + Up < Us. imos continually decreases. However, at 
the late Stage 2, the discharging current of Cp increases, and in turn the discharging 
process expedites. This will weaken the negative voltage drop across L, to some 
extent, thereby slowing down the decrement of imos, Which forms the current plateau 
in Fig. 10.28. With the load current increasing, such a plateau will fade into a region 
where current slowly drops and becomes invisible. 

When the load current is relatively small, e.g., 6 A in Fig. 10.28b, the small imos 
charges Cas slowly, which makes ug, unable to reach U, when the discharging process 
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of Cp is finished, 1.e., the end of Stage 2. In such a case, Uds + Up < Us, which will 
introduce the reverse rise Of imos- ONCe imos begins to increase, the charging process of 
Cas will expedite while the discharging process of Cp will slow down. This process 
will quickly result in uas + Up > Us, thereby reducing imos again. If the discharging 
of Cp finishes before the second reverse rise Of imos, the transient directly enters 
Stage 3, leaving only one reverse rise for the current. However, if the load current is 
small and Stage 2 lasts long, multiple reverse current rises might be observed as an 
oscillation. If during the oscillation, Cg, and Cp are treated as constant, theoretically, 
the average value of the oscillating current is a constant. The current begins to fall 
upon the completion of Stage 2. In reality, such capacitance has strong nonlinearity 
as shown in Fig. 10.30, i.e., large capacitance at low voltage and small capacitance 
at high voltage. During the oscillation, Cas is continually being charged with its 
capacitance value being reduced. The charging efficiency, i.e., the charging speed 
at the same current, gradually increases. Thus, the actual charging speed is faster 
while the discharging speed is slower than anticipated, leading to an overall negative 
voltage across L, during the oscillation. Therefore, imos gradually declines, as shown 
in Fig. 10.28b. Such a trend will be more visible if the load current is smaller. 

To summarize, analysis of both the transition from Stage 1 to Stage 2 and various 
current plateaus in Stage 2 employs the nonlinear characteristics of capacitance. Such 
current transients cannot be accurately simulated if the capacitance nonlinearity is 
not taken into account. In addition, in the majority part of the turn-off transient, the 
actual value of Cg, is higher than the one in the simulation setting in Fig. 10.28. 
Therefore, the actual rising rate of ug, is relatively slower. 

Note the transition from Stage 1 to Stage 2 reveals the diminishing process of 
the conduction channel and the enforcing process of Cas. This in real practice is a 
continuous process. 


10.2.2 Analysis of Electromagnetic Transients 
in the High-Frequency Converter 


The output-pulse distortion of the high-frequency converter includes the quantization 
distortion in ideal cases and those distortion caused by nonlinear factors. The non- 
ideal power pulses generated in switching transients are one typical example. With 
the switching frequency increasing, the pulse width becomes narrower and the time 
delay and distortion in switching transients become more prominent. On the other 
hand, with the switching frequency and the power level increasing, the switching 
loss and EMI during switching transients become more severe. When the switching 
frequency increases to a certain level, the switching loss will become dominant 
among all power losses. With the switching frequency and its power capacity further 
increasing, the system efficiency declines and the demand on the thermal dissipation 
increases. If inappropriately designed, the switch can be destroyed due to exceeding 
its power rating. In the high-power and fast-switching process, the induced spike, 
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oscillation, du/dt, and di/dt will create severe EMI to weak-electricity circuits, such 
as gate-drive circuit and control circuit. Here the large spike and oscillation can even 
impact the output-power waveform, thereby causing additional distortion. 

Here we will introduce a passive transient damping circuit for a topology called 
parallel frequency-multiplication topology based on SiC MOSFET, although the the- 
ory of such topology will not be discussed in detail here. Such a method has effective 
suppression on spikes and oscillations without slowing down the switching speed or 
increasing the steady-state loss. It can enhance system reliability, reduce switching 
loss to some extent, and alleviate output distortion. Some dynamic processes are 
inevitable during switching transitions, e.g., the time delay of current and voltage 
along with their rising and falling processes, which however have already become 
quite prominent after application of the above method. 


|. Existing problems in switching transients. 


The frequency-multiplication topology used in this test bench is shown in Fig. 10.36. 
The fundamental structure is an H-bridge. Each switching array is made of three 
paralleled SiC MOSFETs. One extra SiC diode is anti-paralleled. The single-switch 
test circuit of such topology is shown in Fig. 10.37, where Q; and Q» are switching 
modules made of SiC MOSFETs. For the purpose of comparison, this circuit is used 
to test switches without parallel (hereinafter referred to as “no-parallel’”’) and with 
three in parallel (hereinafter referred to as “three-parallel”’). Q2 is always maintained 
off while only the switch in the Q; module is switched on. Cı and C2 represent the 
sum of the capacitance of paralleled switches and the anti-paralleled diode. 

As described in Sect. 10.2.1, during current commutation of SiC devices, their 
damping coefficient is smaller than that of Si devices at the same rating. There- 
fore, their related spike, oscillation, and other voltage/current transients become 
more visible. In general, the junction capacitance of all paralleled devices should get 
charged and discharged simultaneously, causing the equivalent junction capacitance 
to increase by multiple times. This will further worsen spikes and oscillations during 
switching transients, thus increasing switching loss, transition time, and EMI. 

Exemplary switching waveforms at no-parallel and three-parallel cases are shown 
in Fig. 10.38. Solid lines are experiments while dashed lines are simulation wave- 


Fig. 10.36 Double-frequency topology with three-paralleled devices 
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Fig. 10.38 Exemplary switching waveforms in cases of no-parallel and three-parallel 


forms, with the enhanced model in Sect. 10.2.1. Given that the measured current 
flows through the whole switching array instead of one single switch, here we use iLs 
to replace imos in the previous section. To further differentiate the voltage of upper 
and lower switches, we use uc; to replace the previous as. 

From figures above, several harmful influential factors require special attention 
during switching transients. 


(1) Turn-on current spike, which is caused by the charging process of the junction 
capacitance of the freewheeling diode (C2, including the junction capacitance 
of Q2). This current spike has small time constant and high equivalent frequency 
range, and is prone to disturbing the control circuit, gate-drive circuit, and the 
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measurement equipment. In addition, ug, during this current spike has not fully 
dropped to zero, which creates extra switching-on loss. It is worth pointing 
out that for the three-parallel case, the junction capacitance of three paralleled 
MOSFETs (Cas) and one SiC diode needs be charged together, and the overall 
charge is much larger than the no-parallel case. Therefore, the current spike 
becomes more severe, as shown in Fig. 10.38a and b. Such a large turn-on 
current spike will greatly affect the system reliability. 

(2) Current oscillation in the switching processes, which also includes the current 
plateau in the turn-off process, as mentioned in Sect. 10.2.1. Usually the fre- 
quency range of such current oscillation is from more than ten MHz to several 
tens of MHz, which tends to create high-frequency EMI. Without damping such 
oscillation sufficiently before the next switching action, the extra switching loss 
is expected. Therefore, such oscillations in turn increases the switching transi- 
tion time and limits the switching frequency. As described before, the SiC device 
based main-power circuit has a relatively small damping coefficient, making it 
difficult to decay the current oscillation. For the three-parallel case, the reso- 
nant capacitance is made of several junction capacitances in parallel, with larger 
capacitance and smaller damping resistance. Therefore, the resonant frequency 
is lower but the damping period is longer. 

(3) Voltage-drop slowing down during the turn-on process. 


According to the analysis in Sect. 10.2.1, the decline of uas is slow in the first part 
of the turn-on process and becomes even slower until the current passes the peak 
value. This has been verified in Fig. 10.38. Such a behavior will certainly exacerbate 
the turn-on loss. 

To achieve better switching transients, zero-voltage switching (ZVS) turn-on is 
recommended, i.e., utilizing extra resonance components with the switch junction 
capacitance to turn on the anti-parallel diode before the switch is turned on. This 
will greatly reduce the turn-on loss. However, such technique creates extra current 
due to the resonance, resulting in larger average and RMS values of the on-state 
current than the conventional hard-switching technique. Therefore, ZVS turn-on not 
only increases the on-state loss of the converter, but also increases the requirement 
of power ratings, which devalues its applicability in the high-power converter. At the 
same time, various snubber circuits can be used to reduce the switching loss, some 
of which can suppress the spike and oscillation in switching processes. However all 
of these circuits slow down du/dt and di/dt in the switching process via prolonging 
transient processes, which is not desirable in the high-power converter. In addition, 
adding relatively complex snubber circuits will require extra components, and thus 
further increases cost and complexity. 

From another perspective, if the damping resistance of the commutating loop can 
be increased appropriately, the spike and oscillation will be effectively suppressed. 
Its demerit lies in the extra power loss. This is why the passive transient damping 
circuit was introduced. Such circuit only consists of three elements, i.e., resistor, 
inductor, and capacitor, and is very easy to implement, adjust, and optimize. The 
main lossy component is the damping resistor. Through taking advantage of the big 
gap between the equivalent frequency range in steady states and transient states, 
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the damping resistor will only function in switching transients, thereby adding the 
transient damping of the related commutating loop. This will effectively suppress 
current spikes and oscillation, and meanwhile barely create any extra loss in the 
steady-state. In addition, such method will expedite the voltage drop of the switch in 
the turn-on process thereby reducing the turn-on loss. With appropriate allocation of 
parameters, we can expect to greatly improve the transient characteristics of power 
switches, lower system EMI, enhance system reliability, and reduce switching loss 
of the converter. 


2. Analysis and implementation of the transient damping circuit 


Shown in Fig. 10.39 is the referred transient damping circuit, where the right half of 
the circuit is the same as Fig. 10.37, except that three passive components were added 
on the DC-bus side, 1.e., Lo, Raamp and Cdgamp. During switching transients, the large 
du/dt and di/dt represent much wider frequency range than the steady states, yielding 
significantly different impedance of each component. Selecting right parameters and 
especially enlarging Lo appropriately (compared to L,) should meet following critical 
preconditions: 


(1) in switching transients 


Z(Lo)Itransient > > [Z(Radamp) T Z(Caamp) | transient (10.50) 


(2) in steady states 


Z(Lo)|steady << [Z(Raamp) T Z(Cdamp)] | steady (10.51) 


Therefore, the transient current is mainly provided by the branch made of Rgamp 
and Camp, as it reduces the spike and oscillation with the damping effect of Raamp. In 
the steady state, the damping branch is bypassed by the low-impedance Lp and DC- 
bus capacitance. Consequently, the steady-state current is mainly flowing through Lo 
instead of Rdamp- 

To further verify the function of such transient damping circuit, the simulation 
waveform is given in Fig. 10.40 for the three-parallel case. Since the transient damp- 
ing circuit is mainly affecting the turn-on process, here we demonstrate its function 
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Fig. 10.39 the transient damping circuit 
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Fig. 10.40 The simulation waveform of turn-on transients in the three-parallel topology w/n the 
transient damping circuit 


only during turn-on transients, 1.e., solid lines in the figures. The dashed lines are the 
switch voltage drop and main-circuit current without the damping circuit. 

Similar to Sect. 10.2.1, the turn-on process can be divided into several stages 
based upon several critical moments, shown as below. 
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h is = AL (10.52) 
13: Uc} = Ugs — Un ) 


t4 : Steady state 


The current commutations in this bridge are the same as what has been described 
in Sect. 10.2.1, which we will not repeat here. As shown in the waveforms, a large Lo, 
e.g., 1700 nH slows down iro, resulting in iio unable to catch up with the switch turn- 
on current, ii; when f < fy and even when t = fy — t3. Therefore, part of iL, can only 
be compensated by idamp from the damping branch. With the damping effect of Raamp, 
the turn-on current spike is reduced. After t = t3, iLọ climbs high enough to reach the 
load current /,,, when idamp begins to decline towards zero. On the other hand, due to 
the relatively large time constant caused by Lo, the high-frequency resonant current 
cannot form the loop through the DC-bus capacitor any more. The only resonant 
circuit is the damping branch. Simulation results show that the current oscillation 
has been effectively suppressed as the whole loop is at the critical damping state. 
Such a theory also holds true for the turn-off transient. 

Based on the analysis above, the functions of the three passive components are 
summarized below: 


Raamp: damping the current spike and oscillation during switching transients; 

Cdamp: undertaking the DC-bus voltage in the steady state and providing the tran- 
sient current in switching processes; 

Lo: acting as a frequency-selective switch. It passes the low-frequency cur- 
rent, the steady state current, and blocks the high-frequency current, the 
fast changing current in switching processes. As the key component in the 
transient damping branch, its value should be selected to slow down iyo in 
early and middle stages of switching transients so that most of the transient 
current is provided by the damping circuit, and to allow i, to reach 7, or 0 
as soon as the switching transition is completed so that the static loss of the 
damping circuit is minimal. 


An extra benefit of such a damping circuit branch is that the damping current 
ldamp Creates the voltage drop across Rgamp during the turn-on transient, which yields 
an instantaneous voltage drop of u, as shown in the last plot of Fig. 10.40. Such a 
voltage drop greatly expedites the voltage dropping rate, thereby reducing the turn- 
on loss of the MOSFET. Besides, the voltage drop enhances linearity of the voltage 
pulse and facilitates compensation and trimming of power-pulse edges. 

In order to validate the analysis above, the transient damping circuit was added to 
the double-frequency test bench, with three switches in parallel. The experimental 
switching transients are shown in Fig. 10.41. As a comparison, the experimental and 
simulation results are plotted together with solid lines and dashed line in dark color, 
respectively, and the experimental results without the damping circuit are shown in 
the solid lines in light color. Aligned with the analysis above, both the current spike 
and oscillation during turn-on transients are effectively reduced with the transient 
damping circuit. Meanwhile, the region where the turn-on voltage drops slowly is 
totally gone. 
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Fig. 10.41 Comparison of the switching waveforms in the three-parallel double-frequency circuit 
w/n the transient damping circuit 


Of course, as a universal approach to improve switching transient performance, 
the transient damping circuit can be applied in a variety of power electronic con- 
verters. Given that problems caused by switching transients are more severe in the 
double-frequency topology with paralleled devices, this section mainly focuses on 
the simulation and experiments of the type of topology. 

It is worth clarifying several differences between the transient damping circuit 
and the regular snubber circuit. Firstly, in theory, the inductor and the capacitor in 
regular snubber circuit are mostly used to reduce the switch di/dt or du/dt, which 
helps reduce the switching loss and EMI. The inductor of the transient damping cir- 
cuit, however, acts as the frequency-selective switch without directly influencing the 
current changing trend of the bridge. Secondly, the capacitor of the damping circuit 
has the same purpose as the DC-bus capacitors. The only component suppressing 
the current spike and oscillation is the damping resistor. Thirdly, as described pre- 
viously, the regular snubber circuit slows down di/dt and du/dt, which increases the 
switching time, thereby obstructing performance enhancement of the high-frequency 
converter. The transient damping circuit, however, does not prolong the switching 
time. It actually expedites the voltage declination, thereby reducing the switching 
time and loss. 


3. Design and parameter optimization of the transient damping circuit 


Based on the analysis above, the principle of the transient damping circuit is not com- 
plex. The critical part is how to design and optimize related parameters to maximize 
its effectiveness and minimize its negativity. 

Among the three passive components in the transient damping circuit, the selection 
Of C damp 1S relatively simple. The circuit performance remains insensitive to C gamp as 
well. As described above, the function of Cgamp is to provide enough current during 
switching transients without altering its voltage too much. If we take into account 
the cost and size of the circuit, the smaller the value of Cgamp, the better. Since the 
circuit will be working at high frequency, capacitors with excellent high-frequency 
performance are preferred, e.g., high-frequency ceramic or film capacitors. 
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Lo and Rdamp need be carefully selected for the reason that both the merits and 
demerits of the circuit are highly related to these two parameters. Therefore, we 
should quantify the relationship between performance indexes and these two param- 
eters, based on which we can further fine-tune and optimize these two parameters in 
the real application. 

In the turn-on process of the three-parallel circuit equipped with the transient 
damping branch, the state space equations of each stage can be derived as follows, in 
reference to the methodology in Sect. 10.2.1. Here each stage is shown in Fig. 10.40 
and Eq. (10.52). 


l. Stage 1 (t)-12): 


emai ae 
i we) = Ra) + pts) (10.53) 
ist) — ilh) = Ciuc) LO 
2. Stage 2 (t2-t3): 
Us — u(t) = Lo =a 
uy(t) — uer(t) — uca(t) = Reits(t) + LO 
ist) — ialt) = Ciuc) OO oD 
iis(t) h = cue to 
3. Stage 3 (t3-ta): 
ews Ly 
u(t) — Uco(t) = (Rs + Rascon )its(t) + Ls a (10.55) 
isO- h = Gluo) ZSO 
where 
IEE i E EE Ree = Us E E 1 l (10.56) 


Similarly, we can curve fit Cı and C2 versus the voltage. Given that Cı and C2 
are the sum of the junction capacitances of paralleled MOSFETs and anti-paralleled 
diode, we will assume the above equations can also be applied to the junction capac- 
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itance of the SiC diode. Since the curve of diode junction capacitance versus voltage 
has a trajectory similar to that of the switch junction capacitance, such assumption 
is feasible. 

Using the analytical equations above, we are able to roughly calculate the turn- 
on waveform at different working points, with related characteristic parameters 
extracted. Simulation and analytical results are shown in Fig. 10.42. Both exhibit 
an excellent alignment. 

Based on the analysis above, the major characteristic parameters of the turn-on 
process include the current peak value and the overall turn-on loss, both of which 
can be calculated with different Rdamp and Lo using the equations above. Here we 
will ignore the suppressing effect of oscillation caused by different parameters. 

In the turn-off process, the major characteristics parameters include the turn- 
off peak voltage and the overall turn-off loss, both of which we can adopt similar 
approaches as in Sect. 10.2.1. to analytically calculate with the equations above. 
We will not repeat it here. In real practice, the extraction of parameters above can 
be further simplified. Without the transient damping circuit, the stray inductance of 
the main circuit L, does not induce obvious voltage spike. Therefore, the voltage 
spike with the transient damping branch is assumably caused at the peak voltage of 
u;. From another aspect, as shown in Fig. 10.41b, the plateau of igs in the falling 
process is drastically weakened with the transient damping branch. For purpose of 
simplicity, the current can be linearized, with its slew rate calculated by simulation or 
experiments. For instance, the related slope in Fig. 10.41b is — 0.2 A/ns. Accordingly, 
the voltage waveform and peak of u; can be calculated through Eq. (10.57), i.e., 


dito(t) 
dt (10.57) 
u(t) = Us — damp Raamp = Us — [t1s(¢) — iLo(t)| Raamp 


Us —uj(t) = Lo 


Besides, we can calculate the transient waveform of idamp with the above equations, 
and thereby further calculate the loss of Raamp. In actual design, the overall switching 
loss of switch modules and damping resistor within one switching period should be 
employed as one objective for parameter optimization. 
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Fig. 10.43 The transient characteristics versus Lo and Raamp 


According to the analysis above, we can optimize Lo and Rgamp based on actual 
performance requirement and constraints. For a direct illustration, three major char- 
acteristics, i.e., turn-on current peak, turn-off voltage peak and overall switching loss 
of switch modules and damping resistor are calculated with different Lp and Raamp. 
as shown in Fig. 10.43. Here, U, = 600 V and /, = 16 A. The switching-off loss 
is neglected. We can see that a larger Lo will make the inductor more frequency 
sensitive, 1.e., more adequately meeting the precondition of Eq. (10.50), thereby 
achieving better damping effect and reducing the turn-on current spike. However, 
with Lo increasing, energy accumulation and release during switching transients sig- 
nificantly increase the turn-off voltage spike and the overall switching loss. Therefore, 
Lo shouldn’t be too large. On the other hand, a larger Rgamp yields a better damping 
effect, which further lowers the current spike and the switching loss, but it also causes 
the higher turn-off voltage spike. Besides, a further increment of Rgamp does not show 
better improvement of system performance, especially in terms of suppressing the 
turn-on current spike. Specific tradeoffs must be processed for the selection of Rgamp 
based on actual needs (Fig. 10.43). 


10.3 Summary 


Electromagnetic transients of power electronics systems exhibit special characteris- 
tics, such as quasi-discrete electromagnetic pulses, pulse sequences, and large elec- 
tromagnetic energy variation within short timescales. All these characteristics are 
rooted in power switches, conversion circuit, and switching control, which in turn 
have tremendous impact on power electronic circuits and systems. The focus of this 
book is rules and analytical methodologies of electromagnetic transients in typi- 
cal power electronic systems, which however is far from covering connotation and 
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denotation of power electronics. The study of electromagnetic transients in power 
electronics systems is still ongoing, but conventional analysis and methods are inad- 
equate for us to peek into the core of electromagnetic transients. As we all know, 
the size of the material has entered the nanometer level, so has the related material 
revolution been brought to the material domain. We can well imagine that as the 
research of electromagnetic transients enters the nanosecond range, consequently, 
related theories, analytical methodologies and applications will bring revolutions as 
well, such as: 


(1) Characterization of ultra-short-timescale transients. The analyzing angle will 
shift from the macroscopic level such as “P = U*/” to the microscopic view 
of charged particle dynamics, which will remove constraints caused by the 
ideal switch model and the lumped parameters. More accurate switch model 
and distributive parameter adopting small-space-scale based circuit model are 
to be built, with non-ideal characteristics and non-linear mechanism. These all 
help us to more accurately calculate and control distortion of energy pulses and 
to further understand the operation and failure mechanism of the device and 
system. 

(2) Characterization of intensity, direction, and shape of electromagnetic energy 
transmission. Traveling waves based on diffusion equations in electromagnetics 
will be applied to energy transmission of power electronic systems, which helps 
us to understand the in-depth movement of carriers inside switches and free 
electrons inside transmission lines. The energy function then can be extended 
from a one-dimension time function to a four-dimension function of time and 
space. The energy flow and distribution of power electronic systems can be 
reproduced precisely at any time and location; 

(3) Achievement of arbitrary transformation of any electromagnetic variables, 
including the voltage and current. The high-level realm of power electronics 
is to achieve arbitrary transformation of any waveforms, while the electromag- 
netic transient energy pulse and pulse sequence are the fundamental. With rapid 
development of computer science and engineering, we have witnessed various 
virtual realities in our lives. While electromagnetic variables simulated by com- 
puter science and technology is at the information level, we need convert such 
information signals into power signals with the same waveform to drive the 
real world, i.e., the power electronic amplifier. The present large-scale power 
system is based on the transformer. The future electric world will be based on 
high-power arbitrary waveform power electronic converters. 

(4) Based on the pulsed power transient theory of power electronics, the conven- 
tional control strategies, component selection, system design and cooling design 
can all be converted to mathematical optimization and physical energy con- 
version at different timescales. This will make the design of power electronic 
systems more scientific, programmable, and visible. 

(5) Repetitive energy pulses and pulse sequences will become a new research branch 
of electromagnetics. The pulsed power in high-voltage research is concentrated 
on the single pulsing process, which is generated by multiple capacitors and 
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not easy to control. The pulsed power in power electronics, however, is sequen- 
tial, repetitive, and controllable. Such transients are based on specific control 
strategies with specific switches and topologies. With further development and 
breakthrough of the electromagnetic transient analysis and control theory, power 
electronic energy pulses will replace high-voltage pulses and embrace wider 
applicabilities. 


Therefore, the study of pulsed power transients of power electronics will provide 
important scientific guidance to and dramatically benefit research of energy dis- 
tribution and variation, implementation of high-efficiency, high-reliability arbitrary 
energy conversion, analysis and effective simulation of device failure mechanism, 
and accurate evaluation of switch characteristics, such as the switching loss, ther- 
mal dissipation, component placement, EMC, and reduction of the switch faulty 
turn-on and faulty protections. Their scientific significance is also highly related to 
their applications. Based on the research of electromagnetic transients, the effective 
non-linear analytical model of power switches can be established, which can then 
accurately measure switch performance under different working conditions. Based 
on the functionality of the electromagnetic energy in the loop of the high-power 
converter, along with its optimal solution, the structure of the power electronic sys- 
tem can be optimized. Further based on the transient energy balancing of power 
electronic converters, the snubber circuit can be effectively designed to suppress 
du/dt and di/dt, thereby precisely controlling electromagnetic transients. By com- 
bining the PWM control and switching transients, we can obtain optimal settings of 
the switching frequency, minimum pulse width, dead band, and modulation index 
through analysis of electromagnetic pulsed power transients. 
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